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APPLICATION NOTE ABSTRACTS 


The application notes listed in this section have been prepared to acquaint the circuits and systems engineer 
with the broad line of Motorola integrated circuits and their applications. Application notes with a star («) 
before the AN number are printed in this section of the DATA BOOK. To obtain copies of the notes which 


are not printed in this book, simply list the AN number or numbers and send your request on your company 
letterhead to: Technical Information Center, Motorola Semiconductor Products Inc., P. O. Box 20912, 
Phoenix, Arizona 85036. 





AN-166 Using Linvill Techniques for RF Amplifiers 
A design procedure, derived from theory devel- 
oped by J. G. Linvill, simplifies the design of single 
stage small-signal RF amplifiers. A 200 MHz ampli- 
fier serves as an example of the technique. 


AN-187  MECL Integrated Circuit Line Driver 
Specially designed for high fan-out capabilities, 
this integrated circuit line driver can supply a signal 
to 150 logic gates without deterioration. 


AN-194A Designing Integrated Serial Counters 
MECL monolithic integrated J-K flip-flops serve 
as building blocks for ultra-high-speed ripple count- 
ers. General design techniques for designing counters 
of any arbitrary count. 


AN-202 Noise Margins of MECL Integrated Circuits 
A knowledge of ground line and signal line de 
and pulse noise margins is essential to the logic de- 
signers. Many curves illustrate the variations of input 
and ground line noise margins with temperature and 
fan-out. 


AN-203 Tuned Amplifier Design with an Emitter- 
Coupled Integrated RF Amplifier 
This note describes the design of a tuned ampli- 
fier utilizing the MC1110 integrated circuit as a basic 
building block. DC considerations, characterization 
in terms of y-parameters, and amplifier design using 
Linvill’s method are discussed. 


AN-204 — High Performance Integrated Operational 
Amplifiers 
Two new high performance monolithic opera- 
tional amplifiers feature exceptionally high input im- 
pedance and high open loop gain. This note describes 


*AN-215 = RF Small Signal Design Using Admittance 


Parameters 

The author shows that the power gain and sta- 
bility of high frequency transistors may be com- 
pletely described by two-port parameters. 

This paper presents a summary of the overall 
design solution for the small signal RF amplifier using 
admittance parameters. Design considerations and re- 
lationships for both stable and the potentially un- 
stable transistor are presented together with a discus- 
sion of the neutralized, unneutralized, matched, and 
mis-matched amplifiers. 


AN-223 Cascade Noise Figure for Integrated Circuit 

Transistors 

In vacuum tube circuitry, the combination of 
the grounded-cathode and the grounded-grid cascade 
has superior noise properties to all other two-stage 
amplifiers. In transistor circuitry the noise perform- 
ance of a single-stage amplifier is well known, but 
little information has been published about the best 
performance obtainable from two-stage transistor 
amplifiers. This paper evaluates the noise perform- 
ance of all possible two-stage transistor amplifiers. 
Also, since the noise contribution of stages beyond 
the second is normally small, this analysis will be 
valid for amplifiers with any number of stages. 


AN-233 Design of Monostable Multivibrators Using 

MECL Integrated Circuits 

This application note describes an integrated 
monostable multivibrator composed of a MECL R-S 
or J-K flip-flop plus a few discrete components. A 
main feature of the multivibrators is their complete 
compatibility with the MECL family of current mode 
integrated circuits. These multivibrators can provide 
a timed output ranging from 60 ns to the millisecond 
range. The note discusses special circuits which have 
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even faster recovery times. Pulsed recovery (recovery 
during any point during the delay time) is possible 
with both types of multivibrators. 


AN-234 MRTL Family of Integrated Circuits 


The purpose of this note is to familiarize the 
logic designer with the Motorola Resistor Transistor 
Logic (MRTL) family. Logic diagrams, pin layouts, 
and loading data are given for each device. Three illus- 
trative applications of MRTL; an asynchronous 4+bit 
comparator, an asynchronous 5-bit adder, and a shift 
register, serve as design examples. This family is noted 
for its economy and variety of logical elements. 


AN-235 — Using the Motorola MDTL Line of Integrated 


Circuits 

The MDTL line of integrated circuits is briefly 
characterized with important capabilities of the 
MDTL series, such as noise immunity, discussed. 
MDTL applications are presented, including shift re- 
gisters, ripple counters, clocked counters, and decade 
shift counters. 


AN-239  MECL Integrated Circuit Schmitt Triggers 


The Schmitt Trigger, a regenerative circuit 
which changes state abruptly when the input signal 
crosses specified dc trigger levels, can be fabricated 
from MECL integrated logic gates. This note de- 
scribes the modifications necessary to convert stand- 
ard MECL logic gates to Schmitt Triggers, and also 
the performance to be expected from such units. 
Examples of the MECL Schmitt Trigger used for wave 
shaping and pulse generator applications are also in- 
cluded. 


AN-244 ‘The MECL Line of Digital Integrated Circuits 


This note familiarizes the digital integrated cir- 
cuit user with Motorola MECL integrated circuits; pin 
layouts, and logical diagrams. Pertinent character- 
istics for each device in the MECL integrated circuit 
line are given. The note includes applications of var- 
ious circuits illustrating the versatility of the MECL 
family. High speed operation, high input impedance, 
high fan-out, and very low internally generated noise 
characterize the line of integrated circuits. 


*AN-245A An Integrated Core Memory Sense Amplifier 


This application note discusses core memories 
and related design considerations for a sense ampli- 
fier. Performance and environmental specifications 
for the amplifier design are carefully established so 
that the circuit will work with any computer using 
core memories. The final circuit design is then anal- 
yzed and measured performance is discussed. The 
amplifier features a small uncertainty region (6 mV 
max), adjustable voltage gain, and fast cycle time 
(0.5 ys). 


AN-247 = An Integrated Circuit RF-IF Amplifier 


A new, versatile integrated circuit for RF-IF ap- 
plications is introduced which offers high gain, ex- 
tremely low internal feedback and wide AGC range. 
The circuit is a common-emitter, common-base pair 
(the cascade connection) with an AGC transistor and 
associated biasing circuitry. The amplifier is built on 
a very small die and is economically comparable to a 
single transistor, yet it offers performance advantages 
unobtainable with a single device. This application 
note describes the AC and DC operation of the cir- 
cuit, a discussion of Y-parameters for calculating op- 
timum power and voltage gain, and a variety of applica- 
tions as an IF single-tuned amplifier, IF stagger-tuned 
amplifier, oscillator, video-audio amplifier and modu- 
lator. A discussion of noise figure is also included. 


AN-248 A High Voltage Monolithic Operational 


Amplifier 

This note introduces a high voltage monolithic 
operational amplifier featuring high open loop gain, 
large common mode input signal, and low drift. The 
function of each stage in the circuit is analyzed, and 
methods for frequency compensating the amplifier 
are discussed. DC biasing parameters are also exam- 
ined. Four applications using the amplifier are dis- 
cussed: a source follower, a twin tee filter and oscil- 
lator, a voltage regulator, and a high input impedance 
voltmeter. 


AN-251 Decade Counters Using MRTL Integrated 


Circuits 

This application note discusses the design and 
implementation of decade counters using the MRTL 
family of integrated logic. Ripple counters, shift 
counters, and parallel clocked counters are developed 
using BCD, 2°421, and excess 3 digital codes. Up and 
down counting techniques are discussed. Output de- 
coding, problem areas and circuit limitations are 
covered for all counter types. 


AN-252 Choosing MRTL Integrated Logic Circuits 


This article discusses resistor-transistor logic, 
MRTL, integrated circuits, and the considerations a 
user should make prior to using this integrated circuit 
family. Full consideration is given to the advantages 
as well as the limitations one encounters with this 
logic form. The discussion is general in nature and 
applies to all popular versions of resistor-transistor 
logic. 


AN-253 An Analysis of MRTL Integrated Logic Circuits 


Special emphasis is given to noise margin speci- 
fications, large circuit fan-out, operating speeds, and 
interfacing with saturated logic in this analysis of 
Motorola MRTL integrated logic circuits. The J-K 


flip-flop circuit is reviewed and basic counting and 
shifting circuits are presented to illustrate typical J-K 
applications. 


AN-254 — Using MRTL Integrated Circuit Flip-Flops 


Circuit operation of MRTL J-K flip-flops is ex- 
plained fully. The RS flip-flop is also briefly dis- 
cussed. Pulse input requirements and loading consid- 
erations are discussed and some applications of the 
J-K flip-flop shown in the form of minimum-logic 
small-count counters. 


AN-257 Decade Counters Using MECL J-K Flip-Flops 


This note discusses the use of MECL integrated 
circuits in four types of decade counters. The logic 
and circuit design of an excess three up-down count- 
er, a 2°421 up-down counter, a Gray code counter, 
and a switch-tail ring counter with ten line output are 
illustrated. 


AN-258  Monostable Multivibrator Design ee An 


Integrated Circuit Operational Ampli ier 

This application note discusses the use of inte- 
grated operational amplifiers connected as mono- 
stable multivibrators. The classical monostable cir- 
cuit including some limitations with respect to the 
conventional component and integrated device de- 
signs are briefly reviewed. The basic circuit theory 
and qualifications of the operational amplifier con- 
nected as a monostable device are then discussed and 
the timing equation derived. Alternate monostable 
configurations and their ultimate design limitations 
are briefly reviewed with respect to utilization of the 
MC 1430/1530 and MC1431/1531 family of devices. 
Finally a design example is used to illustrate the prin- 
ciples and limitations outlined. 


AN-259 Using Integrated Circuits in a Stagger Tuned IF 


Strip 

Integrated Circuits are quickly becoming “the 
way to go” in the electronic industry, and justifiably 
so. Their small size and high reliability, coupled with 
low cost make them an ideal component for radio, 
television, communication gear, computers, and an 
infinite number of other uses. This application note 
describes the use of an Integrated Circuit High Fre- 
quency Amplifier, the MC1550, in a stagger tuned 
I-F strip. The design frequency is 45 MHz; however, 
the procedure is similar for designs covering its full 
range of operation (DC to 300 MHz). 


*AN-261 Transistor Logarithmic Conversion Using an 


Operational Amplifier 

The design of a log amplifier using a common 
base transistor configuration as the feedback element 
of an integrated circuit operational amplifier circuit 
is discussed in this application note. Six decades of 
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logarithmic conversion are obtained with less than 1% 
error of output voltage. The possible causes of error 
are discussed followed by two applications: direct 
multiplication of two numbers, and solution of the 
equation Z = X". 


AN-262A Decade Counters Using MDTL Integrated 


Circuits 

Decade counting is a basic digital operation and 
may be performed by a wide variety of counting cir- 
cuits. This note illustrates how some of the com- 
monly used + 10 counting techniques can be accom- 
plished with Motorola Diode-Transistor Logic (MDTL) 
integrated circuits. Ripple, clocked, and shift decade 
counters using a variety of coding methods are dis- 
cussed. 


AN-263 Choosing DTL Integrated Logic Circuits 


This article discusses diode-transistor logic, 
DTL, integrated circuits, and the considerations a 
user should make in choosing this integrated circuit 
family. Consideration is given to the advantages and 
limitations one encounters with this logic form. Three 
versions of DTL are considered in this report; con- 
ventional DTL, modified DTL, and high noise im- 
munity DTL. . 


AN-264 MRTL Integrated Circuit Shift Registers 


This note discusses the design considerations 
for the implementation of a 16-bit shift register using 
J-K flip-flops. The shift register described has the 
capability, upon command, to shift left or shift right 
and to enter information serially or in parallel. All 
problems encountered in the implementation and op- 
eration of the register are discussed. 


AN-266  MECL Integrated Circuit Flip-Flops 


Current Mode bi-stable elements are discussed 
along with pertinent characteristics and specifica- 
tions. The R-S, J-K, and Master-Slave types of flip- 
flops are evaluated according to performance. Me- 
thods of reducing overshoot when driving a large 
number of flip-flops and flip-flop fan-in, fan-out capa- 
bilities are also given. 


AN-270 — Nanosecond Pulse Handling Techniques 


The rapid advancement in the field of high 
speed digital integrated circuits has brought into 
focus many problem areas in the methods of pulse 
measurement techniques and new concepts dealing 
with these problems. This paper is intended to dis- 
cuss the more common, yet perhaps not well known, 
pitfalls of measurement systems, a method of de- 
tecting them and possible solutions. 
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AN-271 — Breadboard Techniques For Low Frequency 


Integrated Circuit Feedback Amplifiers 

Certain considerations, unnecessary for discrete 
devices, are of critical importance in the breadboard- 
ing of integrated circuit systems. This paper provides 
the engineer or technician with some wiring tips and 
important precautions for integrated circuit bread- 
boarding. 


AN-273 More Value out of Integrated Operational 


Amplifier Data Sheets 

The operational amplifier is rapidly becoming a 
basic building block in present day solid state elec- 
tronic systems. The purpose of this application note 
is to provide a better understanding of the open loop 
characteristics of the amplifier and their significance 
to overall circuit operation. Also, each parameter is 
defined and reviewed with respect to closed loop con- 
siderations. The importance of loop gain stability 
and bandwidth is discussed at length. Input offset 
circuits are also reviewed with respect to closed loop 
operation. 


AN-274 MECL Integrated Circuit Shift Registers 


A generic shift-right, shift-left register with par- 
allel entry, end-around-shift, and complementation 
capabilities is discussed. Maximum practical oper- 
ating speed, delay times and timing considerations of 
the logic gating signals are determined. The basic 
register as developed may be used for data handling, 
for number scaling, or in the arithmetic portion of a 
digital computer. 


AN-276 — Useful Frequency Range Extension for 


MC1530 Operational Amplifiers 

This application note explains various fre- 
quency compensating techniques designed to extend 
operating frequency of the MC1530. In addition 
circuit configurations and frequency response curves 
are shown for various compensation techniques. 
Examination shows this amplifier can be used at fre- 
quencies up to 14 MHz. 


AN-277 — Qvershoot and Ringing in High-Speed Digital 


Systems 

The amount of overshoot and ringing that may 
be expected in a system is determined as a function 
of driving source impedance, rise-time, wiring length, 
and loading. Determination of allowed overshoot and 
methods of reducing overshoot are discussed for con- 
ventional point to point wiring methods. Capacitive 
loading effects of MECL devices and circuit hardware 
are also discussed. 


AN-278 Using Shift Registers as Pulse Delay Networks 


This note discusses high speed clocked shift re- 
gisters using J-K flip-flops and employed as a digital 
incremental delay. The register may be clocked with 


a frequency division counter to accomplish any de- 
sired delay with increments as small as 20 ns. The 
circuit as developed may be used for timing basic 
computer decisions or as an adjustable delay line for 
pulse. 


AN-279 — Setup and Release Times in the MRTL J-K 


Flip-Flop 

This application note discusses the setup and 
release times for J-K flip-flops. The method used to 
measure setup and release time is discussed. A few 
simple decade counters are analyzed for worst case 
release times. 


AN-280 =MECL 85 MHz J-K Flip-Flop 


A new high-speed J-K flip-flop is discussed. 
Capabilities, performance, and applications are ex- 
plained along with typical and worst case operating 
data. This flip-flop with four J inputs and four K 
inputs more than doubles the operating speed of re- 
gisters and counters as employed in a system. 


AN-283 Using MDTL IC Flip-Flops 


To properly implement a logic system with in- 
tegrated circuits, it is important that the logic de- 
signer be familiar with the devices he uses. One of 
the more complex of integrated circuits is the clocked 
flip-flop. The purpose of this report is to acquaint 
the reader with the operation of the MDTL flip-flop, 
to discuss the different modes of operation, and to 
show some typical uses for this flip-flop. 


*AN-284 MDTL IC Shift Registers 


This report shows some frequently encountered 
shift register designs implemented with MDTL logic 
devices. Various operating characteristics are dis- 
cussed as well as some of the important design con- 
siderations. 


AN-285 Loading Factors and Paralleling Rules for 


MRTL Integrated Circuits 

The need for loading factors in Motorola Re- 
sistor Transistor Logic (MRTL) is discussed and pro- 
per usage is illustrated. Modification of loading fact- 
ors is covered for the case when circuit outputs are 
paralleled. Illustrations are provided by using the 
MC700P Series of integrated circuits. 


AN-286 Binary Addition Using MRTL IC’s 


This note discusses the principles of binary ad- 
dition with positive numbers and considers the imple- 
mentation of binary adders with MRTL. The full 
adder function is illustrated using MRTL half adders, 
NOR gates arranged to simulate half adders, and with 
NOR gates in a two level logic scheme. 

The full adder and associated logic is developed 
for a four-bit parallel (asynchronous) adder and for 
serial (synchronous) adder. 
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AN-291 External Direct Setting of MRTL Dual J-K 

Flip-Flops 

A method is described to obtain full functional 
capability from MRTL dual flip-flops by connecting 
external circuitry to the proper terminals. Applica- 
tions are provided that illustrate a reduction in pack- 
age count by using this configuration as compared to 
the employment of single unit, full capability flip- 
flop circuits. 


AN-296 Construction of A Master-Slave Flip-Flop from 
MRTL Gates , 
Information is provided on the construction of 
a master-slave flip-flop circuit from standard MRTL 
gates. Characteristics of the resulting circuit are given 
and an application of-the configuration illustrates the 
advantage of this type of flip-flop. 


AN-297 Integrated Circuits for High Frequency to 
Voltage Conversion 
This application note concerns the technique of 
using integrated circuits in a linear frequency to volt- 
age converter from 1 MHz to 30 MHz. A theoretical 
analysis is given as well as a working design. 


*AN-298 Noise Immunity With High Threshold Logic 
A comparison of noise immunity characteristics 
is made between MHTL devices and standard satu- 
rated logic devices. 


AN-299 An IC Wideband Video Amplifier With AGC 
This application describes the use of the MC1550 
as a wideband video amplifier with AGC. The analysis 
of a single stage amplifier with 28 dB of gain and 22 
MHz bandwidth is given with the results extended to 
a 78 dB video amplifier with 10 MHz bandwidth. 


AN-400 An Operational Amplifier Tester 

A simple and inexpensive tester for Motorola’s 
line of operational amplifiers is described which will 
measure the open loop voltage gain, the equivalent in- 
put offset voltage, the maximum positive and nega- 
tive output voliage swing, and a view of the transfer 
function which shows the linearity of the device. 

Included is an elementary discussion of the 
parameters measured and their relationship to closed 
loop performance. 


AN-401 The MC1554 One-Watt Monolithic Integrated 

Circuit Power Amplifier 

This application note discusses four different 
applications for the MC1554, along with a circuit des- 
cription including dc characteristics, frequency re- 
sponse, and distortion. A section of the note is also 
devoted to package power dissipation calculations in- 
cluding the use of the curves on the power amplifier 
data sheet. 


AN-402 Insulated Gate FET’s Used in IC’s 


The note acquaints the circuit designer with the 
integrated FET. A brief description of the operation 
of the Insulated-Gate Field Effect transistor is pre- 
sented. This discussion is followed by a description 
of the FET in integrated form and finally, the basic 
advantages of FET IC’s are explored. 


*AN-403 Single Power Supply Operation of IC Op Amps 


A split zener biasing technique that permits use 
of the MC1530/1531, MC1533, and MC1709 opera- 
tional amplifiers and their restricted temperature 
counterparts MC1430/1431, MC1433 and MC1709C 
from a single power supply voltage is discussed in de- 
tail. General circuit considerations as well as specific 
ac and dc device considerations are outlined to mini- 
mize operating and design problems. 


*AN-404 A Wideband Monolithic Video Amplifier 


This note describes the basic principles of ac 
and dc operation of the MC1552G and MC1553G, 
characteristics obtained as a function of the device 
operating modes, and typical circuit applications. 


_ AN-405 DC Comparator Operations Utilizing Monolithic 


iC Amplifiers 

The use of the MC1533 operational amplifier 
and the MC1710 differential comparator are dis- 
cussed. The capabilities and performance are given 
along with typical operating curves for both devices. 


AN-407 A General Purpose IC Differential Output 


Operational Amplifier 

This application note discusses four different 
applications for the MC1520 and a complete descrip- 
tion of the device itself. The final sections of the 
note discuss such topics as operation from single and 
split power supplies, frequency compensation, and 
various feedback schemes. 


AN-408 Problems and Solutions With MOTL and MRTL 


Problems which may be encountered in using 
MRTL or MDTL integrated circuits in low or medium 
speed systems are examined in this report. Methods 
of shaping clock waveforms, restrictions on input and 
output terminals when interfacing with discrete com- 
ponents, and techniques for extending temperature 
range are discussed. 


AN-409 MODTL Multivibrator Circuits 


This note describes methods of using MDTL 
gates to form astable and monostable multivibrators. 
The operation of the MC951/MC851 monostable 
multivibrator is also covered as well as a simple pulse- 
shaping circuit. 
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AN-411 The MC1535 Monolithic Dual Op Amp AN-424 Designing a Digital Organ Tone Generator 


This note discusses two dual operational ampli- 
fier applications and an input compensation scheme 
for fast slew rate for the MC1535. A complete ac 
and de circuit analysis is presented in addition to 
many of the pertinent electrical characteristics and 
how they might affect the system performance. 


AN-414 Operation and Application of MHTL 
I/C Flip-Flops AN 
A master-slave R-S and a dual J-K are the initial 
flip-flop elements available in the Motorola High 
Threshold Logic (MHTL) family. This note describes 
operation and characteristics of each unit and illustrates 
several applications of these devices. 


AN-417 IC Crystal Controlled Oscillators 
Crystal controlled square wave oscillators can 
be used as clock drivers, harmonic sources for fre- 
quency markers, in frequency synthesizers, frequency 


A digital organ tone generator is described here 
to familiarize the reader with the capabilities of 
Motorola in-stock integrated circuits in novel elec- 
tronic organ designs. An organ using this kind of tone 
generator has several advantages over the conventional 
12-master oscillator divider organ. 


-430 An Integrated-Circuit Chroma Demodulator for 

Solid-State Color Television Receivers 

This note describes an integrated-circuit chroma 
demodulator for solid-state television receivers, using 
the Motorola XC-1325P. The demodulator requires 
only the chroma signal and two reference phases from 
the 3.58 MHz color oscillator for providing low-imped- 
ance color difference signals to drive the chroma out- 
put stages directly. 


comparators, etc. It is difficult to obtain high fre- *AN-432A A Monolithic Integrated FM Stereo Decoder 


quency square waves due to the long propagation 
delays of the most integrated circuits. The MECL II 
clock driver with 2 ns propagation delay eliminates 
this problem. This note describes square wave oscillator 
circuits with crystal control that are capable of output 
frequencies, inverted and non-inverted, up to 150 MHz. 


System 

This application note discusses the circuit ap- 
proach that has been taken in the realization of the 
first monolithic integrated stereo multiplex decoder 
built for consumer usage, as well as some of the details 
concerning its incorporation in an FM stereo receiver. 


AN-418 High Speed Monostable Multivibrator Design AN-434 The Motorola Autobass and Percussion System 


with MECL Integrated Circuits 

This note describes two configurations of mono- 
stable multivibrators using the MC1023 clock driver 
and a delay element. Operating frequencies in excess 
of 70 MHz and pulse widths of 4 nanoseconds are 
possible. Methods of obtaining the predetermined 
delay are also discussed. 


AN-420 An Integrated Circuit Stereo Preamplifier 
This note describes the use of the MC1303P 


A new musical feature that could readily be 
incorporated in any electronic organ is described in 
this note. This feature provides an attractive selling 
point to beginner organists, as it substantially reduces 
the number of techniques they must learn to perform 
a satisfactory accompaniment. The implementation 
of the system with integrated circuits is straightforward 
and quite simple. 


dual preamplifier integrated circuit in a high quality AN-435 The Electronic “Strobotuner”, An Accurate 


stereo preamplifier circuit. It shows the designer how 
to adapt or modify the circuit to meet particular 
needs. The resultant preamplifier is suitable for use 
in systems having the mest critical requirements. 


AN-421 Semiconductor Noise Figure Considerations 
A summary of many of the important noise 
figure considerations related with the design of low 
noise amplifiers is presented. The basic fundamentals 


Digital Musical Instrument Tuning Aid 

This report presents the electrical design of an 
accurate digital tool for tuning musical instruments. 

The concepts basic to the design and the prin- 
ciples of operation are discussed with a step-by-step 
procedure for using the tuner. A method of checking 
the accuracy after a tuning procedure is also included. 


involving noise, noise figure, and noise figure-frequency *AN-438 Analysis and Design of Active Filters Using 


characteristics are then discussed with the emphasis 
on characteristics common to all semiconductors. A 
brief introduction is made to various methods of data 
sheet presentation of noise figure and a summary is 
given for the various methods of measurement. A 
discussion of low noise circuit design, utilizing many 
of the previously discussed considerations, is included. 


Op Amps 

Excellent filters for frequencies below 100 kHz 
can be economically realized with operational ampli- 
fiers. Increased Q, design flexibility, reduced weight 
and cost also add to the attractiveness of operational 


- amplifier active filters. Rigorous design theory and 


practical circuit examples are given in this note. 


APPLICATION NOTE ABSTRACTS (continued) 


*AN-439 MC1539 Op Amp and its Applications 


This application note discusses the MC1539, a 
second generation operational amplifier. The general 
use and operation of the amplifier is discussed with 
special mention made of improved operation over 
that of its first generation predecessor—the 709 type 
amplifier. 

In addition to the detailed discussion on the 
dc and ac operation of the device, considerable em- 
phasis is placed on operational performance. Many 
applications are offered to demonstrate the device 
capability, including a high frequency feed-forward 
scheme, and a source follower application. 


AN-446 128-Bit Read Only Memory 


Read Only Memories can now be fabricated as 
integrated circuit arrays and hence will have a great 
impact upon digital system design. Applications of 
the Motorola 16-word, 8-bit Read Only Memory 
(ROM) are discussed. The applications are grouped 
into two classifications according to the type of 
memory addressing utilized — (1) Random Accessing 
(2) Sequential Addressing. 


AN-451 A Frequency Counter Using Motorola RTL 


Integrated Circuits 

A frequency-period counter with a total hard- 
ware cost under $200.00, based on unit quantity 
prices, is described. The instrument measures the 
periods and frequencies of periodic waveforms, ranging 
in frequency from 10 Hz to 20 MHz, and counts ran- 
dom occurances for selected gate times of one milli- 
second to 10 seconds. A four digit decimal readout is 
provided. The low cost is achieved by utilizing plastic 
MRTL devices in unique versions of a crystal controlled 
oscillator, a period selector, a one shot multivibrator, 
a pulse shaper, and a switch contact bounce eliminator 
circuit. 


AN-452 An Op Amp RC Bandpass Filter 


The design of audio range active filters using 
operational amplifiers and RC frequency elements is 
discussed. A computer program in BASIC is given for 
general design. The design example, a filter with a 
center frequency of about 1600 Hz and adjustable Q 
from 10—200, is provided. 


*AN-456 A 50 MHz Programmable Counter Designed with 


MECL II Integrated Circuits 

A high speed programmable counter using the 
MECL II family of logic is discussed. The counter is 
designed to accept an input frequency up to 50 MHz 
and divide it by any number from 2 to 999. This 
number is programmed into three decades of syn- 
chronous down counters. These decades with addi- 
tional decoding and control logic comprise a complete 
high speed divide-by-N counter system. 


AN-457 Switching Voltage Regulator Uses Discrete and 


Integrated-Circuit Approaches 

A switching voltage regulator can be consider- 
ably more efficient than the conventional series-pass 
centinuously conducting regulator. This note discusses 
the operation of switching regulators including design 
information. It also describes practical regulators 
using discrete and integrated-circuit driver circuits. 


*AN-459 A Simple Technique for Extending Op Amp 


Power Bandwidth 

The design of fast response amplifiers is pre- 
sented without the use of “tricky” compensation 
procedures or calculations using data sheet informa- 
tion. Circuit analysis for compensation procedure 
is given. 


*AN-460 Using Transient Response to Determine 


Operational Amplifier Stability 

This application note describes a technique for 
evaluating the stability of any particular feedback 
amplifier configuration by analyzing its response to a 
step-function input. A theoretical analysis is given 
along with an example. 


AN-463 An Integrated Circuit Phase-Locked Loop 


Digital Frequency Synthesizer 

A digital frequency synthesizer design is detailed 
which incorporates digital channel selection and ex- 
hibits excellent frequency stability through the use of 
a phase-locked loop. The system design takes advan- 
tage of state of the art in both linear and digital mono- 
lithic integrated circuits, plus some ideas new to the 
synthesizer field. 


AN-464 MTTL Designer's Note — The MC4004/MC4005, 


A 16-Bit Random Access Memory 

High speed, non-destructive readout (NDRO) 
memory systems can be constructed with the MTTL 
16-bit memory chip. Information concerning the chip 
that is pertinent to the design of a complete memory 
system is herein presented. The topics discussed are: 
(1) operation of the 16-bit memory including typical 
read and write sequences, (2) typical de and switching 
characteristics as a function of temperature, power 
supply, and output load, and (3) examples of memory 
system organization utilizing the 16-bit memory as 
the basic cell. 


AN-465 MTTL Designer's Note — The MC4006/MC4007 


Decoders 

Two MTTL complex functions, the MC4006 
Binary to One-of-Eight Decoder and the MC4007 Dual 
Binary to One-of-Four Decoder are discussed. Their 
basic modes of operation and expansion capabilities 
are described. Examples of the use of the decoders in 
various systems are presented. 
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APPLICATION NOTE ABSTRACTS (continued) 


*AN-467 Using Motorola High Threshold Logic 


This application note explains operation of the 
Motorola High Threshold Logic (MHTL) family of 
integrated circuits. It briefly describes the members 
of the family and provides many of the characteristics 
of the units. Several examples are provided to aid the 
reader in the application of this unique logic family. 


AN-471  Analog-To-Digital Conversion Techniques 


The subject of analog-to-digital conversion and 
many of the techniques that can be used to accomplish 
it are discussed. The paper is written in general terms 
from a system point of view and is intended to assist 
the reader in determining which conversion technique 
is best suited for a given application. 


*AN-473 A Monolithic High-Power Series Voltage 


Regulator 

This note discusses MC1560/MC1561 voltage 
regulator in terms of internal operation, development 
of these circuits, and how they are advantageously 
used in supply fabrication. 


AN-474 The MC1541 — A Gated Dual-Channel Sense 


Amplifier for Core Memories 

The MC1541 sense amplifier can provide many 
magnetic core memory systems with lower system 
cycle times and a lower package count than with pre- 
vious sense amplifiers. Circuit operation, design con- 
siderations, interface problems and typical applications 
are discussed. 


*AN-475 Using the MC1545 — A Monolithic, Gated- 


Video Amplifier 

Because of the unique design of the MC1545, 
this amplifier can be used as a gated video amplifier, 
sense amplifier, amplitude modulator, frequency shift 
keyer, balanced modulator, pulse amplifier, and many 
other applications. This note describes the ac and dc 
operation of the circuit and presents applications of 
the device as a video switch, amplitude modulator, 
balanced modulator, pulse amplifier, and others. 


AN-476 MTTL Designer's Note — The MC4000 Data 


Selector and the MC4002 Data Distributor 

Two MTTL complex functions, the MC4002 
fourand two-channel data distributor, and the MC4000 
dual four-channel data selector are discussed. Their 
basic modes of operation and expansion capabilities 
are described. Examples of the use of the data distri- 
butor and the data selector in various systems are 
presented. 


*AN-480 Regulators Using Operational Amplifiers 


The theory of op amp voltage regulator design 
is discussed. The problem areas associated with such 
designs aré also detailed. The MC1560 is used as a 
OTC voltage reference in the op amp regulator designs 
that are shown. It is shown that regulation from 
0.01% to 0.001% is possible. 


AN-486 A Monolithic Circuit for Television Sound 


Systems 


This application note describes the MC1351P 
monolithic integrated circuit designed for television 
sound systems. The circuit consists of a limiting 4.5 
MHz IF amplifier and a full wave quadrature detector; 
in addition, it has an audio preamplifier and an audio 
driver on the same chip, capable of delivering 3 Vrms 
to the audio output stage. 


AN-487 A High-Speed Ripple-Through Arithmetic 


Processor 

A simple, systematic building block approach 
for designing a high-speed, ripple-through arithmetic 
processor is described. Using only gates and full adders, 
ultra-high speed multiplication, division, square root 
extraction, addition, and subtraction may be per- 
formed. Several variations of an arithmetic processor 
design are detailed and comparisons of speed and 
package count using the MECL and MDTL logic in 
14-pin, 16-pin, 24-pin, 32-pin, and 64-pin packages 
are given. 


AN-488 High-Speed Addition Using Lookahead Carry 


Techniques 

The use of the lookahead carry principle to 
increase the operating speed of adder systems is de- 
scribed. Several adders of different sizes using varia- 
tions of lookahead carry are developed and the logical 
implementation of these using the MTTL III and 
MECL II and III logic families is given. 


*AN-489 Analysis and Basic Operation of the MC1595 


The MC1595 monolithic linear four-quadrant 
multiplier is discussed. The equations for the analysis 
are given along with performance that is characteristic 
of the device. A few basic applications are given to 
assist the designer in system design. 


*AN-490 Using the MC1595 Multiplier in Arithmetic 


Operations 

This application note discusses the use of the 
MC1595 linear four quadrant multiplier in arithmetic 
operations. Included is a discussion of the MC1595 
used in the multiply, divide, square and square root 
modes of operation. Actual circuits for these functions 
are shown with measured data and a discussion of the 
errors occurring in each mode. 


APPLICATION NOTE ABSTRACTS (continued) 


*AN-492 Operating Characteristics of the MC3000/ 
MC3100 Series Transistor-Transistor Logic 
Gates 


This application note explains the advantages of 
using the MC3000/MC3100 Series of Motorola Tran- 
sistor-Transistor Logic gates over conventional TTL. 
Design data is included which should allow determina- 
tion of the operating characteristics under almost any 
set of conditions. 


*AN-493 The MC3000/3100 Series Transistor- 
Transistor Logic Flip-Flops 


This application note explains the basic opera- 
tion of the various flip-flops available in the MC3000/ 
3100 series of transistor-transistor logic from Motorola. 
Typical operating characteristics are included so that 
operation under different conditionscan be determined. 


*AN-494 The Motorola Transistor- Transistor 
Logic Lines 


This application note contains a general descript- 
ion and comparison of Motorola’s MTTL I, MTTL I, 
MTTL Ill, MTTL5400/7400, and the MC4000 lines. 
The basic gate and the MTTL III bypass circuit are 
discussed and tables of electrical characteristics are 
included. Two appendices provide definitions of com- 
mon MTTL terms, a discussion of the effect of input 
diodes, and loading rules for the MC4000 series com- 
plex functions. 
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RF SMALL SIGNAL DESIGN 
USING ADMITTANCE PARAMETERS 


INTRODUCTION 


Design of the solid-state small-signal RF amplifier 
using two port parameters is a systematic, mathematical 
procedure, with an exact solution (free from approxima- 
tion) available for the complete design problem. The only 
sources of error in the final design are parameter vari- 
ations resulting from transistor parameter distributions 
and strays in the physical circuit, Parameter distribu- 
tions result from limits in measurement and random 
variations among identically designed transistors. 


The purpose of this paper is to provide, ina single 
working reference, the important relationships necessary 
for the complete solution of the RF small signal design 
problem using admittance parameters. Further,equa- 
tions are given in the appendix for the conversion of other 
sets of two-port parameters to admittance parameters. 

The paper is based on work by Linvill!, Stern”, and 
others, Those who may wish to consider the derivations 
of some of the expressions should refer to the original 
work presented in the references, 


The report assumes that the reader is familiar with the 
two port parameter method of describing a linear active 
network, Several references are available on this sub- 
ject.1,2, 


It has also been assumed that a suitable transistor for 
the task at hand has been selected, and that two ~port para- 
meters are available for the frequency and bias point which 
will be used. Device selection will not be covered as a 
Separate topic in this report; rather, a thorough under- 
standing of the material in the report should provide the 
designer with the tools he needs to select transistors for 
a particular small signal application. 


The equations given in the text of the report are appli- 
cable to the common emitter, common base, or common 
collector configuration, if the applicable set of parameters 
(common emitter, common base, or common collector 
parameters) is used. Equations for the conversionof the 
admittance or hybrid parameters of any configuration to 
either of the other two configurations of the same para- 
meter set are given in the appendix. 


While directed primarily toward circuit design with 
conventional junction transistors, two port network theory 
has the advantage of being applicable to any linear active 
network, The same design approach and equations may 


therefore be used with field effect transistors”, integrated 
circuits, or any other device which may be described as 
a linear active two-port network with measurable para- 
meters. 


Finally, various parameter interrelationships and other 
data are given in the Appendix, 


GENERAL DESIGN CONSIDERATIONS 


Design of the RF small signal tuned amplifier is usually 
based on a requirement for a specified power gain at a 
given frequency. Other design goals include bandwidth, 
stability, and input-output isolation. After a basic cir- 
cuit type is selected, the applicable design equations can 
be solved. 


Circuits may be categorized according to feedback 
(neutralization, unilateralization, or no feedback), and 
matching at transistor terminals (circuit admittances 
either matched or mismatched to transistor input and 
output admittances), Each of these circuit categories 
will be discussed, including the applicable design equa- 
tions and the considerations leading to the selection of 
a particular configuration. 


STABILITY 


A major factor in the overall design is the potential 
stability of the transistor. This may be determined by 
computing the Linvill stability factor! ¢ using the follow- 
ing expression: + 


12 Yai| 
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When C is less than 1, the transistor is unconditionally 
stable. When C is greater than 1, the transistor is po- 
tentially unstable, 


The C factor is a test for stability under a hypothetical 
worst case condition; that is, with both input and output 
transistor terminals open circuited, With no external 
feedback, an unconditionally stable transistor will not 
oscillate with any combination of source and load, If a 
transistor is potentially unstable, certain source and 
load combinations will produce oscillations. 


Although the C factor may be used to determine the 
potential stability of a transistor, the conditions of open 
circuited source and load which are assumed in the C 
factor test are not applicable to a practical amplifier, 
Consequently it is also desirable to compute the relative 
Stability of actual amplifier circuits, and Stern2 has de- 
fined a stability factor k for this purpose, The k factor 
is similar to the C factor except that it also takes into 
account finite source and load admittances connected to 
the transistor. The expression for k is: 


2 1, + G) ( +G,) 
k (2) 
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If kis greater than one, the circuit will be stable. If k 
is less than one, the circuit will be potentially unstable 
and will very likely oscillate at some frequency. 


Note that the Cfactor simply predicts potential stability 
of a transistor with an open circuited source and load, 
while the k factor provides a stability computation for a 
specific circuit. 


Stability considerations will be discussed further in 
the descriptions of each basic circuit type to follow. 


GENERAL DESIGN EQUATIONS 


There are a number of design equations which are ap- 
plicable to most types of amplifiers, These equations will 
be discussed first. Descriptions of specific amplifier 
types will then follow, and each will contain additional 
design equations applicable to that particular amplifier. 


POWER GAIN 


The general expression for power gain is: 


2 

|¥1 Re (¥,) 
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Equation 3 applies to circuits with no external feed- 
back, It can also be used with circuits which have external 
feedback if the composite y parameters of both transistor 
and feedback network are substituted for the transistor 
y parameters in the equation. The composite y parameters 
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are determined by considering the transistor and the feed- 
back network to be two "black boxes" in parallel: 










Sey ee ee ee ~T 
| New 
Feedback | "Black 
Network | Box" 


= 


Transistor ; 


For example, the above combination of transistor and 
feedback network may be characterized asa single "black 
box" by the following equations: 





(er ene ee 


Yate > ¥ane * Yuae 


Yy2c *Yiae * Via 
(4) 


Yaic = Yat * Yair 


Yooe = Yaar * Yaar 


Where: 


Vile» Yl2c, Y21e> Y22c are the composite y param- 
eters of the parallel combination of transistor and 


feedback network. 


Y1lt> Yi2t» Yair» Yoat are the y parameters of the 
transistor, 


Yrue» Yyors Your» Yooe are the y parameters of the 
feedback network, 


Note that, since this approach treats the transistor and 
feedback network combination as a single "black box" 
with ¥11¢) Y12e> Y21¢e» and y29e as its y parameters, the 
composite y parameters may therefore be substituted in 
any of the design equations applicable to a linear, active, 
two port analysis. 


The neutralized and unilateralized amplifiers are 
special cases of this general concept, and equations as- 
sociated with those special cases will be given later. 


Equation 3 provides a solution for power gain of the 
linear active network (transistor) only, Input and output 
networks are considered tobe part of the source and load, 
respectively, Two important points should therefore be 
kept in mind: ; 


(1) Power gain computed from equation 3 will not 
take into account network losses, Input network 
loss reduces power delivered to the transistor. 
Power lost in the output network is computed as 
useful power output, since the load admittance 
Yyz, is the combination of the output network and 
its load, : 


(2) Power gain is independent of source admittance. 
An input mismatch results in less input power being 
delivered to the transistor, Accordingly, note that 
equation 3 does not contain the term Yg. 

ye 
TRefer to Seshu and Balabanian, "Linear Network Analy- 
sis, "John Wiley and Sons, 1959, P321 


The power gain of a transistor together with its as- 
sociated input and output networks may be computed by 
measuring the input and output network losses, and sub- 
tracting them from the power gain computed with equa- 
tion 3. 


In some cases it may be desirable to include the ef- 
fects of input matching in power gain computations. A 
convenient term is transducer gain G-yp, defined as output 
power delivered to a load by the transistor, divided by 
the maximum input power available from the source. 


The equation for transducer gain is: 


4 Re (¥,) Re (%) [yay] 7 
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In this equation, Yz, is the composite transistor load 
admittance-composed of both output network and its load, 
and Y, is the composite transisto¥ source admittance- 
composed of both input network and its source, There- 
fore, transducer gain includes the effects of the degree 
of admittance match at the transistor input terminals but 
does not take into account input and output network losses, 


As in equation 3, the composite y parameters of a 
transistor feedback network combination may be substi- 
tuted for the transistor y parameters when such a com- 
bination is used, 


The Maximum Available Gain MAG is an often used 
transistor figure-of-merit. The MAG is the theoretical 
power gain of a transistor with its reverse transfer ad- 
mittance y,9 set equal to zero, and its source and load 
admittances conjugately matched to yj, and yoo, re- 
spectively. 


If yy = 0, the transistor exhibits an input admittance 
equal to yj, and an output admittance equal to yo. 


The equation for MAG is, therefore, obtained by solving 


the general power gain expression, equation 3, with the 
conditions 


¥42=0 


- » 

Yu = Yoo 
da ~ *. 
and ¥g = 944 


which yields: 


ral * 


MAG = —————_—___— (6) 
4 Re 1) Re (oq) 


MAG is a figure of merit only, since it is physically 
impossible to reduce yj9 to zero without changing the 
other parameters of the transistor. An external feedback 
network may be used to achieve a composite y;9 of zero, 
but then the other composite parameters wit also be 
modifed according to the relationships given in the dis- 
cussion of the composite transistor - feedback network 
“plack box." 


TRANSISTOR INPUT AND OUTPUT ADMITTANCES 


The expression for the input admittance of a transistor 
is: 


Yaa Yor 
Ypy = 943. - — 7) 
mm > 741 

Yoo x YL, 


ae 


Toptained by solving the equations for transistor Yyj and 
Yout with y,;9 equal to zero, These equations are given 
later in the report. 
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The expression for the output admittance of atransistor 
is: 


¥a2 Yor 





Your = Yze ae (8) 
Ya 8 


When the feedback parameter yj9 is not zero, Yyy is 
dependent on load admittance and Yoyr is dependent on 
source admittance, 


AMPLIFIER STABILITY 


One of the major considerations in RF amplifier design 
is stability. The stability of a final design can be assured 
by including stability computations and considering stabil- 
ity in all design decisions relating to feedback and tran- 
sistor source and load admittances. 


The potential stability of the transistor should first 
be computed using equation 1. . 


The various alternatives concerning input - output 
matching and neutralization - unilateralization will now 
be discussed for both the unconditionally stable transis- 
tor and the potentially unstable transistor. 


THE UNCONDITIONALLY STABLE TRANSISTOR 


When the Linvill stability factor of the transistor as 
determined by equation 1 is less than one, the transis- 
tor is unconditionally stable. Oscillations will not occur 
using any combination of source and load admittances 
without external feedback, Stability is therefore elimina- 
ted as a factor in the remainder of the design, and com- 
plete freedom is possible with regard to matching and 
neutralization to optimize the amplifier for other perfor- 
mance requirements. 


AMPLIFIERS WITHOUT FEEDBACK 


The amplifier with no feedback is a logical choice for 
the unconditionally stable transistor in many applications 
since it may offer the advantages of fewer components and 
a simple tuning procedure, 


Source and load admittances may be selectedfor maxi- 
mum gain and/or any number of other requirements. 
Power gain and transducer gain may be computed using 
equations 3 and 5, respectively; input and output ad- 
mittances may be computed using equations 7 and 8, 
respectively, 


The amplifier stability factor may be computed using 
equation 2. While amplifier stability was assured from 
the beginning by the use of an unconditionally stable tran- 
sistor, the designer may still wish to perform this com- 
putation to provide some insight into danger of instability 
under adverse environmental conditions, source and load 
variations, etc. 


Ginax 


Gmax, the highest transducer gain possible without 
external feedback, forms a special case of the no feed- 
back amplifier. 


The source and load admittances required to achieve 
Gmax may be computed from the following: 


1 : 
cocaine 2 2,2 
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Therefore, if the maximum possible power gain without 
feedback is desired for an amplifier, equations 9,10, 11, 
and 12 are used to compute Y, and Yj. 


The magnitude of Gmaxy may be computed from the 
following expression: 


Gmax = 
2 
Foal 
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Equations 9, 10, 11, and 12 can be obtained by differ- 
entiating equation 5 with respect to G,, By, Gz, and By, 
and setting the four derivatives equal to zero. The Gs, 
Bs, Gy,, and By, thus computed can then be substituted in 
equation 5 to obtain the expressionfor Gyax, equation 13, 


THE LINVILL METHOD 


The amplifier without feedback design problem may 
also be solved graphically using a technique developed by 
J.G. Linvill,t Linvill's technique is very usefulfora cer- 
tain class of problems. Since it is so fully discussed in 
many good references we will not go intoit further here. 
An advantage of the Linvill technique is that it provides 
a reasonably rapid graphic solution relating gain, band- 
width, and stability. A disadvantage is its scope of use- 
fulness, since the standard Linvill solution applies only 
toanamplifier with no external feedback and with ¥, con- 
jugately matched to the transistor input admittance, Ypv- 


THE UNILATERALIZED AMPLIFIER 


Unilateralization consists of employing an external 
feedback network to achieve a composite y,9 of zero. 


While unilateralization is perhaps most often used to 
achieve stability with a potentially unstable transistor, 
other circuit considerations may also warrant the use of 
unilateralization with the unconditionally stable tran- 
sistor. For example, the input-output isolation afforded 
by unilateralization may be desirable in a particular de- 


sign. 


Design equations for the unilateralized case are ob- 
tained by first computing the composite y parameters 
of the transistor - feedback network combination and 
then substituting the composite parameters in the general 
equations. 


Referring to the discussion on composite y parameters 
and setting up the basic condition that ¥12c must equal 
zero, the other composite y parameters can be computed. 
Assuming that a passive feedback network is being used, 
then 

Vint ~ Yaar = ~Yyag = ~Your 


and since Yio0 = 0, Yiot * Yao = Q 
then Yioe = -Yiaee 


and Yue > ~Yaoe * Yue = Voor = Your 








T application Note AN166, 
See also reference 5 in the bibliography. 
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Substituting the above results in equations 4 yields the 
following: ; 


Fite * Fine * Yaa 
Yoae ~ Voor * Fat 


Yy20 = Yiae ~ Yaa = 9 


Yare = Yart ~ 412 


Substituting these composite y parameters in equations 
7, 8, 3, 16, and 5 respectively, yields equations 14, 15, 
16, 17 and 18 for the unilateralized case: 


Unilateralized input admittance 


Yoy = ¥11 * Y12 (14) 


Unilateralized output admittance 


Your = Ya2* ¥12 as) 


Unilateralized power gain, general expression: 


|>01 ' ¥9| 2 Re ) 
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Unilateralized power gain with Y, conjugately matched 
to YouT: 


2 
\yar -%12| 
68 oe an 
4Re(y,, + Vy) ReWon + Y42) 


Unilateralized transducer gain: 
2 
4 Re(¥,) Re(¥)) |>04 ~¥42| 
ee 
Sry ; (18) 
4, + Yy2 + Ys) Goo + Fae * %)| 


Note that equations 14, 15, 16, 17, and 18, are given 
entirely in terms of the transistor y parameters, not 
those of the feedback network or the composite. 


Another benefit of unilateralization is input - output 
isolation, As can be seen in equations 14 and 15, Yyy is 
completely independent of Yz;,, and YOUT is similarly 
independent of Yg. In a practical sense, this means that 
ina single or multi-stage amplifier using unilateralized 
stages, tuning of any one network will not affect tuning in 
other parts of the circuit, Thus, the troublesome task of 
having to re-peak an entire amplifier following a change 
in tuning at a single point can be eliminated. 


NEUTRALIZATION 


Neutralization consists of employing a feedback net- 
work to reduce yj9 to some value other than zero. 
Neutralization is generally used for the same purposes 
as unilateralization, but provides something less than 
the ideal cancellation of the transistor feedback param- 
eter which unilateralization achieves. A typical example 
of neutralization might be a feedback network which 
provides a composite by of zero while having only a 
negligible effect on the transistor 12. 


The equations for a particular neutralized case would 
be developed in the same manner as those for the uni- 
lateralized case. Since there are an infinite number of 
possibilities, no specific equations will be given here, 


This completes the discussion of design with the un- 
conditionally stable transistor. The potentially unstable 
transistor will now be considered. 


THE POTENTIALLY UNSTABLE TRANSISTOR 


When the Linvill stability factor of the transistor as 
determined by equation 1 is greater than one, the tran- 
sistor is potentially unstable. Certain combinations of 
source and load admittances will cause oscillations if 


no feedback is used. In designing with the potentially un- 
stable transistor, steps must be taken to insure that the 
amplifier will be stable. 


Stability is usually achieved by one or both of two 
methods: 


(1) Using a feedback network which reduces the com- 
posite y,9 to a value which insures stability. 


(2) Choosing a source and loadadmittance combination 
which provides stability. 


A discussion of these basic methods is given below. 


USING FEEDBACK TO ACHIEVE STABILITY 


Either unilateralization or neutralization may be used 
to achieve stability. If unilateralization is used, the tran- 
sistor-feedback network combination will be uncondition- 
ally stable. This may be verified by computing the Lin- 
vill stability factor of the combination. Since yj9¢ = 0, 
the numerator in equation 1 would be zero. 


With stability thus assured, the remainder of the de- 
sign may then be done to satisfy other requirements 
placed on the amplifier. After unilateralization has con- 
verted the potentially unstable transistor to an uncon- 
ditionally stable combination, all other aspects of the 
design are identical to the unilateralized case with the 
unconditionally stable transistor, Power gains and input 
and output admittances may be computed using equations 
14 through 18. 


If neutralization is used to achieve stability, the Linvill 
stability factor can be used to compute the potential 
stability of any transistor - neutralization-network com- 
bination. Since in this case y19c # 0, C will have a value 
other than zero. 


After unconditional stability of the transistor-neutrali- 
zation network combination has been achieved, the design 
may then be completed by treating the combination as an 
unconditionally stable transistor, and proceeding with 
the case of the unconditionally stable transistor in an 
amplifier without feedback, Power gains, input and output 
admittances, and the circuit stability factor may be com- 
puted by using the composite parameters of the combina- 
tion in equations 2, 3, 5, 7, and 8. 


STABILITY WITHOUT FEEDBACK 


A stable design with the potentially unstable transistor 
is possible without external feedback by proper choice of 
source and load admittances. This canbe seen by inspec- 
tion of equation 2; G, and/or Gy, can be made large 
enough to yield a stable circuit regardless of the degree 
of potential instability of the transistor. 


This suggests a relatively simple way to achieve a 
stable design with a potentially unstable transistor, A 
circuit stability factor k is selected, and equation 2 is 
used to arrive at values of Gg and Gy, which will provide 
the desired k, In achieving a particular circuit stability 
factor, the designer may choose any of thefollowing com- 
binations of matching or mismatching of Gg andGry, to the 
transistor input and output conductances, respectively: 


(1) G , matched and G, mismatched 

(2) Gy matched and G, mismatched 

(3) Both G, and G,, mismatched 

Often a decision on which combination to use will be 


dictated by other performance requirements or practical 
considerations. 


Wo 


Wl 
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Once G, and G, have been chosen, the remainder of 
the design may be completed using the relationships which 
apply to the amplifier without feedback. Power gain and 
input and output admittances may be computed using 
equations 3, 5, 7, and 8, 


Although the above procedure may be adequate in many 
cases, a more systematic method of source and load ad- 
mittance determination is desirable for designs which 
demand maximum power gain per degree of circuit 
stability. Stern has analyzed this problem and developed 
equations for computing the conductance and susceptance 
of both Y, and Y; for maximum power gain for a parti- 
cular circuit stability factor.2;4 These equations are 
given here: 


G,= [| ¥27] * Rey yaa]. $11 “1, (29) 
2 29 

Gs «[ | 2709] + Re val, \ faa “B99 (20) 
2 Lael 


G, + £4) Zo 


- {* | |71272y| + Rey 1272) | *u 


(Gy, + Bg9) Zo 
pe (22) 


B, = ab, 
L 22 
\ k [|¥12¥23] + Re(¥y9¥9)) 
(8, + 5) MG, + Bg9) + ®, + boo) k(L +M)/2(G, + B29) 


i k (L + M) 


ie |¥12%a| om 


M = Re(y i999) (25) 








(21) 





Where, 
(23) 


Defining D as the denominator in equation 5 yields: 


z4 


2 
[kL + M) + aM] Z eye 
D= —— + ———__. - vz xt + ) + Ava Nt (26) 
4 2 


k(L + M) 


where, Ac 5 


-M; (27) 
N= Im 19921), 2s) 
and, 


Z_= that real value of Z which results in the smallest 
minimum of D, found by setting, 


oo 2 + [ate +m) + am] Zz - av km + (29) 


equal to zero. 


Computation of Y, and Yy, using equations 19 through 
29 is a bit tedious to be done very frequently, and this 
may have discouraged wide usage of the complete Stern 
solution, However, examination of Stern's work suggests 
some interesting shortcuts: 


(A) COMPUTATION OF G, AND G,; ONLY, USING 
EQUATIONS 19 AND 20, If a value equaito -bg9 is 
then chosen for B;,, the resulting Y; will be very 
close to the true Y;, for maximum gain, The tran- 
sistor Yyy can then be computed from Yj, using 
equation and B, can be set equal to In (Yq). 


Computation of Bg andB,;, comprise by far the more 
complex portion of the Stern solution, This alter- 
nate method therefore permits the designer to 
closely approximate the exact Stern solutionfor Y, 
and Yyz, while avoiding that portion of the computa- 
tions which are the most complex and time con- 
suming. Further, the circuit can be designed with 


tuning adjustments for varying Bg and B, , thereby 
creating the possibility of experimentally achieving 
the true B, andBy,for maximum gainas accurately 
as if all the Stern equations had been solved. 


(B) MISMATCHING Gg TO £11 AND G; TO g99 BY AN 
EQUAL RATIO YIELDS A TRUESTERN SOLUTION 
FOR Gg AND Gy,. This can be derived from equa- 
tions 19 and 20, which lead to the following result: 


iF (30) 


If a mismatch ratio, R, is defined as follows, 


GS, G, 
R=— =— (31) 
8e2 By 
then R may be computed for any particular circuit 
stability factor using the equation: 


You + Rely ) (32) 
(+ RY = | 21 12 12921 
2 811 Son 


Equation 32 was derived from equations 2 and 31. 
Having thus determined R, G, andG, canbe quickly 
found using equation 31. 


Bg and By, can then be determined in the manner 
described above in alternate method (A). 


This alternate method may be advantageous if 
source and load admittances and power gains for 
several different values of k are desired. Once the 
R for a particular k has been determined, the R for 
any other k may be quickly foundfrom the equation 


2 
(1 + R,) k 
—— =—l (33) 


(1 + R,) k, 


where Rj and R2 are values of R corresponding to 
ky and kg, respectively. 


(C) COMPUTER DESIGN. The complete Stern design 
problem may be programmed into a computer. 
Power gain, circuit stability factor, Y, and Y; can 
be obtained from the computer for any value of k. 
MAG, Gy, and the Linvill stability factor of the 
transistor may also be included in the program. 


After employing either the complete Stern solution or an 
alternate method to obtain Yg and Yj, for the potentially 
unstable transistor in an amplifier without feedback, 
power gains and input and output admittances may be ob- 
tained using equations 3, 5, 7, and 8. 


SENSITIVITY 


In all but the unilateralized amplifier, Yyn is a function 
of load admittance. Thus Yyy changes with output circuit 
tuning, and this can be troublesome, Consequently, it is 
sometimes desirable to compute the extent of variation 
of Yyjy with changes in Y;. A term, sensitivity 5, has 
been defined to provide a measure of this characteristic, 
and is equal to per cent change in Yyy divided by per cent 
change in Yy,. The equation for sensitivity is: 
¥y 


oe] 
Yoo * ¥y, 


G11 K 
6= ae ee (34) 
Yar} [Yen * Yn * Say 

822 Yun 














K ev 





where, 
Yar Vig 
K= 











811 E22 


@= arg (-¥y9¥9)) * 
K e®- kK (cos 6+ j sine ) 


A more complete discussion of sensitivity is given in 
reference 6, 
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SUMMARY 


The small signal amplifier performance of a transistor 
is completely described by two port admittance param- 
eters. Based on these parameters, equations for comput- 
ing the stability, gain, and optimum source and load ad- 
mittances for the unilateralized, neutralized, and no-feed- 
back amplifier cases have been discussed. 


The unconditionally stable transistor will not oscillate 
with any combination of source and load admittances, and 
circuits using a stable transistor may be optimized for 
other performance requirements without fear of oscil- 
lations. 


The potentially unstable transistor requires that steps 
be taken to guarantee a stable design. Stability is usually 
achieved by unilateralization, neutralization, or selection 
of scurce and load admittances which result in a stable 
amplifier. 


Unilateralization and neutralization reduce the com- 
posite reverse transfer admittance. They may be usedto 
achieve stability, input - output isolation, or both. 


Maximum power gain per degree of circuit stability 
without feedback may be achieved using Stern's equations. 


The degree of input - output isolation is described by 
the term sensitivity, which makes it possible to compute 
changes in input admittance for any change in load ad- 
mittance. 


The theory and design equations in this report are 
applicable to any linear active device which may be char- 
acterized as a two-port network. Therefore, the term 
"transistor" used herein refers generally to all such de- 
vices, including FETs and integrated circuits. 


i 
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GLOSSARY 
c = Linvill's stability factor 
k = Stern's stability factor 
G, = Real part of the source admittance 
Gy = Real part of the load admittance 
B, = Imaginary part of the source admittance 
By = Imaginary part of the load admittance 
G1 = Real part of Yay 
Bo9 = Real part of Yoo 
G = Generalized power gain 
L = Complex load admittance 
Y, = Complex source admittance 
Gy = Transducer gain 
MAG = Maximum available gain 
* = Conjugate 
Yn = Input admittance 
Your = Output admittance 
Gnax = Maximum gain without feedback 
Gy = Unilateralized gain 
Soy = Unilateralized transducer gain 
é = Sensitivity 


APPENDIX | 


A. Conversions among parameter types for y, z, h, and 
g parameters. 


htoy 
Megs, Syste, cet peg) = 
11 ~ 12 21 = 22 ~ 
‘yy Ay Ai May 
where Ah = hy Noo - bys hoy 
ytoh 
1 “Yi2 Yai Ay 
ay Be ho = hoo = 
Yay Yaa Yay Ya 
where Ay = ¥41 Yoo ~ Yy2 Yar 
htoz 
Ah hie whey 1 
Zz = — Zz -_—_— Zz =_—_— VA =— 
11 12 21 22 
hoo hoe hoo hoo 
ztoh 
Az 712 “294 1 
ae st eee hoy = hop = 
22 22 202 "299 
where Az = 241 299 ~ 219 791 
htog 
hoo “Bye “hay Ay 
g -—_—_ g = g. SSS £ SS 
it ag 12 xh 21 mm 22 - n 
where Ah = hay hoo - hie Hoy 
gtoh 
G22 ~812 ~ 821 S11 
hb... = h.. =— ho. =— h,. = — 
1 Seer ve 2” AG a1” Ag 22 Ay 


where Ag = 61; &22 ~ 812821 
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ztoy 
209 “249 ~ 221 “ai 
Y= Y= y aa Yoo = — 
ib wD au- a 
where 4z = Za Zo9 - 210 Zo4 
ytoz 
Yoo Vi2 Yay Yu 
2. =— 249 = — Zo, = — Bok eto 
1° 2 21 iy 22 
where Oy =¥11 Yoo - ¥32Voq 
ztog 
1 “212 291 Az 
& e— g od £. ee" £g& a 
11 12 21 22 
"11 41 11 4 
where 42 = 24 Zo9 - 29 Zo 
gtoz 
1 “C19 8a1 4g 
Zqg = 245 = —— len = —— Zo. 2 
MW 12 21 22 
814 ey 814 811 
where 4g = 811829 ~ 842 82; 
gtoy 
4g 82 ~821 1 
Ya = ¥y2 = 420.5 Yo2 =—— 
829 G22 b22 822 
where 4g = 61) G29 - 6126) 
ytog 
dy 12 —Yay 1 
84. = 827 823 =—— 829 = —— 
¥22 Yeo Y22 Yoo 


where SY =¥11¥99 - ¥12 a1 


B. Conversions among common emitter, common base, 
and common collector parameters of the same type for 


y, and h parameters. 


Common emitter y parameters in terms of common base 


and common collector y parameters. 


Vite ~ Yi1p * Yaa * Yaw * Yea = Yate 


Yi2e = “Waa + Yom) = -Wric + Yy29) 


Yaie = Vay + Yor) = -Vric * Yar) 


Yoe ™ Yoon = Yate * Y120e * Yaic * Yare 


Common base y parameters in terms of common emitter 


and common collector y parameters. 


¥11b ™ Yate + Yize + Ya1e + Yaoe ™ Yare 


Via * “Wize + Yooe) = ~Ware + Yore! 


Yap * “Ware + Yaze) * ~Wy2e * Yooe) 


Yom = Yore * Yrice * Vige + Yate * Yore 


Common collector y parameters in terms of common e- 


mitter and common base y parameters, 


Yate = Yate = Yume * Yim + Yow * Vaop 


Yy2e = “Vie * Vi2e) = -Vyy + Yop) 
Yoie = “Vite * Yate) = -Viry * Yiap) 


Yaar = Vite * Yize * Yate * Yore = Yaa 











Common emitter h parameters in terms of common base 
and common collector h parameters. 
hii *ip 
h = = zh 
lie llc 
(1+ hop) G-hyo) + Bota oa a hh, 
21b 
Bip Baap > Bray “l+hay) hip Yeap 
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(1 + hoy) (1-hy >) + ow, hip 21b 
hom how 
hoe = © = hog. 





(1 + boyy) U-hyg) + Boa My, = 1 + Boy, 


Commonbase h parameters in terms of common emitter 


and common collector h parameters. 
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Common collector hparameters in terms of common base 
and common emitter h parameters. 


h h 








1b 11b 
h = e~] = h 
11¢ ile 
(1 + boy) C-byy,) + Bog, Bip 1+ Bow 
1+ bow, 
bh. = th 
120 12e 
(1 + Boy) (-byg,) + Boop Ay ip 
in - 1 r 
1 * = -(1 + hy.) 
21c 21le 
(1 + Boy) (l-by) + Bos yyy 1 + Bom 
boop hom 7 
hoo, = * = hove 
(1 + hoy) Q-bya,) + Boge Bray 1+ Bop, 


Expressions for voltage gain, current gain, input imped- 
ance, and output impedance in terms of y, 2, h, and g pa- 
rameters. 


Voltage Gain 
Zo 21, “Voy hoy 2y, 821 21, 

A, ee SCE eee 
AZ + Zay Z, Yoo + ¥y hy + ShZ, Boo * Za 


Current Gain 








Pees | ema is oar SE ~ 821 
17 = = 
Zoo + 2, Ay + Yu Y, hoo + Yy Ag + Sy Zy, 
Input Impedance 
AZ + 244 2, Yoo * ¥y Ah + by ¥y, 
ZN Sn ee OS ee nee 
Zoo + 2, Ay + Yu ¥y hoo + ¥y 
Bog + 2, 
Ag + 834 Zs, 
Output Impedance 
Az + 200 2 Yui + Y, by + Zs 
Zz 5 F 
OUT 
Z44 7 Zs Ay + Yoo XY, Sh + oo Z, 
ag + So0 Y, 
84+ Ys 


Conversion between y parameters and s (scattering) para- 
meters: 


(1-¥, 1) (+¥Q9) + F492 Yor 


“n° (1+y,,) (1+¥ 55) 
¥y1) U+¥o9) - F192 Yor 
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o2y, 
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21 (14944) 4999) - F492 Yor 
= (1+y,,) (1+¥99)- Y12 Yo1 


oe (1+890) (1-s,,) + 849 891 Ae 
11 (1+8,,) (1+850) - 849 39 Z » 


ep ares ae 
12 | (14841) (14899) - 849 893] 2, 


(ce 
of |+ 


Yo, = eg OE 
21 (1+85,) (1+859) - 849 89 


y. = —- 
22 | (d+859) (14844) - 849 S01) Z, 
Where Zp = the characteristic impedance of the 
transmission lines used in the scatter- 
ing parameter system, usually 50 ohms. 
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a (1-859) + 839 2 1 


Conversion between h parameters and s parameters: 
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tIn converting from y to s parameters, the y parameters 
must first be multiplied by Zp and then substituted in 
the equations for conversion to s parameters. 


ttIn converting from h to s parameters, the h parameters 
must first be normalizedto Zp in the following manner 
and then substituted in the equations for conversion to 
Ss parameters: 


Parameter To Normalize 
by divide by Z fe 
Bio use as is 
use as is 


multiply by Z 


Roo 


Ws 
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AN INTEGRATED SENSE AMPLIFIER 
FOR CORE MEMORIES 


INTRODUCTION 


A definition of a sense amplifier could be “the inter- 
face circuitry between the storage elements of a memory 
and the logic output elements of the memory.” By this 
definition, a sense amplifier can have many different type 
inputs and outputs. This paper will discuss a sense ampli- 
fier for ferrite core memories. Specific sense amplifier re- 
quirements were received from computer and core memory 
manufacturers. From these requirements, design goals 
were evolved for a sense amplifier that would satisfy the 
market. 


An integrated sense amplifier offers advantages other 
than such obvious ones as saving weight, space, and 
assembly wiring; the inherent ability to match active com- 
ponents within the integrated circuit gives the integrated 
sense amplifier a distinct advantage over the discrete ver- 
sions. In some cases, it would be very difficult to build a 
discrete circuit of the same quality as an integrated circuit, 
or to do so could be quite expensive. Therefore, a well- 
designed integrated sense amplifier will offer superior per- 
formance and be less expensive than its discrete counter- 
part. 





THE CORE MEMORY 


Figure 1 isa typical core memory subsystem of a general 
purpose digital computer. The appropriate x and y lines 
are selected by the memory address register (MAR). The 
selection technique depends on the memory organization 
and will not be discussed in this application note. The most 
common organizations use one core per bit so the number 
of cores which must be sensed simultaneously is determined 
by the “word” length. However, each sense line links one 
bit for all words in the memory. When a particular word is 
selected the sense amplifiers detect the presence of “ones” 
or “zeroes” in all the bits and this information is then 
placed in the memory data register (MDR). The time 


Y SELECT 


DIODE 


FROM CONTROL 
SUBSYSTEM MEMORY ADDRESS 
REGISTER 





required to get the information from the cores to the MDR 
is called the “access” time. If the memory is of the ‘“des- 
structive readout” type, the information in the MDR must 
be written back into the memory at the same location. The 
time required to do this is called the “write” time. The 
sum of the “read” and “write” times is defined as the cycle 
time and indicates the speed of the memory. 

The various memory organizations use different sense 
line configurations and current drive techniques. How- 
ever, in all the configurations the sense winding is routed 
so as to obtain an optimum signal-to-noise ratio. This 
generally means the sense winding goes through half the 
cores in one direction and half in the opposite direction 
(See Figure 2). The purpose of this wiring technique is to 
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FIGURE 1 — GENERAL PURPOSE COINCIDENT CURRENT CORE MEMORY SUBSYSTEM 
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FIGURE 2 — HALF SELECT WIRING 
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FIGURE 3a — TYPICAL SIGNAL WAVEFORMS 
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FIGURE 3b — TYPICAL CORE OUTPUT SIGNAL 


cause voltages induced in the sense line to cancel. The 
sense amplifier must detect the difference between the 
minimum “disturbed one” signal and the maximum “dis- 
turbed zero” signal. The “disturbed one” signal can be 
either positive or negative so the sense amplifier must be 
bipolar (See Figure 3a). 


Typical signal waveforms at the input to the sense 
amplifier, amplifier output, discriminator output, and 
strobe are shown in Figure 3a. This is an idealized signal 
waveform at the input to the sense amplifier. In actuality, 
there are common and differential mode noise at the input 
during most of the memory cycle. Figure 3b shows the 
typical signal as seen at the input to the sense amplifier. 
The amplitude of the “disturbed one” signal depends on 
the size of the core and the rise time and amplitude of the 
select currents from the core drivers. The area between 
the minimum “disturbed one” signal and the maximum 
sum of “disturbed zero” signals is called the uncertainty 
region (See Figure 3b). This area would ideally be as large 
as possible, since it is very important in the overall per- 
formance of the memory subsystem. Normally, the thres- 
hold of the sense amplifier will be set in the middle of the 
uncertainty region. 


SENSE AMPLIFIER DESIGN CRITERIA 


Many factors must be considered in the design of an 
integrated core memory sense amplifier. First, the ampli- 
fier should be as versatile as possible. The design must meet 
a wide variety of speed requirements and should be suitable 
for low cost fabrication. Additional criteria are: 


1. The amplifier must be able to detect bipolar signals. 


2. The threshold should be adjustable in order to meet 
the maximum number of requirements with a single 
amplifier. 


3. The threshold should be constant with temperature. 
This requires the memory manufacturer to compen- 
sate the switching currents for the change in core 
output voltage rather than depend on the sense am- 
plifier to have precisely the correct threshold versus 
temperature characteristic. 


4. The uncertainty region should be as small as possible. 


5. The power supplies should be commonly used values 
and the tolerances on these supplies should be as 
loose as possible. 


6. The sense amplifier requires a strobe to “enable” the 
amplifier at the optimum point. 


7. The bandwidth of the amplifier must be sufficiently 
high to pass the fastest rise time signals with as little 
degradation as possible. 


8. The amplifier must be able to recover rapidly from 
large common mode and large differential mode sig- 
nals. 
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FIGURE 4 — BLOCK DIAGRAM OF MC1540 


THE MC1540 


Figure 4 is a block diagram of the MC1540. The ampli- 
fier portion is a two-stage differential amplifier with emitter 
degeneration in each stage, buffering between stages, and 
overall common mode feedback. The schematic of the 
amplifier section is shown in Figure 5. The low frequency 
differential voltage gain of the first stage, assuming it is 
driven from a voltage source, can be closely approximated 
by: 

Adiff * RL tb 
letReEt B+ 
RE is the emitter degeneration resistor on each side and Te 


approximately a With B relatively high, the last term in 
the denominator can be neglected and the equation for the 
gain reduces to the following equation: 

Adiff * ase = ws 1 

' tetRE RE Itr 
RE 

This equation shows that the gain is a function of resistor 
ratios rather than resistor magnitudes. Ry and RE are 
formed during the base diffusion so that the ratio RL/RE 
should be constant from run to run. Also, re is directly 
proportional to a resistor which is formed during the base 
diffusion and is a function of temperature so that gain 
variations with temperature change are to be expected. 
However, the gain variation will be significantly less than 
for a circuit with no emitter degeneration. 

Since the amplifier incorporates differential gain of the 
first stage and single ended gain of the second stage, the 
overall gain can be approximated by the following equa- 
tion: 








(isi) hes 
fey *RE\/ [2(te2 + REp) 

The buffering between the two stages significantly in- 
creases the bandwidth of the amplifier. Without buffering, 
the predominant pole would be caused by the Miller effect 
capacitance of the second stage being driven from a high 
impedance. Buffering reduces this impedance approxi- 
mately by a factor of 8 of the transistor. 

Some of the data taken on this amplifier in integrated 
form is shown below. 


1. Voltage gain — The voltage gain on all units was be- 
tween 37.5 dB and 40 dB. 


2. Gain versus temperature — The gain changed less 
than 1.0 dB when the temperature was varied over a 
-55°C to +125°C range. 


3. Bandwidth — The 3.0 dB point on all units was in ex- 
cess of 50 MHz. The rise time of the amplifier was 
less than 7.0 ns. 


4. Propagation delay — This was found to be between 
8.0 and 11.0 ns on all units. The measurement was 
made between the 50% points of the input and the 
output waveforms. The rise and fall times of the in- 
put were approximately 10 ns and the amplitude was 
25 mV. 


5. Common mode rejection — The low level common 
mode rejection defined as the differential mode gain 
divided by the common mode gain, was found to be 
57.0 dB at 10 MHz. Figures 6a and 6b show the am- 
plifier response to a + 1.0 volt and a + 2.0 volt com- 
mon mode input respectively. Figure 6c shows the 
amplifier response to a 20 mV differential input. 
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Note: Resistor values are in ohms. 


FIGURE 5 — DIFFERENTIAL AMPLIFIER SCHEMATIC 


The schematic of the dc restoration circuit, the thres- 
hold adjusting circuit, and the output gate is shown in Fig- 
ure 7. The threshold of the sense amplifier is dependent 
upon the dc voltage at point A. Since R1 is much larger 
than R2 or R3, changes in the dc voltage at point C reflects 
as a dc voltage change at point A; thus, the threshold 
changes. 

The dc restoration action can be explained as follows: 
The input signal to the collector of Q1 and the capacitor is 
positive from a low impedance and the entire signal is 
coupled through the capacitor. When the leading edge of 
the signal occurs at point A, both the base-emitter junctions 
of Qi and the gate input diode become reverse biased and 
the capacitor will start to charge through R4. When the 
negative going edge of the signal arrives at point A, Q] is 
turned on, and point A becomesa low impedance node be- 
cause of the emitter follower action. The capacitor will 


discharge through Q; very rapidly. The base of Q) is 
driven by a low impedance source so that the transient base 
current during the time the capacitor is being discharged 
produces a negligible voltage change at the base of Q1. 


Also Qj is designed to supply the maximum transient 7 


current required for pulse widths up to 750 ns. Since the 
dc level at the emitter of Q} is restored rapidly, the sense 
amplifier threshold does not change significantly with a 
change in duty cycle. 

As temperature increases, the threshold of the DTL gate 
decreases by 2 AVBE/°C. The four diodes in the base of 
Q2will decrease the dc level at the base of Q2 by 4 AVBE/OC. 
The VpE change of Q) will cancel one of these, and the 
VBE change of Q? will cancel another; hence the de level 
at point A will also decrease by 2 AVBE/OC. Therefore, if 
the amplifier voltage gain does not change with tempera- 
ture, the sense amplifier threshold will be constant. 
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Horizontal: 5.0 ns/cm 
FIGURE 6a — 
COMMON MODE RECOVERY 
TIME (Ejn = + 1.0 V) 


FIGURE 6b — 


Note: Resistor values are in ohms. 





Horizontal: 5.0 ns/em 


COMMON MODE RECOVERY 
TIME (Ejn = + 2.0 V) 

















i] 
Eout — 0.5 V/em 


Horizontal: 5.0 ns/cm 


FIGURE 6c — 
AMPLIFIER RESPONSE TIME 
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FIGURE 7 — DC RESTORATION CIRCUIT, THRESHOLD ADJUSTING CIRCUIT, AND OUTPUT GATE 


The output gate is similar to that of the popular MDTL 
logic family. Both the amplified signal from the memory 
and the strobe signal must be above the gate threshold 
level before the output transistor will saturate. The out- 
put transistor is capable of “sinking” 6.0 mA with a satu- 
ration voltage less than 400 mV. This guarantees a noise 
margin equal to that of the MDTL logic family. Many 
sense amplifiers may be strobed from a common source 


with no ill effects, as long as the driving unit has sufficient 
fan-out capability. Also the outputs of several sense am- 
plifiers can be wire-ORed. Figure 8 shows the voltage 
transfer characteristic of the gate. The width of the tran- 
sition is approximately 200 mV. This would refer to the 
input of the sense amplifier as a transition width of 2.0 mV 
if the voltage gain was 100. 


AN-245 A (continued) 


i gies data taken on the sense amplifier are listed ees decd decals 
1. Threshold — 17 mV nominal for V~ = -6.0 V, V* = eet hs Mice sp Nf oll ale) 
aaee 


+6.0 V, and Vih = -6.0 V. 
2. Threshold temperature coefficient — -10 wV/°C. 


a 
F- 
3. Threshold range — The nominal threshold varies from a 
13 mV at -5.0 V threshold bias to 21 mV at -7.0 V 2 
threshold bias. S 
4. Propagation delay from input to output — Typically 
20 ns. 


5. Propagation delay from strobe input to output — 
Typically 10 ns. 


ein (VOLTS) 


FIGURE 8 — OUTPUT GATE TRANSFER 
CHARACTERISTICS 


Strobe 


Note: Resistor values are in ohms. 
Threshold 


Adjust 


FIGURE 9 — CORE MEMORY SENSE AMPLIFIER 
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HORIZONTAL — 50 NS/DIV 
r VERTICAL — 0.4 VOLTS/DIV 
Cext = 0.01 pF 
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FIGURE 10 — SIGNAL WAVEFORM AT PINS 
ONE AND TEN 


Figure 9 is the schematic of the complete sense ampli- 
fier. External components that must be supplied are ap- 
propriate resistors for terminating the sense windings and 
acoupling capacitor. The size of the capacitor is dependent 
on the width of the disturbed “1” signal from the memory. 
The capacitor should be of sufficient size to ensure that 
the “sagging” due to the capacitor charging does not affect 
the threshold. Also the capacitor must be large enough so 
that noise, just before the disturbed “1” signal, does not 
affect the threshold. Figure 10 illustrates the charging and 
discharging time of a 0.01 uF capacitor. The typical ex- 
cursion below the base line is approximately 100 mV for 
an input pulse 300 ns wide. 

The rise time of the output can be decreased signifi- 
cantly by connecting an external resistor from the output 
to the positive power supply. This resistor must be large 
enough so that the sum of the current through the resistor 
and the current from an external load does not exceed the 
rated value of 6.0 mA if a 400 mV Veat at +125°C is a re- 
quired specification. 

The sense amplifier also works fine with +5.0 V and 
-6.0 V power supplies. If the threshold-adjust pin is also 
tied to -6.0 V, the nominal threshold increases to approx- 
imately 20 mV. However, -5.3 volts on the threshold- 
adjust pin sets the nominal threshold at 17 mV for +5.0 V 
and -6.0 V power supply operation. If the threshold-adjust 


pin is tied to the negative power supply, the nominal thres- 
hold is also 17 mV for power supplies of +5.0 V and -5.0 V. 





Recovery Time 


Input to Amplifier Output 










|_| 20 | 
Input to Gate Output Hic 


Operation is marginal for +4.5 V power supplies. There- 
fore it is recommended that +5% supplies be used if the 
sense amplifier is operated with +5.0 V power supplies. 





Strobe to Gate Output 






in = £400 mV (DM) 






Cin = £2.0 volts (CM) 








SPECIFICATIONS 


Specifications for a sophisticated integrated circuit 
must be such that the customer is guaranteed a circuit 
that will meet his requirements. The most important 
specifications for a sense amplifier are threshold limits (or 
uncertainty region), propagation delays, and recovery 
times. Other characteristics must also be limited so that 
good circuit performance and reliability result. 

Some of the important specifications for the MC1540 
are listed in the table above. For a complete specification 
and the manner in which each test is made, refer to the 
MC1540 data sheet. 


SUMMARY 


The MC1540 was designed with both customer re- 
quirements and integrated circuit production capabilities 
in mind. The circuit will operate properly with large varia- 
tions in temperature and power supplies. It requires only 
three external components to achieve the complete core 
memory sense amplifier function. It has a saturated logic 
type output and can be strobed from any saturated logic 
family. It can be packaged in either the 10 pin TO-S, the 
10 pin ceramic flat pack, or the dual in-line plastic package. 
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TRANSISTOR LOGARITHMIC CONVERSION 
USING AN INTEGRATED OPERATIONAL AMPLIFIER 


INTRODUCTION 


Many approaches have been made to the design of 
logarithmic amplifier circuits, using both active and pas- 
sive elements. With the proper circuit configuration of 
diodes or transistors a log amplifier can be constructed 
using the logarithmic characteristics of these semicon- 
ductor devices. All diodes and transistors do not exhibit 
good logarithmic characteristics, so care must be taken 
in selecting the proper device. This application note deals 
with a technique for obtaining logarithmic conversion using 
operational amplifier-transistor feedback circuits, be- 
ginningwith an analysis of the logarithmic characteristics 
of transistors. A brief look at the basic logarithmic am- 
plifier will be given followed by two log function generator 
applications: direct multiplication of two numbers, and 
solution of the parabolic equation Z = X®. 


TRANSISTOR LOGARITHMIC CHARACTERISTICS 


Shockley's first-order theory of a p-n junction 


fe] 


considers only diffusion current; however, it is popular 
because of its simplicity. In other circumstances the 
series resistance associated with the bulk semiconductor 
material must be accounted for. Also such mechanisms 
as surface inversion layers and generation-recombination 
in the space charge regions are not accounted for in the 
above expression. Consequently a diode or transistor 
configuration must be devised which will minimize these 
adverse effects. The common base transistor configu- 
ration discussed in this application note does this very 
well. By using the transfer conductance and fulfilling 
certain conditions, the desired logarithmic characteris- 
tics can be obtained. 


The derivation of the transfer conductance is based 
around anNPN silicon all-diffused transistor as shown in 
Figure 1. The detailed derivation is given in the Appen- 
dix. The resulting collector current expression is 


[elVE /xT) (1) 





FIGURE 1 — NPN SILICON TRANSISTOR MODEL 


It is important to note that a non-constant base 
transport factor will causeaN to vary, consequently, a 
diffused base transistor suchas the 2N2218 is best suited 
for thisapplication. The base transport factor is within 
a few tenths of a percent of unity. The upper end range 
of equation (1) is usually between 1 and 10 mA of collector 
current depending upon the junction area and contact size 
of the transistor being used. Measurements elsewherel 
indicate an 8 to 10 decade range of collector current 
yielding a logarithmic relation. Simple practical inte- 
grated circuit operational amplifiers operating with only 
a single polarity input are limited to from 3 to 7 decades 
depending upon the particular amplifier being used and 
also on the effort expended to reduce external disturb- 
ances. 


LOGARITHMIC AMPLIFIER TRANSFER FUNCTION 


The basic function generator configuration for log- 
arithmically compressing data is shown in Figure 2. In 
this configuration'the requirement that the collector volt- 
age be equal to zero is virtually met. The small amount 
of collector potential that does exist will be negligible for 
all practical purposes. Rewriting equation (1) for the 
direction of collector current shown in Figure 2, we find 


= qVE/kT 

I, = +a, 1,,[e el (2) 
If I, < I, which is the condition that governs the lower 
limit of operation, then 


{3} 


_ i 
Aa R 
s 


3 


(3) 


The polarity of V,, is shown in Figure 2. Combining equa- 
tions (2) and (3}’and the condition of V,; = VE yields 


Fin -al ; Wout! T, 
R nes 
E. 
or Vv ie kT In R 7 
“ qa s°n es 


Non Inverting Input 





FIGURE 2 — BASIC LOG AMPLIFIER 
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Converting from In, to logy gives 
































E. 

kT in 
Vv = 2.3 — log,, (=——_) 
out q 10 Roa lo. 

i 
po kT kT 1 LF 
Vout = 2-3 “G 16819 (Fi) +23 )logig(g ga) |) m g+— 

snes S LL 
E ae 
athe kT _ rs Se 
at T=27C hae 0.026 V & ——— 
%, Yo 
3 
2 i) 
Vey * 0:08 logy (8) + ® 1s Ae ae 
3 
Q 
= 


The empirical results obtained from the logampli- 
fier are plotted in Figure 3a. From Figure 3a the trans- 
fer function was found to be 





E out = 0-062 log, , (E,,,) + 0.450 (6) 








where E and E. are in volts. 
out in 


OPERATIONAL AMPLIFIER LOG AMPLIFIER 





The operational amplifier usedin the log amplifier : 
is the MC 1533. Frequency compensation of the opera- REO EHO) SOU “RAR ABE. S20, AO 2 DON. SAO 580 
tional amplifier is chosen such that the amplifier will be Output Voltage (V,.,) (mv) 
stable with a closed loop gain ofunity. The 0.1 uF capac- 
itor between pins 1 and 5 is necessary to reduce the ac 
gain of the feedback transistor. It is usually necessary 
tobypass the power supplies right at the amplifier socket FIGURE 3a — INPUT VS. OUTPUT RESPONSE OF LOGARITHMIC 
with a 0.01 or 0.1.F low-inductive capacitor to eliminate AMPLIFIER OF FIGURE 3b 
any internal high frequency oscillations which might occur 
because of excessive impedance in the power supplies. 
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FIGURE 3b ~ LOGARITHMIC AMPLIFIER 
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' FIGURE 4 — DC BIAS CURRENT AND INPUT OFFSET 
VOLTAGE SUPPLIES 


The extremely wide range of input voltage required 
makes it necessary that input offset voltage and bias cur- 
rents be properly compensated for. The typical bias cur- 
rent for the MC 1533is 0.5 yA. If the amplifier were used 
without proper bias current compensation, this would re- 
quire an input voltage of 50 mV above a 100k input resis- 
tor just to overcome the bias current requirements. This 
would immediately swamp out the lower end input of a 4 
to 5 decade log amplifier where input voltages are in the 
1 to 10mV range. Input offset voltage, which is reflected 
to the output by theclosed loop gain of the amplifier, will 
cause an appreciable error, andmust be compensated for 
with an external supply. 


The method of de compensation used is shown in 
Figure 4. The input offset voltage adjustment is made 
with pin 1 shorted to ground and E,,; adjusted to zero. 
The bias current adjustment is accomplished by placing 
a 500k feedback resistor in place of the transistor and 
then monitoring Ep,; and Ej, and adjusting the bias cur- 
rent pot until Egyt/Ejn = 500k/100k = 5 throughout the 
desired input range. This procedure must be carried 
out individually for each operational amplifier that is to 
be used as a log amplifier. After completion of the bias 
adjustments, the feedback resistor may be replaced by 
the feedback transistor in the configuration shown in Fig- 
ure 3b. 


The same type of bias current compensation is 
required in the log “amplifier where input voltage levels 
are in the 300 to 600 mV range. The offset voltage ad- 
justment, however, may be replaced by approximately 
100 ohms to ground, since the offset level is insignificant 
with respect to the input voltage range. 


The effect of having an improperly adjusted offset 
voltage pot or bias current pot is demonstrated in Fig- 
ure 5. It may be necessary to slightly adjust the bias 
current pot in order to straighten out the log character- 
istics, even after the initial adjustment procedure. It 
is extremely important in applications where log-analog 
operations are to be performed, that the logarithmic 
transistors have identical characteristic slopes. Level 
shifts are not important, since they canbe easily adjusted 
for at the summing point of one of the internal amplifier 
stages as shown later inthe multiplier circuit application. 


MULTIPLICATION USING TRANSISTOR 
LOGARITHMIC CHARACTERISTICS 


The following example explains a method of ob- 
taining the product Z = XY. The circuit used is shown in 
Figure 6. The inputs and output are monitored in milli- 
volts and the scale is selected such that one machine unit 
equals 10 mV. The circuit can be broken into three por- 
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AN-261 (continued) 


tions: the input logarithmic amplifier, the summing point 
amplifier, and the output log] amplifier. The frequency 
compensationfor eachamplifier is the same as that shown 
in Figure 3b. 


A. Input Logarithmic Amplifier: Each input in 
this portion of the product function generator is identical 
to that shown in Figure 4, with the feedback resistor re- 
placed by the log transistor. Initial adjustments must be 
carried out in the same manner as discussed previously. 
The output of amplifier #1 will be of the form 


F out(1) = —(alog X + C,) (7) 
and amplifier #2 will be identical except for the constant 
oi 

E out (2) = —(alog Y + Cy) (8) 


The constants C, and Cy are in the order of 300 mV while 
a = 62 as determined previously from Figure 3a. 


B. Summing Point Amplifier: The output of this 
amplifier will be 


E out(SPA) = alog X + alog Y + C, + Cy - 


" 


alog XY + C, + Ce - E, (9) 


The input required for the output log! amplifier stage 
must be of the form alog ie + “Ee With the proper selec- 


tion of E, the term Cy can be made equal to 
C3, resulting i in the be tl input of the log-1 amplifier 
stage. 


C. Output Log-1 Amplifier: This stage uses a 
2N2906 transistor connected in a common base configu- 
ration at the input of the operational amplifier to achieve 
an anti-logarithmic amplifier. This stage must have a 
base current supply added to avoid having base current 
drawn from the input voltage. Distortion in the log~! 
characteristic would result without this supply. The 
initial calibration of this stage must be determined by 
plotting input voltage Ein(OLA) versus output voltage on 
semi-log paper and adjusting the 5 k base current pot 
until a straight line is obtained over the desired output 
range. 


The results obtained from this circuit configura- 
tion are tabulated in Table 1 along with the correct prod- 
uct andpercent error. Up to 7.7% error in output voltage 
was observed over the 3 decades of operation; however, 
simple calculations indicate that a 0.35% error in Ein(OLA 
will cause a 10% error in output voltage at the upper en 
of the output range. A 0.51% error in lin OLA)Will cause 
a 10% error in output voltage at the lower end of the out- 
put range. It becomes apparent why both an input offset 
voltage adjustment supply and a base current adjustment 
supply must be provided for where wide ranges of input 
or output voltages are to occur. 


ANALOG SOLUTION OF THE PARABOLIC - 
EQUATION Z = X" 


The circuit shown in Figure Twas used to generate 
2 for three different values of "n" (3, 2, and 0.5). The 
results are shown in Figures 8, 9, and 10, respectively. 
The value of E, (summing point amplifier) is positive for 
n> land negative forn< 1. As shown in Figure 7, Eo 
is positive and "n" is equal to 3. It is important here 
that the ratio of R,/Rg be selected accurately to avoid 
additional error in the computation of X". The degree of 
accuracy maintained was 8% for "n" = 3, 9% for "n" = 2, 
and 5% for "n'"=0.5. As in the output stage of the pre- 


vious application, a very small percentage error in input 
will increase more than anorder of magnitude at the out- 
put. 


Temperature variation willcause large deviations 
in output voltage accuracy since the output voltage of the 
first stage is directly proportional to temperature in de- 
grees Kelvin. 


1 
s“n'zs 


Eout(1) T(2.3(E) 108g (E,)+ 2.3(E) logig (zy )] 


The temperature effect will cancel itself if the junction 
temperatures of the input and output transistors are kept 
equal. Methods of obtaining the required temperature 
equalization might be the use of a common heatsink for 
all the log transistors, use of multiply packaged transis- 
tors, or ultimately the use of a monolithic chip containing 
the logarithmic transistors. A multiply packaged tran- 
sistor MD 985 (PNP-NPN) was tried in the Z = X8 con- 
figuration and resulted in an output error reduction of 
from 8% maximum to 4% maximum. 


CONCLUSION 


A diffused base transistor operating in a common 
base emitter follower configuration, with the collector at 
zero potential, has a wide range of logarithmic impedance. 
This configuration can be used to obtain a logarithmic 
compression of input data over 6 decades of operation 
with an error of less than 1%. The author feels that ad- 
ditional range could be obtained by the use of a chopper 
stabilized operational amplifier. Two arithmetic prob- 
lem solution applications were shown; however, accuracy 
was limited by temperature variations, interstage inac- 
curacies, and resistor ratio inaccuracies over the three 
decades of input and output swing. A monolithic configu- 
ration of log transistors is felt to be the best method of 
compensation for temperature effects. 
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FIGURE 5 — IMPROPER DC COMPENSATION EFFECTS 
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FIGURE 6 — CIRCUIT FOR Z = XY FUNCTION GENERATOR 
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Plotted points indicate 
laboratory obtained data 


Solid line indicates the 
correct calculated result 
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FIGURE 8 — OUTPUT VS. INPUT RESPONSE OF FIGURE 7 FOR a = 2 FIGURE 9 — OUTPUT VS. INPUT RESPONSE OF FIGURE 7 FOR a = 3 
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Solid line indicates the 
correct calculated result 
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FIGURE 10 — OUTPUT VS. INPUT RESPONSE OF FIGURE 7 FOR a= %2 
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TABLE | — TABULATED RESULTS FROM MULTIPLIER CIRCUIT Z=XY 


APPENDIX 


The emitter current of Figure 1 is given by the 
expression 


qV_/kT qVQ/kT 


I - 1}- alggle 


z= Ingle =f ~<(10) 


where Tas = emitter reverse saturation current 
Tos = collector reverse saturation current 


ay = inverted common base current gain 


The collector current is given by 


QV /kT 
I, = Inele -1]-al 


avy /«T 
Cc CS n ES 


- 1] (11) 


where a, = normal common base current gain. 


Equations (1) and (2) must be modified to include 
those adverse components such as surface leakage cur- 
rents and space charge generated currents. Since these 
currents generally behave as majority carriers in the 
base region, they are consequently not collected and do 
not appear at the collector junction. These currents may 
be included in equations (10) and (11) as follows: 


avy /kT 


qv_/kT 
[e hae 
E ES 


-1)- alagle 1] 


qv /KTmj 


+2 Ina: le 1] (12) 


ESj 


+ZDI1 


qV,/kT 


qv ,./kT 
csle — 1]- atygle % 


1] 


aV./kTm; 


CS; le -1] 


If we now set Vo = 0 in equation (13) we find 


For V. 


qv,,/kT 


I [e -1] 


c ~~ %lgs 
> 100 mV, equation (14) reduces to 


qv,,/kT 
Ig = —a Ingle ] 
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AN-284 
MDTL INTEGRATED CIRCUIT SHIFT REGISTERS 


INTRODUCTION 


A shift register is a group of serially connected 
flip-flops which may be used for temporary storage of 
information and/or the transforming of serial informa- 
tion to parallel form. By the addition of a parallel input 
feature to the shift register it is possible to reverse this 
transformation as well as increasing the adaptability of 
the shift register tocertain logicoperations. Other fea- 
tures which may be desired include end-around-shift, 
complementation, and shift-right, shift-left capabilities. 
Examples of shift registers with each of these features 
as well asa generic shift register which incorporates all 
the above capabilities will be discussed. 


MDTL FLIP-FLOPS 


The MDTL family contains a wide selection of 
binary elements which enables the systems designer to 
select a device with the particular characteristics which 
meets the needs of the application. In the interest of 
simplicity, the MC945/MC845 flip flop with direct clear 
as well as direct set inputsavailableisused as the basic 
building block for the shift registers discussed. Appen- 
dix "A" lists the modifications necessary to construct 


the shift registers using other binary elements within the 
MDTL family. 


BASIC SHIFT REGISTERS 


A shift right register is illustrated in Figure 1. 
In operation, the data present at the serial input termi- 
nals (D, D) is shifted into the first flip flop at each nega- 
tive transition of the clock pulse. Concurrently, the data 
stored in the (n-1)th flip flop is shifted into the nth flip 
flop and replaced by the data contained in the (n-2)th flip 
flop. Information shifted into the flip flop may be read 
out in a parallel manner by sensing the states of all the 
flip flops or may be collected serially at the output of 
the nth flip flop. 


Some applications require retention of the stored 
data during serial readout. Shift registers with end- 
around-shift capabilities are frequently used for this 
purpose. The basic change necessary to provide this 
feature consists of connecting the output of the nth stage 
to the serial data inputs of the 1St stage. Provisions for 
data entry may take the form of a logic network which 
defeats the end-around-shift, thereby allowing serial 
data entry, or the use of. direct set and direct clear in- 





FIGURE 2— END-AROUND-SHIFT RIGHT REGISTER WITH SERIAL AND PARALLEL DATA INPUTS 


AN-284 (continued) 


puts to allow parallel data entry. An end-around- shift 
register with provisions for either serial or parallel 
entry is shown in Figure 2. 


Note that the parallel data inputs may be simpli- 
fied if incorporated in a shift-right register in an appli- 
cation where serial input is not required and it is known 
that at least "n'' negative transitions will occur prior to 
thearrival of a second paralleldata entry command. For 
such anapplication, the synchronous set input to the first 
flip flop may be permanently held at ground potential. 
This eliminates the necessity for the gating associated 
with the Cp terminals. 


The capability of shifting stored data either right 
or left is useful in some applications. Figure 3 illus- 
trates a shift register with this capability. Note that the 
control signals (R.and L) must be complementary to en- 
able the shift register to function correctly. An excep- 


SHIFT LEFT LO 
SHIFT RIGHT RO 


tion to this may be noted in applications involving sub- 
traction or multiplication where it may be desired to com- 
plement the information stored in the register. It can be 
seen that a negative transition of the clock pulse will 
toggle each flip flop if both R and Lare low. If the com- 
plementation feature is desired, it is necessary to oper- 
ate the flip flops in the J-K mode as shown (Q connected 
to Sp, Q connected to Cg). The second set of steering in- 
puts may be left open if only the shift-left, shift-right 
capabilities are to be used. 


It is sometimes desirable to incorporate the com- 
plementation feature in registers which do not require a 
bidirectional shift capability. Such a configuration is 
shown in Figure 4. The logic is such that a low level at 
the control point (I) inhibits the normal logic levelsat the 
inputs and results in toggling of each flip flop at a nega- 
tive transition of the clock pulse. 





FIGURE 4 — SHIFT RIGHT REGISTER WiTH COMPLEMENTATION FEATURE 


Vl 


AN-284 (continued) 


The generic shift register of Figure 5 incorporates 
all the features described previously ina single register. 
Figure 6 tabulates the logic levels required at each con- 
trol point toinsure that the register performs the desired 
function. 

It should be noted that the wired-collector gate 
configuration is used extensively in the generic shift re- 
gister to minimize both "can count" and logic delays 
through the gates. This precludes the use of the buffer 
element (MC932/MC832) for any of the gates shown (ex- 
ceptions are those controlling parallel data inputs, but 








c— 


COMMAND 


the characteristicsof the buffer are not required in these 
positions) as well as the gates providing the logic levels 
at the R and L control points. It may be advantageous to 
form the logic which controls the direction of shift in 
such a manner that points R and L may be held low si- 
multaneously. This eliminates the need for the two gates 
used to inhibit the logic levels at the inputs of the flip- 
flops and also allows the use of buffer elements to con- 
trol the Rand L points. Each flip-flop toggles on the 
negative transition of the clock if R and L are low, pro- 
vided that the parallel input control (P) is also low. 





L SHIFT DATA RIGHT "R" 








SHIFT DATA LEFT "L" 








END-AROUND-SHIFT RIGHT “ER” 








END-AROUND-SHIFT LEFT “Ey” 





INHIBIT AND COMPLEMENT "T' 





| PARALLEL DATA ENTRY "P" 








Serial input data 
Per MC945/MC845 specification 








EXPLANATION OF SYMBOLS 


Per MC945/MC845 specification 


Lo < Vin 


@ = Hi or Lo Level (Optional) 

Y = Register shifted on each negative clock 
transition 

Z = Register complemented on each nega- 
tive clock transition 








FIGURE 6 — GENERIC SHIFT REGISTER COMMANDS 
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TIMING CONSIDERATIONS 


With any shift register more complex than a basic 
shift-right with serial inputs, it is necessary to insure 
that the command instructions-have settled out prior to 
the ensuing clock pulse transition. As an example, con- 
sider that the generic shift register of Figure 5 is re- 
quired to shift right for a period of time corresponding 
to ''N'' clock pulsesand must shift left onall clock pulses 
following the Nth pulse. It is, therefore, mandatory that 
the information in the master of the flip flop be made to 
conform to a left-shift prior to the negative transition of 
the N+1 clock pulse. The direction of shift controls must, 
therefore, be complemented at least two gate delays 
prior to the negative transition of the N+1 clock pulse. 
(One of these gate delaysis due tointerstage gating while 
the second results from the cross-coupled gate configu- 
ration of the master flip-flop.) The complementation 
may safely occur up to 10 nanoseconds prior to the end 
of the Nth clock pulse. For operation at 8 MHz, the in- 
terval during which reversal of directional shift com- 
mands may be safely accomplished is 25 nanoseconds in 
duration. 


Timing considerations for the end-around-shift 


commands are identical. An additional gate delay is 
necessary for the inhibit command for obvious reasons. 
The parallel input data command should be returned to 
a low level at least 80 nanoseconds prior to the first 
clock pulse which is required to shift the register. The 
minimum time interval between a given clock pulse and 
the initiation of the parallel input commandis determined 
by the required read-out time which is dictated by sys- 
tems requirements 


CONCLUSIONS 


Shift registers with capabilities ranging from a 


_ basic shift-right configuration to a generic shift register 


incorporating parallel as well as serial inputs, shift- 
right, shift-left, end-around-shift, and complementation 
features have been discussed. The basic building block 
utilized was the MC945/MC845 flip-flop with both direct 
set and direct clear inputs available and it was assumed 
that operating frequency was such that the additional de- 
lay introduced by the necessary logic would not impair 
operation of the registers. Modifications necessary to 
permit the use of other flip-flops within the MDTL family 
and operating frequency limitations are discussed in the 
appendix. 


APPENDIX A— MODIFICATIONS NECESSARY TO PERMIT USE OF ANY MDTL FLIP-FLOP IN SHIFT REGISTERS 


INTRODUCTION 


Including package and temperature range options, 
a total of 32 types of flip-flops is offered in the MDTL 
family. Due to pin limitations, individual direct clear 
inputs are not always available which may complicate 
parallel data input provisions. In addition, the truth 
table of the MC950/MC850 binary element is such that 
extensive revision of the preceding configurations is 
necessary when this device is used, particularly if the 
complementation feature is desired. 


Some of the important characteristics of the MDTL 
flip-flops are tabulated in Figure A-1. More informa- 
tion on these devices may be obtained from AN-283 
"Using MDTL I/C Flip-Flops" and from current MDTL 
data brochures. 


MC931/MC831 FLIP-FLOPS 


This device differs from the MC945/MC845 type 
in that outputs are not buffered and the direct inputs (Sp 
and Cp) affect only the slave portion of the flip-flop. Due 
to the latter characteristic, direct inputs should be ap- 
plied to the MC931/MC831 only when the clock pulse is 
high. It should also be noted that the slave will switch 
to the state stored in the master portion when the clock 
returns to a zero level. In general, the MC945/MC845 
flip-flop is preferred when the application calls for the 
parallel input feature and either the Unibloc or the 
ceramic flat package is to be used. Since the MC931/ 
MC831 may be "cleared"’ by the simple expedient of for- 
cing the true output toa low state (observing the require - 
ment of a high level on the clock pulse) while no provi- 
sion for direct clearingof the MC945G/MC845G (TO-100 

























OUTPUT FLIP-FLOPS TYPICAL MAX. 
DEVICE TYPE PULL-UP PER PACKAGE | TOGGLE FREQ. (MHz) 
MC931G/MC831G 6 kQ None* 1 
MC945G/MC845G 6 kQ None 1 
MC948G/MC848G 2 kQ None 1 
MC950G/MC850G Active Yes 1 
MC931F /MC831F /MC831P 6 kQ Yes 1 
MC945F /MC845F /MC845P 6 kQ Yes 1 
MC948F /MC848F /MC848P 2 kQ Yes 1 
MC950F /MC850F /MC850P Active Yes 1 
MC952F /MC852F /MC852P 6 kQ Common** 2 
MC953F /MC853F /MC853P None 2 
MC955F /MC855F /MC855P Common** 2 
MC956F /MC856F /MC856P None 2 

































* Outputs are not buffered — direct clear is possible. 


** These types also have common clock input. 


FIGURE A-1 — MDTL FLIP-FLOP CHARACTERISTICS 
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package) isavailable, the choice between these flip-flops 
frequently becomes a matter of designer's preference. 
With the exception of parallel entry, the MC931/MC831 
device types may be used in the configurations shown in 
the main portion of this report with no modifications 
necessary. 


MC948/MC848 FLIP-FLOPS 


There is no difference in the truth table or opera- 
tion of the direct inputs between this device and the 
MC945/MC845 flip-flop. The shift registers described 
previously will operate with this type of flip-flop with no 
modifications, provided that Unibloc or ceramic flat pack- 
ages are used. 


FLIP-FLOPS IN TO-100 PACKAGES 


The direct clear input is not available with either 
the MC945/MC845 or the MC948/MC848 when these de- 
vices are housed in the ten-lead TO-100 package. This 
complicates the parallel input of data in situations where 
the flip-flops are not cleared through normal operation 
of the register. One means of circumventing this prob- 
lem is shown in Figure A-2. The method is quite similar 
to that used for complementation with the exception that 
a high level on the synchronous clear inputs is maintained 
and the gates controlling the direct set inputs are enabled. 
Since the synchronous inputs are overridden by the direct 
set, clocking the register results in all flip-flops attain- 
ing the states dictated by the parallel inputdata. Although 
the configuration appears relatively complex, the "can 
count" is only two inverters per stage greater than that 
normally required for parallel data input with flip-flops 
which have direct clear inputs available. 





DUAL J-K FLIP-FLOPS 

Monolithic dual J-K flip-flops have recently been 
introduced in the MDTL family. In general, the MC953/ 
MC853 and the MC956/MC856 device types should be 
used in shift register applications only if parallel entry 
of data is not required or if the application is such that 
the register is cleared during normal operation. These 
devices have separate clock inputs and no provision for 
direct clear while the MC952/MC852 and the MC955/ 
MC855 have a common clock input and a common direct 
clear. The latter feature is attractive for parallel entry 
while the common clock feature reduces the number of 
external connections necessary. 

Figure A-3 illustrates a method of entering data 
into the register in parallel form. A monostable multi- 
vibrator is utilized and a restriction is placed on the 
clock pulse which requires that no negative transition 
should occur during the parallel data entry interval. It 
is also necessary to insure that the parallel data com- 
mand pulse hasa width of at least 200 nanoseconds. Note 
that the modification results in a savings in "can-count"' 
for registers with greater than 4-bit capacity and does 
not require complementary data inputs. The method 
may, therefore, be preferred to that of Figure 2 in some 
applications which use the MC945/MC845 flip flops with 
direct clear inputs. 


MC950/MC850 FLIP-FLOP 


The truth table of this device differs significantly 
from those presented previously. Since no combination 
of fixed dc inputs causes the device to "toggle" oneach 
clock pulse, it is necessary to sense the level of the out- 
put of each flip-flop in order toachieve complementation. 
A method of using the MC950/MC850 in a shift right re- 
gister is shown in Figure A-4 and the logic necessary to 
implement the complementation feature is illustrated in 
Figure A-5. A generic shift register using the MC950/ 


FIGURE A-2 — SHIFT RIGHT REGISTER WITH PARALLEL DATA INPUT PROVISIONS 
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MINIMUM PULSE WIDTH OF 
PARALLEL INPUT COMMAND (P) 
1S 200 NANOSECONDS. 





FIGURE A-5 — SHIFT RIGHT REGISTER WITH COMPLEMENT CAPABILITIES USING MC950/MC850 FLIP-FLOPS 
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MC850 is shown in Figure A-6. The register responds 
to the commands tabulated in Figure 6 of the main por- 
tion of this report. Note that both direct set and direct 
clear inputs are available on the MC950/MC850 regard- 
less of package option, so provisions for parallel entry 
are easily implemented. 


MAXIMUM OPERATING FREQUENCY 


The maximum operating frequency of the basic 
shift register is determined by the capabilities of the 
flip-flops used and closely approximates the maximum 
toggle frequency of the flip-flops. An exception to this 
is sometimes noted when the MC950/MC850 is used. 
The clock drive mechanism frequently determines the 
maximum operating frequency for these devices due to 
the capacitance associated with the clock inputs. 


Provisions for other features which necessitate 
interstage gating tend to reduce the maximum operating 
frequency. It should be noted, however, that no more 
than one level of interstage gating is required for any of 
the registers previously described. The maximum op- 
erating frequency of any of these registers with minimum 
output loading and a 50% clock duty cycleis typically 75% 
of the maximum toggle frequency provided that direct 
coupled flip flops are used. Optimum results are ob- 
tained by reducing the clock duty cycle to 35% and mini- 


CLOCKO 


mizing capacitive loading of the outputs while increasing 
fan-out of all outputs. 

Due to the high speed capabilities of the MC950/ 
MC850, shift registers utilizing this component together 
with interstage gating exhibit a typical maximum opera- 
ting frequency of 20 MHz. In general, the register will 
still be limited by the clock drive mechanism even when 
interstage gating is used 


SUMMARY 


Parallel entry of data into registers which util- 
ize flip-flops with restrictions on direct inputs and the 
complementation feature when utilizing the MC950/MC850 
device require techniques which differ from those illus- 
trated in the main portion of this report. Modifications 
can be made toallow the use of any MDTL flip-flop in the 
implementation of the previously described shift regis- 
ter features. 


Examination of the more complex registers re- 
veals that the maximum operating frequency is reduced 
by 25 to 50% of the maximum toggle frequency of the flip 
flop depending upon the type of binary element used. 
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FIGURE A-6 — GENERIC MDTL SHIFT REGISTER USING MC950/MC850 FLIP-FLOPS 
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NOISE IMMUNITY WITH HIGH THRESHOLD LOGIC 


INTRODUCTION 


The following material discusses general noise con- 
siderations and compares the noise immunity of the new 
high threshold devices with standard saturated logic 
devices. Some basic illustrations are provided which 
indicate the flexibility of usage that may be achieved 
with the MHTL family. 


Typical characteristics of the MHTL family are: 


Single 15-volt power supply 

7.5V switching threshold 

6 volt signal line noise margins 

13 volt logic swing 

30 mW gate power dissipation 

85 ns gate propagation delay 

4 MHz flip-flop toggle frequency 

-30° to +75°C operating temperature range 


NOISE INJECTION 


Electrical noise has always been a source of trouble 
for electronic systems whether they are composed of 
discrete components or integrated circuits. Origination 
of electrical noise can be from many sources both 
external to the electronic system under consideration 
and self-induced noise by the circuitry itself. Examples 
of external sources would be switching of inductive 
circuits, rotating machinery, and various electronic 
control circuits as depicted in Figure 1. 


Internal noise may be caused by the switching of one 
circuit affecting the state of another circuit (Figure 2). 
The amount of noise induced into the passive circuit is 
a function of the voltage swing, current change, and the 
switching speed of the active circuit and the inductive 
and capacitive coupling between the two circuits. Coup- 
ling may also take place by the use of a common path 
for the active and passive devices suchasa power supply 
or ground lead. Noise from external sources is induced 
into the system under similar conditions. Generally, 
noise is a random combination of many sources and as 
such is extremely hard to analyze. The net result, how- 
ever, is that induced positive and negative spikes relative 
to the quiescent condition of a line may cause erroneous 
information to be absorbed into the system. This condi- 
tion must be avoided if proper operation isto be achieved 
by the unit. 


NOISE REDUCTION TECHNIQUES 


Several schemes have commonly been employed to 
reduce the effect of electrical noise on a system com- 
posed of integrated circuits. Physical shielding of the 
integrated circuits and its associated wiring prevents 
external electromagnetic radiation from inducing noise 


into the circuitry. Special buffering circuits may be 
employed between the electronic circuits and signal leads 
dependent on external sources. These signal leads in 
many cases require special routing considerations and 
special shielding. Extra filtering of the power supply 
leads may be required to reduce the noise introduced by 
this route. Internal noise generation may require special 
spacingand routing considerationsas well as maintaining 
short lead lengths. In some cases the power supply may 
need to be by-passed at several points on a board. 


The amount of additional components and equipment 
necessary to protect integrated circuits from electrical 
noise can increase to a point where it is economically 
desirable to seek other methods of operation to obtain 
the desired results. It would be advantageous to have an 
integrated circuit family with a high degree of inherent 
noise immunity for economical construction of an elec- 
tronic system. This will minimize the amountof special 
care needed for proper circuit operation in areas with a 
high electrical noise environment. 
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FIGURE1 - EXTERNAL NOISE GENERATOR 
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FIGURE 2 - INTERNAL NOISE GENERATOR 
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FIGURE 3 - GATE COMPARISONS 
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-30°C TO +75°C 


WORST CASE NOISE 
MARGINS 


OUTPUT VOLTAGE (VOLTS) 


FIGURE 4 - TYPICAL HIGH THRESHOLD TRANSFER CURVE 


A HIGH THRESHOLD LOGIC 


The most popular families of integrated circuits in 
use today exhibit a comparatively high speed of opera- 
tion and have typical threshold values between 0.7 and 
1.5 volts. A new type of logic family, High Threshold 
Logic (MHTL), has been developed that closely resembles 
the modified diode-transistor logic family (Figure 3). 
The basic differenceis that the high threshold logic uses 
a reverse biased base-emitter junction operating in the 
avalanche breakdown mode as a threshold element. As 
can be seen in the figure, the logical NAND function is 
provided by each gate. The inputs of the modified diode- 
transistor gate must exceed two forward base emitter 
drops or typically 1.5 volts before base current is ap- 
plied to the output inverting transistor providing the "0" 
state. In the high threshold device, however, the inputs 
must exceed the reverse biased base-emitter breakdown 
plus one forward Vpr drop or typically 7.5 volts before 
the output inverting transistor turns on. Since the other 
logic families exhibit a threshold level similar toorless 
than the modified diode-transistor device, a considerable 
increase in threshold level has been obtained with the new 
configuration. The higher threshold incorporated in the 








devices demands a higher power supply and a nominal 15 
voltsisused. The transfer curve for the basic gate oper- 
ating with a 15-volt supply is shown in Figure 4. It can 
be seen that for any input signal up to 6.5 volts, the out- 
put will remain in the high state or above 13.5 volts. A 
2-volt margin, from 6.5 volts to 8.5 volts, is used for 
the transition region and guards against variationsbetween 
manufacturing lots and temperature effects from -30°C 
to +75°C. At 8.5 volts on the input, the output is in the 
low state or less than 1.5 voltsand remains there forany 
further increase of the input voltage. This diagram in- 
dicates worst case noise margins of 5 volts in both the 
high and low states for a Vcc of 15 volts while typical 
values are about 6 volts. 


LOGIC FAMILY COMPARISONS 


BASIC OPERATING CHARACTERISTICS 


A comparison of basic operating characteristics for 
high threshold logic with the standard forms of logic is 
provided in the table shown in Figure5. The values given 
are typical for an ambient temperature of 25°C and 
indicate relative characteristics between the different 
families. One difference that should be noted is that the 
high threshold logic is slower than the other families. 
This characteristic aids in the rejection of noise and will 
be illustrated in following figures. 
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FIGURE 5 - BASIC OPERATING CHARACTERISTICS 


SIGNAL LINE NOISE IMMUNITY 


Measurements were made on the different logic 
families to determine the signal] line noise immunity not 
only from a voltage margin consideration, butalsofrom a 
pulse width and energy point of viewaswell. Figure 6~A 
illustrates a test set-up to measure immunity of the gate 
to noise on the signal lead. Positive going noise was 
injected on the signal lead for this set-up with the output 
of gate #1 in the low state. When sufficient noise was 
injected, the flip-flop driven by the second gate would 
begin to toggle indicating the effect of the injected noise. 
This type of test not only measures the power needed for 
disturbance, but also the pulse width of noise necessary 
to propagate through and cause faulty operation ofa driven 
device. A series of values of voltage level and injected 
current to cause disturbance were taken versus the pulse 
width at each corresponding point. Current readings were 
obtained as a voltage drop across the pulse generator 
resistor. The pulse generator offset voltage was adjusted 
to eliminate the effect of its quiescent condition on gate 
levels. Voltage threshold as a function of pulse width 
is plotted in Figure 6-B. The energy of each logic family 
is plotted in bar graph form at the knee of each respect- 
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ive curve in Figure 6-C. For narrower pulse widths, 
the energy necessary to cause a disturbance increases. 
The high energy value obtained for MHTL is a result of 
the high threshold voltage and low gate impedance in this 
state. 


Figure 7-A illustrates a similar test except that gate 
#1 is in the high state and negative going noise is injected 
on the signal lead. Similar results are shown in Figure 
7-B and C. 


GROUND LINE IMMUNITY 


Tests were made on the devices to provide information 
on the immunity to noise injected on the ground terminal. 
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SIGNAL LINE NOISE IMMUNITY 





The test configuration is shown inthe first part of Figure 
8. A plot of voltage threshold versus pulse width is given 
in Figure 8-B for the worst case condition found for the 
particular family dependent on the input state. The energy 
relationships are provided in Figure 8-C. 


POWER SUPPLY IMMUNITY 


A similar test was made for noise injected on the 
power supply lead. In this case, the flip-flop will only 
be affected by negative going noise and the results 
indicate worst case conditions for the particular family 
dependent on the state of the first gate. The test con- 
figuration and results are given in Figure 9. 
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The preceding tests were taken with a fanout of one on 
the first gate and a fanout of the flip-flop only on the 
second gate. This condition tends to be an advantage for 
the RTL family and the results are somewhat optimistic 
in this case. 


These comparisons indicate that the high threshold 
logic has an appreciable inherent advantage over the 
standard families of integrated circuits. In addition, the 
higher threshold level present in these devices providesa 
considerable margin that may be used in conjunction with 
simplified buffering networks to filter out excessive noise 
spikes under very extreme conditions. 
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USAGE 


The preceding discussion has generally referred to 
the basic high threshold gate circuit. Additional com- 
ponents are available, however, which exhibit the same 
noise immunity characteristics obtained by reverse 
biased base-emitter breakdown action. The availability 
of other units such as line drivers, J-K flip-flops, R-S 
flip-flops, and monostables will allow the designer to 
construct a complete logic system with a high degree of 
noise immunity throughout. 
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Situations arise where it would be advantageous to 
work into a system that operates at a higher speed than 
is obtainable by the high threshold devices. Translation 
between high threshold logic and standard logic families 
can be accomplished to allow the usage of high threshold 
devices as peripheral circuitry to a higher speed logic 
system. Thus, the high threshold devices may be oper- 
ated in the noise environments and translation may take 
place into the lower threshold and higher speed system 
at the appropriate locations as indicated in Figure 10. 


The higher supply voltage used in this logic family 
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provides for the convenient interfacing with many discrete 
components. For example (Figure 11), the input may be 
controlled by a photo transistor so that illumination will 
cause the gate output to be high and darkness will provide 
a low output state. The output of the gate might feed into 
a logic system such that after a specific count would 
operate a relay. If a line driver unit were used as the 
output element, a 35mA, 15-volt relay could be employed. 
Other components such as lamps, SCRs, or transistors 
may also be driven directly at the output. As can be 
seen, the uses of the high threshold devices are many 
and varied. 
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FIGURE 10 - OPERATING AS PERIPHERAL COMPONENTS 
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FIGURE 11 - OPERATING WITH DISCRETE COMPONENTS 


SUMMARY 


The new high threshold logic provides an integrated 
circuit logic family with a greater inherent immunity 
to electrical noise than is available with standard logic 
families. This logic family is ideal for situations where 
a large degree of electrical noise exists and where it is 
desirable to minimize the additional precautions neces- 
sary to reduce the effects of electrical noise. Input and 
output compatibility of the units with discrete components 
opens the door for a wide range of device employment. 
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SINGLE POWER SUPPLY OPERATION 
OF I/C OPERATIONAL AMPLIFIERS 


INTRODUCTION 


The operational amplifier is gaining wide recog- 
nition as a versatile, predictable and economical system 
building block. It is beingused in the more common con- 
figurations such as scaling, summing, phase shifting, 
etc. , as well as in special design configurations such as 
modulators, demodulators, and multiplexers. 


The I/C operational amplifier is generally de- 
signed tooperate from symmetrical positive and negative 
power supply voltages with a resultant frequency response 
extending down to dc. In some system applications, the 
circuit designer requires many of the desirable ac char- 
acteristics of the operational amplifier, but doesnot have 
both positive and negative power supplies available nor 
require the dc response capability. 


This application note describes a technique that 
can be used with the Motorola family of operational am- 
plifiers to permit operation from a single power supply 
with a minimum of design compromise. General con- 
siderations as well as those falling specifically under ac 
and de considerations are discussed to permit maximum 
design versatility with a minimum of design problems. 


It should be noted that the information discussed 
in this application note applies not only to the MC1530, 
MC1531, MC1533, and MC1709 series of operational am- 
plifiers, but also to the MC1430, MC1431, MC1433, and 
MC1709C restricted temperature range devices of the 
series, 


GENERAL CONSIDERATIONS 


The same maximum device ratings that are pub- 
lished on the data sheet are applicable to the operational 
amplifiers when operating from a single polarity power 
supply and musi be observed for normal operation. 


Power supply decoupling capacitors are promi- 
nent on all of the configurations to be discussed. The 
importance of the decoupling capacitors, whether with 
Single supply operation or dual supply operation, cannot 
be overemphasized. These operational amplifiers are 
high gain, high frequency devices and stray signals 
coupled back through the power supply can create in- 
stability problems. The decoupling capacitors should 
be placed physically as close as possible to the device 
to minimize the effects of the inductance of the power 
supply leads. 


Finally, the circuit interconnections should be 
laid out such that the lead lengths to the summing point 
are short to minimize pickup and such that ground loops 
are avoided. 


DC CONSIDERATIONS 


There are three basic techniques readily appar- 
ent for setting up single polarity power supply operation 
of the I/C operational amplifiers: 


1. Separate power supplies. 

2. Split zeners from a Single supply voltage. 

3. Divider networks from a single supply volt- 
age. 


The split zener method was chosen from these to 
be most representative of what designers would employ 
and will be used in the illustrations. 


Other techniques and modifications will be also 
apparent to many designers and will no doubt be useful 
if the basic rules outlined below are followed. 


The first area of concern in setting up for Single 
supply operation is to maintain the dc voltage levels be- 
tween particular circuit nodes. The Motorola MC1530/ 
1531 operational amplifier has three reference levels 
which, when operating from dual supplies, are +V, 
ground, and -V (e.g. +6 V, 0, -6V). Thus for single 
supply operation these reference levels can be main- 
tained by using ++V, +V, and ground (e.g. +12 V, +6V, 
0), where ++V represents a voltage level a factor of two 
higher than +V. This isillustrated in Figure 1(d) where 
the MC1530/1531 is connected in the split zener biasing 
mode. Note how the appropriate device terminals are 
biased up to the proper levels. Pin 4, the negative ter- 
minal, is set at ground; pin 3, the ground terminal, is 
set at one-half the device zener supply voltage; pin 6, 
the positive terminal, is set at the total device zener 
supply voltage. In addition, the differential input ter- 
minals, pins 1 and 2, which are normally at ground po- 
tential in the dual supply mode, must also now be biased 
up to one-half the device zener supply voltage. 


With the input terminals of the device biased up 
to one-half the zener supply voltage, the output terminal, 
pin 5, also will be at one-half the zener voltage plus or 
minus an offset voltage error due to input offset voltage, 
input offset current, and impedance unbalance. Nor- 
mally, these error voltages are or can be maintained at 
low levels such that the resultant dynamic output range 
capability of the device is not degraded appreciably. 


To minimize offset errors due to unequal voltage 
drops caused by the input bias currents across unequal 
resistances, it is recommended that the magnitude of 
isolation offset resistance Rq be equal to the parallel 
combination of Rg and R3. 1 


‘As with any operational amplifier, the deviation 
between the absolute zener levels will also contribute to 
an error in the output voltage level. However, due to 
the excellent matching characteristics of monolithic de- 
vice parameters, this error is in the range of 50-100 LV 
per volt deviation of zener level and will generally be 
inconsequential when compared to the offset errors dis- 
cussed above even when using higher closed loop gains, 


Figures 2 and 3 illustrate the split zener biasing 
mode as applicable to the MC1533 and MC1709. Note 
that due to the absence of a ground reference terminal 
in the normal mode of operation, only the input device 
terminals are set at one-half the zener supply voltage. 
Otherwise, the dc biasing scheme is identical to that for 
the MC1530/1531. 


In this discussion a positive power supply wasas- 
sumed. There is no reason why a negative power supply 
could not be employed as long as the maximum ratings 
and node voltage levels of the devices are maintained. 
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MC1530 (STANDARD INPUT) SCHEMATIC DIAGRAM 
(a) 
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EQUIVALENT CIRCUIT BOTH TYPES SINGLE POWER SUPPLY OPERATION 
(c) (d) 
FIGURE 1 — SINGLE POWER SUPPLY OPERATION OF MC1530 AND MC1531 
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MC1533 CIRCUIT SCHEMATIC DIAGRAM 
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EQUIVALENT CIRCUIT SINGLE POWER SUPPLY OPERATION 
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FIGURE 2 — SINGLE POWER SUPPLY OPERATION OF MC1533 
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O 
INVERTING 
INPUT 


EQUIVALENT CIRCUIT 


(b) 


AC CONSIDERATIONS 


From anac standpoint with only a few exceptions, 
the basic circuit functions identically to that of one using 
dual power supplies. The normal frequency compensa- 
tion techniques required for stability of each device2, 3 
still hold; the closed loop gain of these test vehicles is 

R 
still the ratio of aes 


“4 


Since the summing point (input base) and output 
of the device are at one-half the zener supply voltage 
rather than ground, capacitors C4 and Co must be used 
for coupling signals to the inputand from the output. The 
size of these capacitors will then determine the lower 
frequency response of the device. 


It should be noted here, that with the split zener 
approach, decoupling capacitors, C3 and C4, caninsome 
instances be much larger than when operating directly 
from anexternal power supply due to the relative differ- 
ence between the zener and power supply impedance 
levels. 


The magnitude of isolation resistance Rg should 
be chosen such that the input terminal, summing point, 
can be biased without seriously degrading the equivalent 
input impedance of the device due to the shunting effect 
of this resistance. If thedegradation becomes excessive, 
serious closed loop gain errors can occur. Conversely, 
excessive resistance magnitudes can lower the open loop 
gain capability of theamplifier. Resistancesin theorder 
of 50-100 k should not be considered excessive. 





OUTPUT 
LAG 


SINGLE POWER SUPPLY OPERATION 
(c) 


FIGURE 3 — SINGLE POWER SUPPLY OPERATION OF MC1709 


Offset resistance Rq is chosen to minimize off- 
set error due toimpedance unbalance as discussed under 
dc considerations and may or may not be used as dictated 
by impedance levels and output dynamic range considera- 
tions. 


CONCLUSIONS 


A method has beenillustrated to permit operating 
the Motorola line of I/C operational amplifiers from a 
single supply by using a split zener biasing mode. 


This technique when properly applied permits ac 
operation of the operational amplifier with little or no 
compromise of device characteristics. Although only 
the inverting mode of operation was illustrated in the 
examples, non-inverting modes, ac summing, etc. , may 
also be used with the devices by observing the general 
considerations outlined. 
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A WIDE BAND MONOLITHIC VIDEO AMPLIFIER 


INTRODUCTION 


The Motorola MC1552G and MC1553G series of video 
amplifiers are silicon passivated monolithic integrated 
circuits designed for wide bandsystem applications. The 
device characteristics should be effective in the design 
of wide band communications systems where low inter- 
modulation and harmonic distortions are required and in 
radar or PCM pulse applications where gain stability and 
fast rise times are of concern. 


Wide bandwidth, low distortion, gain predictability, 
and stability are enhanced in bothdevices by use of nega- 
tive feedback. A temperature compensated dc feedback 
network is alsoemployed tostabilize quiescent operating 
points for maximum dynamic range capability over the 
military temperature range of -55°C to +125°C. 


GENERAL DESCRIPTION 


The MC1552G and MC1553G video amplifier configu- 
rations are similar as shown in the schematic diagrams 
of Figures 1 and 2. The maindifference between devices 
is the magnitude of the feedback and emitter resistances 
used to set up the voltage gain levels. Both devices are 
designed for single-ended input and single-ended output 
operation from one power supply. 


Eachdevice employs a three-stage direct coupled com- 
mon emitter cascade (Q, Qo, Q3) with series -series 
negative feedbackfrom thethird stage emitter to the first 
stage emitter. “This particular multiple stage feedback 
configuration supplies a solution to the problem of gain 
control and gain stability in the units. The variation of 
active and passive device parameters with material prop- 
erties, process controls, temperature, etc., in inte- 
grated circuits normally prohibits gain predictability and 
stability. The proximity of the elements on a monolithic 
chip contributes to a commonality of characteristics in 
the form of matching of active element characteristics, 
low tolerance resistance ratios, and similar temperature 
characteristics. All ultimately contribute to controlled 
operation of the video amplifiers. In this particular area 
the multiple stage series-series feedback configuration 
delegates dependence of closed loop voltage gain upon the 
magnitude of resistance ratios (Appendix A), which are 
controllable within a few percent and track within a few 
percent over a temperature range, and thus supplies a 
predictable and stable gain. 


The negative feedback also extends the effective band- 
width of the devices by trading gain for bandwidth. A 
more constant gain-bandwidth product can usually be ob- 
tained withthe multiple stage feedback used in the MC15- 
52G and MC1553G than with feedback in single amplifier 
stages connected in cascade. 


Anemitter follower Q4 is used at the output ofthe basic 
feedback triple to provide low output impedance to enhance 
output efficiency and to minimize bandwidth degradation 
due to capacitive loading. Aseparate shunt-shunt de feed- 
back loop, which is normally decoupled with respect to 
ac signals, consisting of emitter follower resistor R9, 
and shunt feedback resistor R7 extends from the input to 
the output of the devices to set the quiescent output volt- 
age. Current extracted from this loop by current source 
Q5 provides close temperature compensation of the qui- 
escent point (450mV). 





FIGURE 2 — MC1553 (HIGH GAIN) SCHEMATIC DIAGRAM 
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The diode bleeder network consisting of Dy -Ri9-Do 
determines the magnitude of sink current flowing in cur- 
rent sources Q5 and Q6. As implied above and discussed 
in other publications, 3when the diode D2 and transistors 
Q5 and Q6 are in close proximity on the monolithic chip, 
the diode V-I relationship will be essentially identical to 
that of the base-emitter diode of Q5 and Q6. Therefore, 
when a finite dc current is driven through diode D2, an 
identical dc emitter current flows throughthe transistors 
thereby establishing bias conditions. 


The output quiescent level of the devices is maintained 
at one-half the operating supply voltage. Current source 
Q6 is usedto establish symmetrical positive and negative 
load current excursions regardless of emitter resistance 
magnitude, power supply voltage, or ambient tempera- 
ture. 





FIGURE 3 — TEST CIRCUIT FOR MC1552G/1553G VIDEO AMPLIFIERS 


CHARACTERISTICS 


Figure 3 isthe test circuit used to determine the char- 
acteristics of the video amplifiers. There are several 


Horizontal scale = 5 ns/cm 


(a) 


(b) 





(c) 





(a) Input pulse 
(b) Output pulse with inadequate bypass capacitor 
(c) Output pulse with adequate bypass capacitor 


FIGURE 4 — EFFECT OF POWER SUPPLY BYPASS CAPACITOR ON 
AMPLIFIER OPERATION 
considerations that should be followed when operating the 
MC1552G and MC1553G video amplifiers to assure reli- 
able operation and correlation of device characteristics. 


1, A high frequency capacitor should be used to bypass 
the power supply (Figure 3). This capacitor should be 
as close to thedevice as possible to minimize the ef- 
fects of power supply lead inductance. Figure 4 illus- 
trates pulse degradation that can occur with inade- 
quate power supply decoupling. In this particular 
example, instability was encountered. 


TABLE | — VOLTAGE GAIN LEVELS OBTAINABLE WITH MC1552G/MC1553G VIDEO AMPLIFIERS 





Voltage Gain 
Volts/Volt 


Device 





Figure 7 


400 to 3000 


ee ie eS Ey rt ee 
MCiiees 50 to 3000 Connect external resistance from Pin 4 to gnd 


ait 2 


Connect external resistance from Pin 3 to gnd 
Output @ Pin 7 






Figure 7 
MC1553G 
61 to 480 










Non-inverting 1000 


Voltage gain = 6,25 x RR 


Non-inverting 
Output @ Pin 4 
Non-inverting 
Output @ Pin 3 
Connect Pin 3 to Pin 4 
Output @ Pin 7 


Non-inverting 
Connect Pin 3 to Pin 4 
Output @ Pin 3/4 






Non-inverting 
Connect external resistance from Pin 3 to gnd 
Output @ Pin 4 


Non-inverting 
Connect external resistance from Pin 3 to gnd 
Output @ Pin 3 
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2. Terminal 6 of the device should be grounded as close 
to the can as possible to minimize overshoot in pulse 
applications. 

3. If large input and output coupling capacitors are used , 
it may be necessary to place a shield between them 
to avoid input-output coupling. 

4. The shunt feedback decoupling capacitor on terminal 
5 is requiredto preserve the input impedance and the 
resultant gain when driving from higher source imped- 
ance levels. 


VOLTAGE GAIN 


The MC1552G and MC1553G video amplifiers present 
numerous voltage gain options that may be used to estab- 
lish a broad range of gain levels. In order to review the 
gain options adequately with a minimum of confusion, the 
available options of eachdevice willbe discussed individ- 
ually. The voltage gain options and conditions are cata- 
loguedin Table I for reference. The appropriate voltage 
gain equations are also derived inthe Appendices and may 
be used to verify and determine gain levels. 


MC1552G GAIN OPTIONS 


As outlined in Table I, when connected in the test con- 
figuration of Figure 3 without any modifications, the MC- 
1552G video amplifier has a voltage gain of 50 volts/volt. 
Grounding pin 3 of the device introduces a resistor in 
shunt with the existing first stage emitter resistor and 
increases this gain by a factor of two to the 100 V/V le- 
vel. These are fixed gain options. 


The gain can be adjusted over a much wider dynamic 
range and insmaller increments by inserting an external 
resistance from pin 4 of the device to ground in the con- 
figuration of Figure 3. This simply places adiscrete re- 
sistance in shunt with the emitter resistance. As shown 
in Table I and indicated in Figure 5, curve A, the gain 
can be adjusted continuously from 50 V/V to 600 V/V. 


The MC1552G can alsobe used as a non-inverting am- 
plifier with a wide range of voltage gains. In this mode 
of operation, shown in Figure 6, the input signal is in- 
serted through an externalseries resistor into the emit- 
ter of the input transistor. The normal input terminal, 
pin 1, is connected to ac ground. With this technique the 
amplifier gain can be adjusted over a range of less than 
unity to 600 V/V as shown in Table I and indicated in 
Figure 5, curve B. In this configuration, the gain is a 
linear function of the external series resistance. (See 
Appendix C) 


MC1553 GAIN OPTIONS 


The MC 1553G video amplifier also exhibits great ver- 
satility with respect to available gain levels, but in a 
slightly different manner. 


Figure 7 shows the MC1553G connected much in the 
same manner as thetest circuit of Figure 3. The excep- 
tion is that, in Figure 7, two additional output signal ter- 
minals, Vy and Vg, are provided. Inspection of Figure 
2, the schematic diagram of the device, shows that these 
extra output terminals are available and each is capable 
of supplying graded gain levels for a given device gain. 
As listed in Table I, the signal gain from input pin 1 to 
output pin 7 is normally 400 V/V;61 V/V and non-inverted 
at output pin 4; 29 V/V, andnon-inverted at output pin 3. 
(See Appendix A) Connecting pins 3 and 4 together short 
out a portion of the feedback resistance and reduce the 
gain at output pin 7 by a factor of 2 to 200 V/V; the gain 
at pins 3 and 4 remainsat the 29 V/V level non-inverted. 


The voltage gain of this video amplifier can also be ad- 
justed over a wider dynamic range and in smaller incre- 
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VOLTAGE GAIN — V/V 
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FIGURE 5 — MC1552G VOLTAGE GAIN ADJUSTMENT WITH EXTERNAL 
RESISTANCE 





FIGURE 6 — MC1552G CONNECTED IN NON-INVERTING MODE 





FIGURE 7 — MC1553G CONFIGURATION WITH MULTIPLE OUTPUT 
CAPABILITY 
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ments by use of external resistance (Appendix B). As 
indicated in Table I and shown in Figure 8, insertion of 
an external resistance from pin 3 to ground permits a 
significant gain adjustment range at two of the three out- 
putterminals by introducing a voltage divider in the feed- 
back network. 


Insertion of external resistances will, in some instan- 
ces, permit a higher gain error and gain variation with 
temperature because of the tolerances and differences in 
temperature coefficients between the internal and external 
resistances. 


HIGH FREQUENCY RESPONSE 


The low output impedance of the video amplifiers pro- 
hibits load capacity from seriously degrading the high 
frequency performance. The high input impedance of the 
conventional configuration (Figure 3) will begin to re- 
strict the bandwidths due to input capacity when the de- 
vices are drivenfrom highimpedance sources. This will 
generally not occur until the source impedance exceeds 
several hundred ohms. Negative feedback is used to 
extend the effective bandwidth of the devices by trading 
gain for bandwidth. Therefore, as illustrated for the two 
examples of Figure 9, the video amplifier bandwidth will 
be modified as the gain of the device is adjusted for the 
conventional configurations. 


Inthe non-inventory configuration of Figure 6 the band- 
width degradation with gain is not nearly as severe as 
with the conventional configurations until the higher gain 
levels are reached. Figure 10 shows the pulse response 
of the MC1552G connected in the non-inverting mode at 
gain levels of 1.2, and 52. Note that the bandwidth de- 
gradation is minor. Examination of the circuit shows 
that, in the gain ranges of concern in the non-inverting 
mode, the amplifier feedback loop is not significantly 
disturbed and thus the bandwidth is preserved. 


In Figure 11the effect of load capacity on the responses 
at the output terminals of the MC1553G is illustrated. As 
shown, any variations in frequency response encountered 
was in a manner to enhance high frequency operation. 


LOW FREQUENCY RESPONSE 


The low frequency response of the MC1552G and MC- 
1553G video amplifiers is dependent upon the magnitudes 
of the input-output coupling capacitors and the decoupling 
capacitor used with the de shunt feedback loop. 


H = 5ns/cm 





(a) Input pulse 
(b) Output waveform 
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FIGURE 8 — MC1553G VOLTAGE GAIN ADJUSTMENT WITH EXTERNAL 
RESISTANCE 
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FIGURE 10 — PULSE RESPONSE OF MC1552G IN NON-INVERTING MODE 
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The response curves of Figure 12 inconjunction withthe 69 


three typical device configurations illustrated in Tables 
II, If, and IV permit rapid determination of the coupling 
and decoupling capacitor magnitudes for the necessary 
low frequency response. To obtain a given low frequency 
response, simply select the curve number in Figure 12 
that corresponds to the response and gain desired. The 
table associated with the particular circuit configuration 
chosen in Tables II, HI, or IV is then scanned for the ap- 
propriate capacitor magnitudes. 


AIN (dB) 


40 


Example: Assume that a fixed gain of 100 and a 
low frequency response of 1 KHz isdesired withthe con- 
figuration illustrated in Table II (Figure 3). In Figure 
12 this would be curve 2C. Table I indicates that a0. 01pF 
coupling capacitor and an 8yF feedback decoupling capac- 
itor are required. To obtain the voltage gain of 100, the 
terminal 3 of the MC1552G can be grounded as indicated 


\ 
A/a 
[Hed ALTE LILIN 
in Table I. 


If the gain is established by use of external resistances, 20 i (Hil A HN 


as per Figure 5 or 8, the curves of Figure 12 areno long- 10 10k 100k 1M 10M 100M 
er valid. Instead, the equations listed in Table V for the 

various configurations should be used to determine the ca- f, FREQUENCY (Hz) 

pacitor values for the lower cutoff frequency, fo. In Table FIGURE 12 — LOW FREQUENCY RESPONSE CURVES 

V capacitor Cg is the series input coupling capacitor for 
the MC 1552G non-inverting mode. 
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TABLE Il — CAPACITOR VALUES FOR CAPACITIVE 
COUPLED INPUT (Rs < 5 Kx) 


CURVE NO. C, (uF) Cy (uF) 
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TABLE !1! — CAPACITOR VALUES FOR CAPACITIVE 
COUPLED INPUT (R; < 500 1) 


CURVE NO. Cc, (pF) 
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TABLE IV — CAPACITOR VALUES FOR TRANSFORMER 
COUPLED INPUT 
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TABLE V — CAPACITOR VALUES FOR AMPLIFIERS USING EXTERNAL 
GAIN ADJUST RESISTORS 


Configuration 
ee gets) Pe 
Table II ) 
Capacitive Coupled Input ae ac (7 (= 
(Rs< 5K) 2nf (lL. 7x 10° ) 


Table III 
Capacitive Coupled Input 
(Rs < 500) 


























Table IV 
Transformer Coupled Input 







Figure 6 
Capacitive Coupled Input 
Non-inverting 


Cc. = Series coupling capacitor, non-inverting mode. 
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PERFORMANCE WITH POWER SUPPLY VARIATIONS 


In the design of some systems it is sometimes advan- 
tageous to operate the videoamplifiers from a supply volt- 
age other than the 6 volt supply used to characterize the 
devices. This is permissable as long as the maximum 
device ratings are not exceeded or levels reduced so as 
to render the device inoperable. Figures 13, 14, and 15 


illustrate typical variations of conventional configuration 


device parameters as the supply voltage is modified. Fig- 
ure 13 depicts the typical device current drain at the var- 
ious usable supply voltage levels. The peak to peak output 
voltage swing capability of the devices with various loads 
is shown in Figure 14. Figure 15 shows the dependence 
of pulse rise time (bandwidth) upon supply voltage. 


APPLICATIONS 


The MC1552G and MC1553G video amplifiers can be 
used in a wide variety of design applications. Any solid 
state system that requires wide bandwidth, gain predict- 
ability and stability will find these versatile amplifiers 
capable of meeting design requirements. 


In addition to the conventional linear operating modes 
(i.e. , pulse amplifiers, wide band, etc. )the video ampli- 
fiers can also be used in many alternate configurations, 
both linear and non-linear. Actually the number of ap- 
plications is limited only by the ingenuity of the circuit 
designer. As long as the maximum ratings of the devices 
are observed in all applications and reasonable de oper- 
ating levels maintained in the linear operating modes, 
full versatility of the devices can be realized. 


PULSE AMPLIFIER 


One of the prime design functions of the MC1552G and 
MC1553G devices is the processing of complex video 
pulses or pulse trains. The capability of the MC1552 
device when connected in the mode of Figure 3 was illus- 
trated in Figure 4 for a high speed pulse. 


When connected in the non-inverting configuration of 
Figure 6, the MC 1552G still maintains its high frequency 
capability as was shown in the output waveshapes of Fig- 
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FIGURE 15 — DEVICE RISE TIME AS A FUNCTION OF POWER SUPPLY 
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FIGURE 13 — VIDEO AMPLIFIER CURRENT DRAIN VS POWER SUPPLY 
VOLTAGE 
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FIGURE 14 — TYPICAL PEAK TO PEAK OUTPUT SWING AS A FUNCTION 
OF POWER SUPPLY VOLTAGE AND LOAD RESISTANCE 
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In either mode of operation, the considerations out- 
lined for operating the devices shouldbe observed to as- 
sure reliable operation. 


SUMMING/SCALING AMPLIFIER 


Figure 16 illustrates the MC 1552G video amplifier con- 
nected as a summing/scaling amplifier.. In this non- 
inverting configurationthe summation of input signal cur- 
rents is accomplished at the summing point, pin 4, through 
the input resistors. Scale factor considerations are ac- 
complished by adjustment of the design values of the input 
summing resistors. 


The voltage gain associated with each input signal is 
discussed in Appendix C. Using the resistor values indi- 
cated in Figure 16 to establish the scale factor levels, 
the input signals of Figure 17a were injected into the am- 
plifier. The composite summed/scale output wave shape 
is shown in Figure 17b. 


OSCILLATOR 


The wide bandwidth and output swing capability of the 
video amplifiers makes them suitable for high frequency 
master clocks or local oscillators in many system de- 
signs. One possible configuration is shown in Figure 18. 
In this instance positive feedback is injected through the 
1 MHz series mode crystal to input pins 1. The bias de- 
coupling capacitor normally on pin 5 shouldbe omitted in 
this oscillator design to insure that the crystal operates 
into a relatively low impedance. The output of the oscil- 
lator istaken from pin 7 which is buffered from the oscil- 
lator circuit proper by a stage of gainand an emitter fol- 
lower. As shown in Figure 18a, no provisions were made 
in the design to control the loop gain or the amplitude of 
oscillation in order to reduce harmonic content. Instead, 
a "brute-force" 1 filter was inserted atthe output (pin 7) 
to extract the fundamental frequency. Figure 18b shows 
the resultant output waveform. 


For more sophisticated designs or for higher frequen- 
cies, a tuned feedback network can be used in conjunction 
with the crystal to provide the necessary phase shift ad- 
justment and féedback control to insure oscillation and 
reduce harmonic content. If desired, AGC networks can 
also be included. 


(a) Oscillator configuration 





INPUT A 10 pF 
750 mV p-p 

100 kHz 

INPUT B 10 pF 


100 mV p-po——} 


1 MHz 





FIGURE 16 — MC1552G CONNECTED IN SUMMING/SCALING AMPLIFIER 
PERFORMANCE 





(a) Input signal waveforms 
(b) Composite output signal waveform 


FIGURE 17 — SUMMING/SCALING AMPLIFIER WAVEFORMS 


(b) Output waveform 


FIGURE 18 — MC1553G CONNECTED AS OSCILLATOR 
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FIGURE 19 — RESPONSE OF MC1552G WITH TRANSFORMER 
COUPLED INPUT 
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FIGURE 20 — MC1552G GAIN CONTROL WITH EXTERNAL DIODE 


TUNED AMPLIFIER 


The gainand frequency capabilities of the MC1552G and 
MC1553G video amplifiers makes them logical choices 
for tuned amplifier applications. The high input imped- 
ance associated with the devices can accomodate narrow 
bandwidth requirements in a tuned configuration. 


Figure 19 illustrates how the MC1552G video amplifier 
can be used witha single tuned transformer coupled input. 
Two responses are presented. The first uses the input 
impedance of the video amplifier as the transformer sec- 
ondary termination, and the second uses a 1K damping 
resistor on the secondary. Insertion of the damping re- 
sistance broadens the response at the expense of gain but 
atthe same time reduces loading variations on the source 


which can become substantial with this particular type of 
tuning. 


The overall amplifier gains are substantial because of 
the transformer characteristics and can be calculated 
from the gain equation derived for this type of coupling 
in Appendix D. Examination of the equations will also 
indicate that maximum gain does not occur when the sec- 
ondary is tuned to the center frequency. This is simply 
because of the primary inductance and reflected induct- 
ance or capacitance of the secondary as indicated. 


AGC 


In many amplifier applications it is necessary to in- 
clude AGC capabilities to accommodate signal levels with 
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FIGURE 21 — MC1553 GAIN CONTROL WITH EXTERNAL DIODE 
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FIGURE 22 — VIDEO AMPLIFIER GAIN CONTROL WITH EXTERNAL DIODE 





FIGURE 23 — SIMPLIFIED VIDEO AMPLIFIER AC EQUIVALENT CIRCUIT 


AN-404 (continued) 


wide dynamic ranges. As discussed previously, the gains 
of theMC1552G andMC1553G video amplifiers can be ad- 
justed with external resistances. A logical design point 
for AGC considerations would be the replacement of the 
external resistances with variable resistances or simply 
diodes. 


In Figures 20 and 21 the external resistances were re- 
placed with 1N914 diodes and the gain of the amplifiers 
measured as a function of diode control (AGC) current. 
As illustrated, a wide range of gain control is obtained. 
The 1N914 diodes were chosen solely for convenience in 
this instance and can be replaced by any other suitable 
diode on the market. 


This type of AGC control does have the limitations that 
the lowest level of gain that can be obtained isthe normal 
unmodified gain of the amplifier. For lower gain level 
control an alternate design approach is necessary. Fig- 
ure 22 illustrates a configuration that can be used with 
thevideo amplifiers to obtain AGC at reduced gain levels, 
In this configuration the diode is used simply as a vari- 
able impedance in a voltage divider network. 


APPENDIX A — VIDEO AMPLIFIER VOLTAGE GAIN 


When the schematic diagrams of Figures 1 and 2 are 
examined from an ac point of view, without the bias cir- 
cuitry, the simplified representation shown in Figure 23 
evolves. This simplified ac circuit is adequate to deter- 
mine the voltage gain between the input, pin 1, and any of 
the designated output terminals, (In the MC1552G video 
amplifier, nodes A and B are not available and feedback 
resistors Rey and Reo are a single resistor. ) 


VOLTAGE GAIN FROM INPUT TO NODE A 


From Figure 23 the following nodal equations can be 
written to determine the voltage gain from the input of 
the video amplifier to node A, 


=V ee et = V i. R. (1) 
Vi=%2 Raita tRe| 2 os Aad 
v,= e,(-Ky) (2) 
e, = (e, -¢) (-K,) (3) 
R 
where K, =k 
el 
Vo = le €) (K, K,) (4) 
R 
el 
e=V, |s—S (5) 
2 ls + Ry + ral 


Substituting equation (5) into (4) 


R 
el 
2 , Ray + Rey * Beg 2 1°2 


R_, (K. Ky) | 
el‘ 1 
Vv 1+ —_—_——_— =e K. (7) 
2 | Roi * Fey * Ree s 1°72 


es KK 


Vo = <cge alae = (8) 
) 


1 leas 
Roi + Rey * Bee 

Substituting equation (8) into (1) and 

simplifying 


Vv R.,+R 
°s e1 * “e1 * “to +R 
=— TK e 


1 
ss Oe 
If the forward voltage gain KjKo is large, as it nor- 


mally would be in a feedback amplifier, then equation (9) 
reduces to 





Vv R 
iy — (10) 
s el 


_ 


© 


Equation 10 illustrates how the voltage gain at node A 
is determined by the ratio of tworesistors. In integrated 
circuit fabrication resistance ratios can be controlled to 
much smaller tolerances (2-3%) than resistor magnitudes 
(15-20%) thus more predictable gains can be established 
by the former method. 


VOLTAGE GAIN FROM INPUT TO NODE B 


To determine the voltage gain to node B, the original 
nodal equations of node A, with two exceptions, may be 
used. The two exceptions are that equation (1) is no long- 
er required, and that: 


Vo -€ 
i, = >> (13) 
f Rey + Reo 
This family of equations again yields a complex gain 
equation which when the amplifier forward gain is as- 
sumed large reduces to 


V, R,, +R 
2.1408 (12) 
s el 


which is again determined by resistance ratios, 
VOLTAGE GAIN FROM INPUT TO NODE C 


To determine the voltage gain to node C, one equation 
must be added to those used for node B. 


&, = “logh, = “Bg tpg Re (13) 


With a large forward voltage gain the voltage gain from 
the input to node C can be written as 


Soe we aera ae a4) 
s 9 e 





In equation (14) the concept of resistance ratios is still 
maintained, In addition, note that the gain is now inverted 
due to the inversion of the final gain stage. 
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APPENDIX B — MC1553G VOLTAGE GAIN WITH 
EXTERNAL GAIN ADJUST RESISTOR. 


The voltage gain of the MC1533G video amplifier can 
beadjusted by the use of an external resistor connected 
between pin 3 and ground, (Figure 2). This resistor in 
effect introduces a voltage divider in the feedback loop 
which by reducing the feedback factor increases the gain. 


Figure 24 is the simplified AC circuit of the video am- 
plifier with the external resistor Rgg inserted. From 
this model the voltage gain to any of the output nodes can 
be determined. 





FIGURE 24 — SIMPLIFIED VIDEO AMPLIFIER CIRCUIT WITH EXTERNAL 
GAIN ADJUST RESISTOR 


VOLTAGE GAIN FROM INPUT TO NODE A 


Examination of Figure 24 indicates that nodal equations 
(1) through (6) of Appendix A still are applicable. Addi- 
tional nodal equations required to account for the external 
resistor are 


€ = (igy + ip + i,) Re, = (8yi5 1 + i, - i,) Re, (15) 





i, = ma (16) 
f3 

peels ong 7) 

ft Rey x 


If again the forward gain is assumed large, the complex 
equation that evolves can be reduced to 


v Rey 


1 
e, 71 * Re, (18) 


which is identical to equation (10), the gain to node A 
without an external gain adjust resistor. Because the 
node in question is adjacent to the summing point, (first 
stage emitter), alteration of the feedback loop will not 
appreciably alter the resultant gain at the node. This 
point is illustrated in Figure 8, 


VOLTAGE GAIN FROM INPUT TO NODE B 


For this node the same nodal equations can be used as 
for node A and the solution oriented to solve for the gain 
at this point. With a large forward gain the simplified 
gain to node B can be written as: 


Rey Reo 


Vv R,, + + R 
2 fl Reo £3 
a ge ee EE 
e Re 

s 1 


(19) 


This equation can be verified by letting resistor Ry 
become infinite and comparing to equation (12). 


VOLTAGE GAIN FROM INPUT TO NODE C 


Extending the nodal equations for the gain at node B to 
include node C (equation 13) and assuming ahigh forward 
gain, the voltage gain to node C can be written as 





® R. 
—=-5—- 1+ (20) 
e, Re, 
Rat Re, + Rey (Rey + Rio) 
Rey + Ro + Re, + Reg 
Re, 


which. when Reg =~, is identical to equation (14). 





FIGURE 25 — SIMPLIFIED VIDEO AMPLIFIER CIRCUIT IN NON-INVERTING 
SUMMING AMPLIFIER MODE 


APPENDIX C — MC1552G NON-INVERTING SUMMING 
AMPLIFIER VOLTAGE GAIN 


From Figure 25 the following nodal equations can be 
written 


@y = ~hhg Ry = ~AgingR, (21) 
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FIGURE 26 — INPUT TRANSFORMER AC EQUIVALENT CIRCUIT 
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APPENDIX D — TUNED AMPLIFIER GAIN 


The input circuitry of Figure 19 at the frequencies of 
interest can be drawn as shown in Figure 26a. Resist- 
ances R, and R, are the primary and secondary ac re- 
sistanceS, Rg the source or terminating resistance, and 
R_ the amplifier input impedance. The exact expression 
for the voltage gain of the transformer is cumbersome 
because the secondary circuit is series - parallel as far 
as the secondary induced voltage is concerned. The par- 
allelcombination of Ro and L canbe replaced by a series 
combination of r and L as shown in Figure 26b if R is 
much greater than L (normally true except for very low 
Q circuits), 3 where 


iy 


r= 


Writing the primary and secondary loop equations 
(32) & (33) 


Combining these equations and solving for the output 
voltage ey yields (when high forward gains are assumed) 


e, = i, (R. + Ry + JwL,) - lo (JwM) (32) 
= 
0 = iy (JwM) - I (r+ Ry + JwLy + JwC) (33) 
The output voltage is 
at 
a iy (JwC) (34) 


Substituting equations (32) and (33) into equation (34) 
yields for the transfer functions. 


“0 
Ore! (35) 
e 
s 
M 
ee EE: ere ee 
1 2 
(Ry +R, +JoL,) |r+ Ry + JL, -=-)}+ (wM) 


From equation (36) it can be seen that maximum gain 
does not occur when the secondary is tunedto resonance. 
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A MONOLITHIC INTEGRATED 
FM STEREO DECODER SYSTEM 


Wilts 


INTRODUCTION 


The use of integrated circuits in high quality FM 
receivers is already a fact. As the trend continues to a more 
extensive use of these units, the development of an inte- 
grated circuit FM stereo decoder becomes most desirable. 

In practice, the integration of a discrete multiplex circuit 
cannot be restricted to the realization of the different 
stages involved in the stereo decoding action, but should 
consider the incorporation, in the same chip, of some of 
the auxiliary circuits so often used in FM stereo design. 
The number and type of these auxiliary circuits vary from 
one receiver to another. In some of them it reduces to a 
simple lamp indicator, in others it evolves into a more 
sophisticated approach where automatic, as well as manual 
selection for the muting and the stereo-monaural mode 
are available. 


A comprehensive solution of all these circuit problems 
is given by either the MC1304 or the MC1305 versions of 
the IC multiplex. These two ICs consist of two different 
functional blocks, one containing the stereo decoder, the 
other containing three auxiliary circuits providing muting, 
stereo-monaural selection, and stereo lamp indication. The 
MC1305, in particular, has provision to incorporate an 
external variable resistor (pin 9) to adjust the channel 
separation. (Figure 3) 

These auxiliary circuits can be combined in several 
ways, giving the designer a choice of several combinations 
which meet personal design preferences. Muting between 
stations, automatic switching to monaural reception for 
weak stereo signals, and “stereo select” action, are some 
of these options. 

Special care has been taken to assure the quality of 
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FIGURE 1 — MC1304 Circuit Schematic 
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FIGURE 2 — Simplified Diagram of Stereo Decoder Portion 


these auxiliary circuits. The stereo lamp indicator in par- 
ticular has a built-in hysteresis that makes it possible to 
tune a stereo station without flickering. 

The ICs feature excellent channel separation across the 
entire audio range (in excess of 30 dB); good ultrasonic 
rejection (in excess of 20 dB at 38 kHz); low THD content 
at the output (less than 1%*) and excellent SCA immunity 
for services using a 67 kHz subcarrier (in excess of 50 dB 
without the use of an external trap). 

Power supply requirements are mainly determined by 
the lamp indicator circuit, which handles up to 40 mA. 
The rest of the IC requires 10 mA at 8.5 V. 


FM STEREO DECODER CIRCUIT OPERATION 


The complete circuit diagram of the MC1304 is shown 
in Figure 1. (No functional differences exist between the 
MC1304 and 1305 versions.) For the sake of simplicity, 
Figure 2 shows only the FM stereo decoder portion neglect- 
ing the auxiliary switching and biasing circuits. 

The composite signal from the FM detector is coupled 
to the base of Q4, via C1. This capacitor, in conjunction 
with the input impedance of the integrated circuit, gives 
an R-C time constant which will determine the minimum 


*NOTE: _ If the THD (stereo mode) of audio frequencies 
higher than 3 kHz is being evaluated using a 
distortion analyzer, values in excess of 1% will 
be recorded. This apparent discrepancy is due 
to the presence of spurious frequency by- 
products (beating between the 19 kHz pilot 
and the audio information) that fall in the 
harmonic frequency spectrum of the incoming 
audio signal, and are not attenuated by the 
frequency roll-off of the de-emphasis network. 
If a wave analyzer is used, a true reading for 
the THD, as well as the incidence of these by- 
products is obtained. 


frequency response in the circuit, and consequently, the 
highest channel separation obtainable at the low frequency 
end of the audio spectrum. 

In receivers where a strong high frequency roll-off of 
the composite signal is expected, parallel R-C compensa- 
tion could be used in series with the input to improve 
channel separation at the high frequency end. 

Transistor Q4 is used as an emitter follower to provide 
the high input impedance level needed in the IC to avoid 
any serious loading of the FM detector. Actually, due to 
the high degree of feedback provided by its associated 
emitter resistance, the input impedance is determined 
primarily by the 20 kilohm resistor connected between 
its base and the biasing network. The output of Q4 is fed 
to the detector, via Q6, another emitter follower stage, 
and to Q7, the 19 kHz amplifier. 

For the recovery of the 19 kHz pilot signal, a parallel 
tuned circuit is used across the input of Q7. To further 
increase the overall selectivity of the circuit at 19 kHz, thus 
improving its noise immunity, a second high-Q resonant 
circuit is used at the output of this stage. 

The combination Q8—Q9 acts as a high gain PNP tran- 
sistor which couples the 19 kHz signal into the base of Q14, 
the frequency doubler, which has a high-Q parallel-tuned 
circuit for its collector load. The coil of this tuned circuit 
is tapped down to reflect a low impedance across the out- 
put of Q14. A 10:1 transformation sets an output imped- 
ance not higher than 2 kilohm, avoiding saturation of Q14. 
If higher impedances are used, the time symmetry of the 
38 kHz signal could be lost and a severe degradation of the 
channel separation is to be expected. 

A synchronous detector is used to demodulate the 
stereophonic information. When a stereo signal reaches 
the detector, the 38 kHz voltage developed across the 
doubler load will switch the transistors of the two upper 
differential pairs ON and OFF, according to the polarity 
of the driving signal. A time multiplexing of the composite 
stereo signal takes place (see Appendices I and II) at a 
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FIGURE 3 — MC1305 Circuit Schematic 


38 kHz rate, permitting the separation of the left and 
right channel information. 

The three resistors (R1, R2, and R3) associated with 
the lower pair in the synchronous detector help increase 
the channel separation by adding matrixing action to the 
decoding process (see Appendix II). As it was stated in 
the introduction, R3 becomesan external adjustable resistor. 


An additional feature of this demodulator is its capa- 
bility of cancelling, to a large extent, the ultrasonic com- 
ponents that otherwise would be present at the audio 
outputs when a stereo signal is being processed. This 
cancellation is obtained by combining two equal but oppo- 
site in-phase voltage variations in a given load, by cross 
coupling the collectors in the two upper pairs. 

If the time symmetry of the 38 kHz square wave driving 
the detector is maintained by choosing the proper ac load 
for the doubler, no even harmonics of the 38 kHz drive 
will be present in the detector and, consequently, no SCA 
intermodulation will take place. 

As could be expected, the degree of time-symmetry 
that can be obtained in a practical circuit has certain limi- 
tations. Even so, the minimum attenuation achieved in 
this circuit for any one of the SCA intermodulation 
products* (Table III) is not lower than 55 dB below the 
1 kHz output level, obtained with an input signal of 





"NOTE: _ See reference. 


200 mV(rms) (L = 0; R = 1 or vice versa). 

This effective 67 kHz “built-in” trapping action makes 
it unnecessary to use an external SCA trap and, conse- 
quently, better channel separation is available at the high 
end of the audio range at lower cost. 

The detector can also handle a monaural signal. In this 
case, the two upper differential pairs (Q10—Q12, and 
Q11—Q13) will be inactive and the monaural signal fed to 
the lower pair will be developed across the output load 
resistors, RL and Rr, as for stereo (Figure 2). 

The overall gain of the decoder could be made a function 
of the B+ voltage being used. When an 8.5 V power supply 
is used, the gain is very close to unity. If more gain is 
needed, the B+ voltage and the values used for RL, and 
Rr could be increased. The associated capacitors will 
have to be modified to preserve the 75 ys de-emphasis 
required by the system. In particular, if a 14 V B+ voltage 
is selected, RL = RR = 10 kilohm and the overall gain will 
be around 4.5 dB above the level obtained using an 8.5 V 
supply. A 6 dB lower output is to be expected when a stereo. 
signal is processed using the monaural mode of operation. 


AUXILIARY CIRCUITS 


Three auxiliary circuits are incorporated in the MC1304. 
Each consists of an electronic switch associated with a 
Schmitt Trigger. This provides fast and positive switching 
after the respective threshold levels have been reached. 

Muting and Stereo/Monaural Switches. Both the muting 
and the stereo/monaural switch are ‘normally closed” 
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switches so they will open only if a minimum dc voltage . 


is supplied to the proper terminal. The values required to 
turn the switches ON and OFF are given in Table IV. 

If no voltage is supplied to these circuits, the muting 
switch and the stereo/monaural switch will ground points 
(™) and (S) (Figure 2) through Q17 and Q22, respectively. 

To avoid overloading in these switching transistors, 
points ™) and(S)each have a 5.0 kilohm resistor in series 
with the driving source. 

An effective ac grounding of the signal at ™) makes it 
possible to obtain a high level of audio attenuation at the 
output of the decoder. This muting action can be achieved 
automatically. If this is the case, the dc voltages needed 
to turn the switch ON and OFF become a function of the 
S/N level of the incoming RF signal, as mentioned in 
“Circuit Considerations”. 

The Stereo Lamp Indicator. The stereo lamp indicator 
is connected internally and represents a “normally open” 
switch in series with the bulb and the power supply. 

When a stereo signal is received, the dc voltage on the 
emitter of Q14 rises, triggering the switch ON. 

The 19 kHz pilot level needed at the input of the IC to 
turn the stereo lamp indicator ON (pilot sensitivity) can be 
adjusted, within a certain range, by adding a resistor, Ra, 
in series with pin 1. This resistor will change the threshold 
level of the combination Q8—Q9. In a typical unit, the 
pilot sensitivity is increased by a factor of 2:1 by changing 
the value of the series resistance from 0 to 240 ohm (see 
Data Sheet). 

The dc voltages required to turn this switch ON and 
OFF differ by 2 mV on the average, which is the built-in 
hysteresis mentioned before. The hysteresis assures a 
definite ON condition once the threshold level of the 
switch has been reached. 

Functional Arrangements of the Auxiliary Circuits. The 
three auxiliary circuits can be combined in various ways 
to form different functional arrangements. Specific circuit 
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L1, L2 (19 kHz) 
Nominal inductance: 8.0 mH 


Unloaded Q: 120 (Measured at 50 kHz using nominal inductance value.) 


Miller #1361 or equivalent 
L3 (38 kHz) 
Nominal inductance: 8.0 mH 


Unloaded Q: 125 (Measured at 50 kHz using nominal inductance value.) 


Tap: 10% 
Miller #1362 or equivalent 


considerations are discussed in a following section. 

One of these arrangements has already been mentioned 
when referring to the automatic mute action. In this case 
only one switch has been considered at a time. 

Other schemes, combining the action of two switches, 
are also available; for example, the mute switch could be 
driven using the dc voltage developed across the 38 kHz 
emitter decoupling network (pin 14). If this is the case, 
the mute driving voltage could be made low enough, under 
the absence of a stereo signal, as to keep the switch in the 
ON position, muting any monaural station as well as the 
interstation noise. 

The short circuit between ™) and ground decreases the 
effective emitter resistance in series with Q4, but still 
provides a high enough load to develop a substantial 19 kHz 
signal at the input of Q7 (pin 2) if a stereophonic signal is 
fed to the input. Accordingly, the dc voltage. at pin 14 
increases, triggering the mute switch OFF. The final result 
of this combination will be a receiver with a “stereo select” 
action, able to reject any monaural program automatically. 
When this combination is being used, the use of a stereo 
lamp indicator becomes redundant. 

Stereo reception is poor when the signal to noise ratio 
is low, and it is, therefore, desirable to detect weak signals 
monaurally. Such action is easily obtained automatically 
by making the dc driving voltage applied to the stereo- 
monaural switch a fraction of that applied to the mute 
switch. The voltage divider is designed in such a way that 
any RF level below a predetermined point considered 
acceptable, will not provide enough dc voltage to switch 
the stereo-monaural switch into the stereo mode. 
CIRCUIT EVALUATION 


The circuit evaluation has been conducted using different 
levels of composite and pilot signal levels. The circuit 
used for this purpose is shown in Figure 4. The overall 
performance of a typical circuit is summarized in Tables I, 
Il, IH, IV, V and VI. 
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FIGURE 4 — Typical Circuit Configuration 


QQ 


AN-432 A (continued) 


TABLE t — Channel Separation 
versus Frequency 


input signal: 200 mVrms, 10% pilot (L = 1; R = 0 or vice versa) 





TABLE I! — Ultrasonic Frequency Rejection 


(measured with respect to the 7 kHz level) 


Input signal: 280 mV peak (L = -A), 10% pilot 


TABLE IN — 67 kHz SCA Rejection 


(measured with respect to the 1 kHz level, 
without an input trap) 


Input signal: 200 mVrms composite signal, 710% pilot adjusted to 
F.C.C. specs* 


Frequency 

By-Products 
Se |: 

67 [9 as 
[ee Soe so | 


“NOTE: 80% composite, 10% pilot; 10% SCA 


TABLE IV — Auxiliary Circuits 
Mute Switch Typical 


Minimum dc voltage to be applied to Pin 5 
to turn the Mute OFF 1.5V 
Maximum dc voltage to be applied to Pin 5 
to turn the Mute ON Oa7Vv 


Stereo-Monaural Switch 


Minimum dec voltage to be applied to Pin 4 
to have stereo operation 
Maximum dc voltage to be applied to Pin 4 


to have monaural operation a7 Vv 


TABLE V — Channel Seperation at 1 kHz 


Ambient 
Temperature 
ree L 


25 
55 





"NOTE: Using polystyrene RPJ Centreleb capacitors (Tol. + 10%) 


TABLE VI — 1 kHz Channel Separation 
versus Pilot Level 


Pilot Level Channei Seperation 
Jems 








The data sheet on either the MC1304 or 1305 comple- 
ments the information given above, showing the 19 kHz 
sensitivity of the unit and the THD performance, for both, 
the monaural and the stereo mode. 
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CIRCUIT CONSIDERATIONS 


The incorporation of the MC1304 in an FM receiver 
calls for two basic considerations: 


(A) The selection of the B+ voltages for the IC and 
lamp indicator. 


(B) The derivation of the dc voltages needed to 
drive the mute and stereo-monaural switches. 


A — POWER SUPPLY SELECTION 


Two practical situations could occur: (a) The IC is 
being incorporated in an existing receiver where discrete 
components are being used; (b) An entirely new design is 
being worked out. 

In the first case the selection of the B+ voltage for the 
IC and the lamp indicator will be mainly determined by 
the B+ availability of the receiver while in the case of a 
new design the gain of the multiplex unit could be the deter- 
mining factor for the choice of the Bt. 

In any case, the B+ voltage for the IC should have some 
degree of regulation to overcome the usual variations on 
the main voltage (+ 10%). This regulation is needed because 
the percentage of THD in the unit is bias dependent. For 
this reason, independently of the value being chosen for 
the B+, the voltage between pin 8 and ground (MC1304) 
should be kept close to 4.6 V. This condition can be easily 
achieved selecting the proper value for the resistor con- 
nected between pin 8 and Bt. 

If an MC1305 is used instead, the B+ voltage should be 
8.5 V because a 2 kilohm resistor (Figure 3) has been 
integrated on the chip. 

The maximum dc current taken by the MC1304, under 
any B+ condition, never exceeds the 20 mA range. 

For the lamp indicator the maximum B+ value is limited 
to 22 V because no higher voltage between any pin and 
ground is permitted (see maximum ratings). The type of 
lamp being used will determine the maximum load in the 
circuit. Care should be taken not to exceed the 40 mA 
maximum rating. 

The use of separate supplies for the IC and the lamp 
driver is strongly recommended. This circuit approach 
simplifies the design of both power supplies and does away 
with the B+ modulation effect that, otherwise, will be pre- 
sent when switching the lamp indicator ON or OFF. 


B — DERIVATION OF THE DC DRIVING VOLTAGES 

The stereo lamp driver switch is the only switch that is 
driven internally. If automatic muting or stereo-monaural 
selection are required, the de driving voltage to those cir- 
cuits will have to be made dependent on the RF incoming 
signal. 
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FIGURE 5 — Suggested Emitter Follower Circuit for Driving 
Voltages of Auxitiary Circuit Functions 


Probably the most economical way to achieve this goal 
is to use the dc voltage available at the output of one of 
the ratio detector diodes (the one producing a dec voltage 
positive with respect to ground). 

This voltage, due to the presence of filtering capacitances, 
is fairly immune to noise “spikes”, a condition that is highly 
desirable when driving a Schmitt trigger switch. The only 
limitation for its usage is generally related to the available 
dynamic change of this dc voltage. 

A minimum of 2:1 is required for the switch circuits. 
Obtaining the actual values are not usually a problem. The 
switch will remain in the mute mode if the value of the 
voltage applied to pin 5 is lower than 0.6 V, and it will 
change its state if this voltage becomes higher than 1.2 V. 
If the ratio is available, a voltage divider could be always 
designed to get the proper values. 

In some receivers the sensitivity is too high, limiting the 
dynamic dc change to a ratio lower than 2:1. If this is the 
case, a small reduction of the sensitivity will be usually 
sufficient to improve the dynamic range. In a new design, of 
course, this problem could be contemplated from the start. 

To avoid any loading from the IC, the auxiliary circuits 
could be isolated from the detector load using an emitter 
follower such as the one shown in Figure 5. This circuit 
permits an independent adjustment of the mute and stereo- 
monaural switches, which is desirable because they act at 
different RF signal levels. 


APPENDIX I 


SYNCHRONOUS DETECTOR WITH 
IMPROVED CHANNEL SEPARATION 





To have a better understanding of how the synchronous 
detector in the MC1304 works, the detector is redrawn in 
Figure 1A, showing one of the outputs with solid lines and 





the other with dotted lines. 

The pair Q15—Q16 is common to both channels. 

Due to the inherent mechanism of a balanced pair, a 
phase inversion is always present between the two tran- 
sistors in the pair. 


In particular, as Q10 and Q13 are driven in parallel, 
there isa 180° phase shift between Q12 and Q13. A similar 
situation occurs between Q15 and Q16, in the lower pair. 

The signal developed across R is the sum of two signal 
products. One is the product of the square wave present 
at Q13 and the signal present at Q16. The other is the pro- 
duct of the square wave present at Q12 and the signal 
present at Q15. 





FIGURE 1A — Synchronous Detector 


The signal at Q15 will be 180° out of phase with respect 
to Q16. Only a fraction (k) of the voltage fed to Q15 will 
be present at Q16, due to the presence of R1, R2, and R3. 
If both the square wave at Q13 and the composite signal at 
Q16 are assumed to have the same phase, then 


Vout = 





4 
(L+R) + (L-R) cos coset i + Fs cos wx 


-k Ls) +(L-R) cos wsct ( -* cos wx! (1) 





where: [k]< 1 


If only the audio frequencies are being considered, the 
former expression becomes: 


Vout = (L+R) + = (L-R)-Kk(L#R) + * (L-R) (2) 


2 2k’ 2 2k 
Vour=R(-F-k-Z) tL ea Sues (3) 


WQS 


4 


LZZZZZ, 
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As can be seen, the output signal contains not only the 
wanted left channel information, but some unwanted 
right channel information. But this remainder is a function 
of the value given to k. In particular, if 

2 2k 
-— =0 


l-—-~k 
T T 


(4) 


then an optimum value for k that cancels the crosstalk in 
the detector can be found. 


1 
k= = 
na = 0.221 (5) 





Replacing the value given by (5) in expression (3), 
we can find the value of the output signal: 


8L 
Vout = 347 (6) 
Vout = 1.55 L (7) 


A similar analysis could be done for the other channel. 


APPENDIX II 


ANALYSIS OF THE MATRIX CIRCUIT 





The lower differential pair is redrawn in Figure 2A. 

A variation of the incoming signal (ej) is assumed to 
take place at the base of Q1. Considering the base of Q2 
to be grounded for ac, and disregarding VpF in both tran- 
sistors, we will have: 





FIGURE 2A — Lower Differential Pair 


R3R] 
R3+R] 
Aen AG RiRg- 
R2+ INS 
R} + R3 








Making 
R3R} 


R3+R] 
and R2+P=S 





P 
then, Ae = hei 


The value of Ai? will be given by 
Agj 
Ai? = R3R 
R2+ cae 
R3+R] 





or Ai? = rs 


For Ai] the value will be given by 


Ae 
Ail = — 

Ry} 
Then, 
AD OOS tS 
Ain RI gj "SR,  4e 
or 

R3R] 


Sit R3Z+Ry R3 


ain Ri R3+Ry 








in our circuit, Ry = 1.0kQ 
R2=1.0kQ 
R3 = 310Q (Three 930Q 
resistors in parallel.) 
Then, 


Ai] 310 


Ain = 1,310 = 0,236 


This value is a satisfactory approximation to the value 
needed for k as described in Appendix I. 
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ANALYSIS AND DESIGN OF ACTIVE FILTERS 
USING OPERATIONAL AMPLIFIERS 


INTRODUCTION 


Frequency selective networks for use in the frequency 
range below 100 kHz have always been a problem. In this 
area of operation the inductors and capacitors required 
are large, both in value and physical size. Also, at these 
frequencies inductors and capacitors become quite lossy 
and the circuit Q’s begin to suffer. 

The answer to this problem is to exchange the large 
inductor and capacitor for a large block of gain, and use 
well known feedback principles to achieve selectivity with 
R< active filters. Previously, to achieve a high degree of 
accuracy and circuit stability, a large number of active 
components was required in a fairly sophisticated circuit. 
Consequently, the design time and number of active com- 
ponents required made the use of active filters quite 
expensive. 

The solution to this problem came with the advent of 
integrated circuits which allowed transistors to be “less 
expensive” than resistors. Now, excellent gain blocks can 
be fabricated at fairly reasonable costs. And as technology 
improves, the performance will continue to improve and 
the costs will continue decline, making the use of active 
filters very economical. 

Although a great deal of work and investigation has 
been focused at placing the entire selectivity function on 
a single silicon chip, the large values of capacitors required 
in most instances has precluded this approach in all but 
the most specialized applications. 

This paper discusses the use of operational amplifiers 
as gain blocks for active filters. A section on stability is 
also included along with various practical examples. 


I. BASIC TWO-PORT ANALYSIS OF AN 
OPERATIONAL AMPLIFIER WITH FEEDBACK 


Consider an operational amplifier (op-amp) and feed- 
back in the form of two-port y parameters as shown in 
Figure 1. 





FIGURE 1 — Basic Two-Port.Analysis of an Operational 
Amplifier with Feedback 


For this network the following two-port equations can be 
written for the amplifier: 


T1=yi1, Fityi2, £3 (1.a) 
13=y21, £1 + y22, E3 (1.b) 
12=y11,E2+y12, Ba (2.a) 
I4= Y21¢ E2+ Y22 E4 (2.b) 
15 = yy 1, £5 +¥12, Bo (3.a) 
I6= Y21p E5+ Y22p E6 (3.b) 


These equations can be manipulated to find the output 
voltage Eo, as a function of Ej, E2, the y-parameters, 
and the open-loop gain, A. This approach is somewhat 
rigorous and the resulting equation would be too compli- 
cated to be of any practical use. However, with a few 
normally valid assumptions, the complexity of the solution 
for Eo is greatly reduced and results in a very simple and 
easily used form. 

One assumption is that the input impedance of the 
operational amplifier is very large with the result that 
Ix ~ 0 and 14 ~ 0. Then, from Equation (2.b), 


Y21¢ 


E4=-E2 —— (4) 
¥22¢ 
also, because 
ly ¥ 0, 13 ¥ Is. (5) 


Then from equations (1.b) and (3.a) 


Y21q E1 + ¥22, E3=-Vilp ES — ¥12p F6- (6) 


Because the amplifier is assumed to have an extremely 
large open-loop gain (A > °°), the differential input signal, 
E3 — Eq, required is very small. Assuming that E3 ~ Eq ~ 
Es, then from Equation (4), 


Es ~ —E2 zeke ; (7) 
Y22 

B3~ E> [Y2!c\ (8) 
Y22 


OO 


Wits 


AN-438 (continued) 


Substituting Equations (4), (7) and (8) into Equation (6) 
gives the following expression for the output voltage, E¢, 


sat) + (| (| . ¢) 


E6 = —E} 
Y12p ¥27. Y12p 





as a function of the input voltages and the feedback net- 
works. As a simple example to verify this equation, con- 
sider the amplifier shown in Figure 2. 





FIGURE 2 — Basic Example of Two-Port Analysis 


For this example, 


fail ere ee | 
yaa ¥12p “RS Y2le" RS , 


_ | _ il . | 
¥22a- Ry Y1lb “R, ye RS ? 


Then from Equation (9), 
R2 R2 
Eo =—E —=| +E i+—<]. 10 
O 1 (7 2 ( =| (10) 


From this equation it is seen that for E2 = 0 (inverting 
amplifier) the closed loop gain is the familiar expression: 


Eo _ _ R2 


E] a Ri ; (11) 
Similarly for Ey = 0, the non-inverting gain is found to be, 


Fo =1+R2 
E2 Rj - (12) 


For the discussion to follow, the inverting amplifier mode 
of operation (E2 = 0) will be used because of its simplicity 
as seen in Equation (9). However, a similar discussion 
could be generated using the non-inverting mode with 
E] = 0. The purpose of the foregoing discussion was two- 
fold—first to generate a general equation for closed loop 
gain from which an active filter discussion might begin 
and second, to bring light upon the operation of an op- 
amp when feedback networks, other than pure resistive 
networks, are used in either mode of operation. 


i. ACTIVE FILTER ANALYSIS 


It should be noted that the expression for the closed 
loop gain in the inverting mode 


Eg __ Y2la (13) 
E} Y12p 


does not make any assumptions that the networks [ya], 
[yb] or [yc] are passive. Indeed, these networks could be 
active. For the case at hand, however, these networks will 
be considered to be passive, in which case 


Y21p ~ Y12H 
and equation (11) becomes 
Eo — y 
20 Fe 2 (14) 

Y21p 

The synthesis of a particular frequency response curve 
will in most cases be done using RC networks in various 
combinations. For most applications these networks will 


be combinations of series or parallel connected resistors 
and capacitors as shown in Figure 3. 


Ry 


Cy 


RyC4S+1 
Ri 


(a) 


yils) = 





FIGURE 3 


The problem of synthesizing filters with networks such 
as those shown in Figure 3 is not as futile as it may first 
appear. 

From Equations (1.b) and (3.b), it is seen that 


. B 
MD Paar 


- 16 
Ej e320 ™*%2lb “Eel Egao. 1) 
This indicates that the synthesis problem reduces to that 
of finding the relationship between the input voltage and 
the short circuit output current. Or in other words, the 
problem has reduced in complexity from a two-port net- 
work to a one-port network. 

For many circuits, the relationship between the short- 
circuit current and an impressed input voltage can be 
written by inspection of the circuit. For more complicated 
networks, simple Laplace transform methods may be re- 
quired, or perhaps even the use of signal flow graphs, 
matrix algebra or state variables for extremely difficult 
problems. 

The approach of this section will be to exploit a very 
simple, but often forgotten method of “working back- 
wards” and also includes a discussion of a general method 
for finding y ’s. 
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A. “Backwards Method” 


This method is best explained with an example. Con- 
sider the network shown in Figure 4, where 





FIGURE 4 — Example of “Backwards Method” 


It is necessary to find y>) = ue 


Ej 





Eo = 0. 


Assume I, = 1 ampere. Because of the shorted output, 
I2 = 0. E(s) can be expressed as 


Exs) = 1] = = ror ; (16) 


13(s) can be expressed as 


SC} _ Cj 
I3(s) = En(s) SC] =§ —— = — 17 
3(s) = E2(s) SC1 SCC (17) 
It is known that 
I4=1,+13=21+C1 (18) 
C2 
and 
E;(s) = E2(s) + 14R1 (19) 
oT 
a | C1 SCoR; (+ G1 
EIQ) * 55 Tele a ae UA (20) 


Since this is the voltage function that will produce 
Ij = 1, then 


i = ae = Y21 (21) 
Fl scoRy (1+ 2) +1 
C2 
However, the direction of current for 1] was assumed in 
the opposite direction from that which was derived in the 
two-port model, and hence, the sign on the transfer 
function must be changed. Then finally, 


-SC2 


Y21= (22) 


SCoR, 1+ Lb) 4+1 
C2 


This method does not require the use of long involved 
laplace equations for loops or nodes and greatly simplifies 
the algebra involved. 


B. General Method 


A procedure for finding the forward transfer admittance 
for any generalized network can be found by considering 
an application of Kirchhoffs voltage law with a slight 
modification. Consider a generalized network consisting 
of k loops with Ij, 19, . . . Ik being the transforms of the 
loop currents, and Vj, V2, - . . Vx the transforms of the 
driving voltage in each loop respectively. 

Application of Kirchhoffs voltage law results in k 
simultaneous equations 


V1 =Z111, + Z12I0 +... Zighkk 


V2 =Z2111 + Z22I2 +... Z2kIk 


VE = Zq ily + Zq212 + . - . Zkklk (23) 


where Zj; = total impedance around the i-th loop and 
Zi, = the total impedance common to the i-th loop and 
the j-th loop. 

For the case under discussion, only one voltage source, 
Vj, is present and hence, Vx = 0 for k #1. 

The problem is now to find I, the output current, 
when the output terminal is shorted. It should be noted 
that by shorting the output terminals, a modification to 
Zkk must be made. Once this modification to Zxk is made, 
the transfer function can be found by solving the 
determinant. 

To demonstrate this, consider the following two 
examples. 


Example 1 





FIGURE 5 — Circuit of Example 1 


For the circuit of Figure 5 we have the following: 


1 
Z11=Rit 
Rit 
-1 

Zj2=—1 
12= 5 

1 
25, =-—- 
21-56) (24) 


with the output shorted Z22 becomes 


1 
Z22= 1+. 
22° 5] SCR (25) 
Solving for 12 : 
V1 


MS 
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Ca;,;. 2 (26) 
SCI 5 








Cc 
SC2Ry (1 +=! )4 1 
C2 


1 1 1 
-L)ya+b 
SC] Gc SC2 ) 
Again adding the minus sign, it is seen that this is the 
same result obtained for the previous “backwards” example 
for Figure 4. 


Example 2 





FIGURE 6 — Circuit of Example 2 


Consider a slightly more complicated network as shown 
in Figure 6. 
For this network, 
1 =f 


= + — = = _ 
Z11=R} SC) 221=0, Z31 SC] 


1 
Z12=0, Z22=R2+ SC>° Z32 = -R2 


1 1 
413=~ sep 223=-R2 , 233=R2+R3+ Ge - 





Then 
1 
Ry + — 1 
(Ri &,) 0 
1 
0 R2+ — 0 
(R2 SC) 
rte R 
SC} —K2 0 
Wis cs 
Vi 
(Rj +~l) 0 pepe 
SC] SC] 
1 
0 R2+ — a 
(R2 5c? R2 
~ <1 R R2+R3+ — 
Sc, ~R2 (R2+ R3 sc 


Solution of this determinant gives 


13 _ ko +o) 


: (28) 
V $2 + aw + (w2)2 


where 
3 1 1 


, ]=—— 


~ RIR3C] R2C? 


(w= ALS 
Ri R2R3 CjC2 


Rj (R2 + R3) Ci + R2 (Ri + R3) C2 


VR}R2R3 (Ri + R2 + R3) CC2 


The short circuit transfer admittances of a number of 
second-order RC networks are given Figure 7. 


Ill. THE PROBLEM OF SYNTHESIS 


A great deal of work has been done conceming the 
problem of passive network synthesis. Unfortunately, 
most of the effort to date has been concerned with 
synthesis of driving point impedances, matching net- 
works, and voltage transfer functions. Very little literature 
is available conceming the synthesis of transfer admittances. 
However, a basic approach to the problem follows. 

If networks [yg] and [yp] are passive RC networks, 
their poles will be on the negative real axis of the complex 
frequency plane; however, the zeros of the transfer ad- 
mittances of [yg] and [yp] can be located anywhere in 
the complex frequency plane. From this, it can be con- 
cluded that if the poles of Y21, are the same as the poles 
of ¥2},» the denominators of Equation (14) will cancel 
and almost any desired pole-zero configuration can be 
synthesized. 

In mathematical terms, this means that yj ,, is chosen 
as 


and 
Y2ip~ s ; 
then 


py =_ [¥2la\ = _ Pls) 
\¥2i5) R(s) 


This is the general method. Simplicity and ease of 
calculation will, however, always dictate the approach 
used. For example, suppose it is required to synthesize the 
following filter response: 
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tcourtesy of G. S. Moschytz from “Active RC Filter Building Blocks Using Frequency 


Transfer Admittance of Some Representative Second-Order RC Networks t 
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eM Se io salle 
R* RiRpCo’ YP RyRoCICe 


ay RiROC,Co 
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I I 
KR RyRsC, ° YZ" RoC 

2 _RitRark3 ] 

p Ry RoRs CiCo 


9 FiRARSIRIFR*RSICIC2 


IR™ 
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Emphasizing Networks.” June 1967, IEEE Journal of Solid-State Circuits. 


FIGURE 7 


RC NETWORK 
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Eqs) = — 5(S + 100) (S + 10,000) _ - § (S2+ 10.1 x 103 $+ 106) 
E} (S + 500) (S + 1000) (S + 500) (S + 1000) 


The straight line Bode approximation of this function 

is shown in Figure 8. 
35 
30 














102 103 104 105 
wr 


FIGURE 8 — Bode Plot of Fo _ 5(S + 100) (S + 10,000) 
E (S + 500) (S + 1000) 


Next, consider the transfer admittance which results 
when the networks shown in Figure (3.a) and (3.b) are 
connected in parallel. 


2 = RiciS +1 SC2 
= + = + 
ye(s) = yi(s) + y2(s) Ri SF 


or 





C; |S2+8s i+ _1 + 
R2C2_ Ric} 
& 


If we let this be the transfer function for y21g, and use 
the network of Figure 3.a for the feedback y21p, then the 
overall transfer function becomes 


1 \ + 1 
yes) = mau ROR . 





1 
R2C2 


! 1 1 1 
ol [s2+s (pes * RIG] * al if Ric 








£8) - 1) {s+ 
1 
_ pared Stes 
For this problem, 
(a) _!_ = 500 
R2C2 
1 
b) —— = 1000 
(b) R3C3 
(c) —_|_ _ = 106 
RyC,RI2C2 
@ —1 + _1 + _1 = 101x103. 
R2C2. RIC] =—RIC] 


Also, from the dc gain considerations, 


Y2la| =10 = R3 (90. 
¥21b |, 9 R} {29} 
\ or 
R3 = 10R}. 
\ 3 = 10R1 





Since there are five independent equations and six un- 
knowns, one unknown may be arbitrarily chosen from 
which the remaining five can be calculated. 


Let R2 =1kQ 


Then, 
C2 = 2 uF 
Cy = 0.1315 pF 
R] =38kQ 
R3 =3.8kQ 
C3 = 0.0265 uF 


The circuit to synthesize this transfer function is 
shown in Figure 9. 


A very important point should be made at this time. 
The impedance which is used to terminate the non-invert- 
ing (+) input should be the de Thevenin equivalent re- 
sistance that is found by “standing” at the inverting (—) 
input and looking back away from the amplifier. By doing 
this, one eliminates the dc output offset voltage component 
that is due to the bias current of the amplifier. Thus, for 
the first stage the dc Thevenin resistance is the parallel 
combination of a 3.8 k{2 resistor and a 38 kQ resistor, 
hence a standard value resistor of 3.6 k has been used. 

Another and perhaps more expedient approach to this 
problem would be to use the Motorola MC1437P Dual 
Operational Amplifier and take advantage of the isolation 
properties between the amplifiers. If this is done, the 
original transfer function can be broken up into two trans- 
fer functions and the calculations become very simple. 


That is, 
Eo _ Eo 
FO. FOL Bo (30) 
1 Ei Fo 
where 
FO} ==5(8+100) | Fo ==(S+10,00) (31) 
Ej (S+500) ° Eg, — (S +1000) 
For the first amplifier, 
Fo | =5(S+ 100). |_Y2la), Gy 
Ej; (S500) =| yaiy, 


0.0265 pF 


0.1315 pF 


FIGURE 9 
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Figure 3 shows that a parallel RC network for both net- 
works will provide the desired response as shown in 
Figure 10. 


if %sMC1437P 


FIGURE 10 — Parallel RC Feedback Example 





Using a parallel RC network for both Y21, and Y21p as 
shown in Figure 10, Equation 33 can be written. 

















RyCySt+1 iS 
Eo, _ _ Y2ila_ Ri __¢y \S* RiCy (33) 
E} Y21p R2C2S+ 1 C2 ie 1 
R2 R22; 
where 
£1 5 = #100, 1 = 500 
C2’ RIC ” RoC 


When one of the components has been selected the others 
can then be found. Therefore, suppose an additional re- 
quirement is imposed that the input impedance for a dc 
input must be at least 10 kQ. Since the inverting oper- 
ational amplifier input impedance is simply the impedance 
placed between the voltage source and the inverting 
terminal, the dc impedance is merely R1. The problem is 
now to select components which are standard or near 
standard values. If R1 is selected to be 16 k&, then 
Cl = “4 = 0.02 pF, from which R2 can be found to be 
16 kQ also. 


5000 pF 


Eg 5(S + 100) (S + 10,000) 


Ey, ($+ 500) (S + 1000) 


The second amplifier can be analyzed in a similar straight 
forward manner with the resulting circuit shown in Figure 
11. 

This gives rise to a second point that should be made. 
The dc gain of the first stage is unity and as a consequence 
the amplifier has been compensated for unity gain as 
suggested on the data sheet. The dc gain of the second 
stage is 10 and subsequently, the amplifier is compensated 
for a gain of 10 as suggested on the data sheet. Both 
compensation networks are shown in Figure 11. Without 
compensation, instability may occur—in fact is may occur 
anyway. The investigation of this is found in the next 
section. 


IV. STABILITY CONSIDERATIONS 


Consider the basic negative feedback circuit as shown 
in Figure 12. 





FIGURE 12 
For this circuit, the closed loop gain is given by: 


Eo A(s) 
E) — 1+A@ KS ° a 


and the characteristic equation for stability is 
C(s) = 1+ A(s) f(s) . (35) 
When C(s) = 0, that is to say, 


A(s) B(s) = 1.2180° (36) 


0.001 pF 





FIGURE 11 — A Resulting Filter Using a Dual Operational Amplifier. 


Qa 
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The closed loop system is unstable. To investigate this, 
the problem becomes one of finding f (s) in terms of the 
feedback y-parameters since the properly compensated 
open-loop amplifier function, A (s), is usually known and 
can be approximated as 


A(s) = —A’O 
St+ wo 


> (37) 


where A is the dc open loop gain of the amplifier given on 
the data sheet (AVOL) and wg is the open loop —3 db 
break frequency for the compensated amplifier, also given 
in curves on the data sheet for various compensation net- 
works. 

To find the expression for B(s) consider Figure 13: 


anS + ap-jst-l +. ... ays tag 


B(s) = 


bms™ + by-sml +....bjs+bg ° 


The stability criteria becomes, 


(i) m=n_ unconditional stability 
(ii) m *nt1 conditional or marginal stability 


Example 1 
As an example of this stability discussion, consider the 
filter network of Figure 14. 





FIGURE 13 


By definition of B(s), we must find 


= E3 
B)= 5 (38) 


From Equation (1.b), with El = 0 we have 


13 = yo, 3. 


Analogous to the discussion of Section I, 


I3 =—-I5 
and 
E3=Es5. 


Substituting these expressions into Equation (3.a) we 
have 

~¥22, 3 = y11, E3 + yaiy Fo. 
or 


E3_ 12 (39) 
Es ¥22) + Yilp = B(s) 


Knowing 8(s), we can now find the stability conditions. 
From Equation (36), 
Awg ¥ 12,63) 
S+wo y22,(s) + ¥11,(5) 





= 1< 180° 


FIGURE 14. 


For the network of Figure 14, 
¥22, = 10-6(S + 10°), 


_ 10-4 (S + 104) 
“Mb” (42x 104) > 





Y12p= ——_—1__ 
12b” (6 + 2x 104) 
Solving for B(s) gives 
B(s) = =102 woe 2 OD! 
S2+1.11x104S+1.1x107 (S+104)(S+ 1.1.x 103)’ 


+jw 
6000 





LTT TTT TTT TTT Tie ="s00 
SERRE cy 
Pe ee ccd tls MMe defeat en | 
pei ese ler a a [eis 
SeaeEREoreeeeeeeet 























Paola eh Sole dak fede We Pelee Is) ada 


a 10,000 6000 2000 -jw 
FIGURE 15 — Root Locus for 
Als) g(s) = 108A 


(S + 103) (S + 1.1 x 103) (S + 104) 


AN-438 (continued) 


and 


A(s) B(s) = 1eOsiGA 
(S + wo) (S + 104) (S + 1.11 x 103) 


Assume that the operational amplifier has been compen- 
sated such that wo = 103. 


Then, 


es! 
(s) B(s) (S + 103) (S + 104) (S + 1.1 x 103) a 


The root locus for this function is shown in Figure 15. 
From the root locus, the frequency at which the poles just 
cross the jw axis is found to be 4500 rad/sec. Letting 
S = j4500 in Equation 40 and setting the magnitude of 
the equation equal to 1 will determine the open loop 
gain “A” that will make the system unstable: 


1= OSA 
[1 + j4.5 | [10 + j4.5 | [1.1 + j4.5 [109 
Solving for “A”, 
A = 2.2 x 106, 


From this result we can deduce two things: (1) most oper- 
ational amplifiers on the market (AQL < 106) would be 
stable in this application,(2) an “ideal” op amp (AQL = ©) 
would oscillate! 


Example 2 





FIGURE 16 — Network for Stability Example Number 2. 


For the network shown in Figure 16, 
Y22e= 10-6 (S + 103) 


y¥21 a |) 
» §2+4x 103$+3x 106 


S7+3x 103S + 106 





Y1lp= 
D103 ($2 +4 x 103 +3x 106) 


Solving for B(s), 


0 a eee eae 
(S+ 2x 103) (S+3.4x 103)(S+5.9 x 102) 


If it is assumed that 
wo =8 x 102. 
the value of open loop gain that will make the closed 
loop system oscillate can be found in a similar fashion as 
Example 1. For this example, 
A=38. 
The root locus plot of this example is shown in Figure 17. 
To perform a filter function with this network would 


be idiocy. + jw 
2000 
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FIGURE 17 — Root Locus Plot 
8x10Ma 
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V. PRACTICAL DESIGN EXAMPLE 


It was required that a filter be designed for a phase 
locked loop frequency synthesizer that meets the following 
specifications: 

(a). de Voltage Gain 15 V/V 

(b). Reference frequency (5 kHz) at least 70 dB down 
from de gain 

(c). First harmonic of the reference frequency (10 kHz) 
at least 60 dB down from de gain 

(d). AN other harmonics of the reference frequency 
(15 kHz, 20 kHz, etc.) at least 50 dB down. 

Examination of Figure 7 shows that an infinite Q zero 
(for ideal components) can be achieved using the circuit 
shown for circuit #6. It is also noted that at the zero, a 
positive 180° phase shift occurs, with the overall phase 
shift at w = > o being 0°. It was decided that two such 
networks might be connected in tandem using the 
MC1437P dual operational amplifier with the first notch 
set at 5 kHz and the second notch set at 10kHz. How- 
ever, each network of #6 also contains two poles which 
must be taken into account. It was then decided that the 
best way to handle this problem was to place a two section 
RC network on the output of the op amp to roll off the 
high frequency components. The overall design is shown 
in Figure 18. 


OOS 
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0.01 uF 





0.0015 pF 
0.0025 
BF 
20 k 
0.005 uF 


FIGURE 18 — Dual Notch Fitter. 








From Figure 7 
Kp (S2 + wz2 
T(s) = RS wz“) 
S2 + —PS + wp? 
qR 
where 
1 
KR = — 
R Ri 
2= ob 
RC 
wp? = [1+ (1+ p) al 
R2c2 
1 
qR = —— [1+ (1+ p)a 
I+p (2+ a) 
R 
a= 
(Ra) 
Rj + R2 


The calculations for the first network are as follows: 
1 
a = —= (27) (5 kHz 
(a) wz RC (27) ( ) 


Arbitrarily select R = 330Q from which C is found to 
be C ~ 0.1 yF 


(b) Choose Rj = R2 = 6202 


Then “a” is calculated to be 


a=—R_ 330 
(Bez. 310 
Ri + Ro 


Wl 


a= 1.06 


(c) The next step is to find a value for p which will 
place the poles of T(s) on both sides of the notch. By trial 
and error, a value of p = 3 was selected. 

(d) For p = 3, the following were found 


Wp = 2.29 wz = (2m) (11.45 kHz) 
dR = 0.187 

and the poles of T(s) are 

S} = (2m) (59 kHz) 

S2 = (27) (2.29 kHz) 


From a noise consideration, it is advantageous to put the 
majority of the overall gain in the first stage. Therefore, a 
feedback resistor for the first stage was found that would 
give a de gain of 15 V/V. This calculation is straight- 
forward and is explained as follows: 

Setting S = 0 in the expression for T(s) gives a dc 
transfer admitttnce of 


(w2)2 
s= Oo Rj wp? 


Y2lq 








substituting the values of wz, wp and Rl into this 
equation gives 








Y2lq ~ 3.2 8kQ 
s=0 
Recall 
1 
Fo 15 =21a _3.28kQ 
E} Y21, 1 
RF 
Solving for RF 
RF = 49.3 kQ 


A standard value of 51 kQ was selected. 
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If a capacitor is placed in shunt across the feedback 
resistor, a greater amount of negative feedback occurs to 
an AC signal and consequently reduces the gain as the 
frequency is increased. This will give additional high fre- 
quency roll off to the filter. In each stage, the value of 
this capacitor was selected such that 


1 
RECF = (2m) (5 kHz) . 


The calculations for the 2-section RC network are 
fairly straight-forward. The criteria for component se- 


Filter Attenuation (d8) 





lection was to choose the two poles to both be at about 
7 kHz to roll of the high frequency harmonics. 

The design of the second active filter proceeds exactly 
as the previous explanation with the notch set at 10 kcps. 

It should be pointed out that the second amplifier is 
operating at unity gain and is compensated for such oper- 
ation. The first stage is operating at a gain of 15 V/V and 
so has been compensated for a gain of about 15 V/V. The 
overall frequency response is shown in Figure 19. It is 
easily seen that all of the design specifications have been 
met. 









































Frequency (Hz) 


FIGURE 19 — Phase Locked Loop Filter Response 
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THE MC1539 OPERATIONAL AMPLIFIER 
AND ITS APPLICATIONS 


INTRODUCTION 


The MC1539 is a second generation monolithic oper- 
ational ampli fier designed to operate nominally from +15 
volt supplies. It has output short circuit protection and in- 
put over-voltage protection not previously available with 
first generation monolithic operational amplifiers. The 
MC1539 is a pin-for-pin replacement for the 709 type 
amplifier and offers capabilities not possible in this first 
generation device. 

The MC1539 exhibits low input offset voltage and 
current (1 mV and 20 nA typically at 25°C) and has out- 
standing offset characteristics over its temperature range. 
The very nearly constant, temperature stable input offset 
voltage and current can be very important in some appli- 
cations. Another outstanding feature of this amplifier is 
the 34 V/us typical slew rate obtainable in the gain-of-100 
configuration. The only external components needed for 
normal operation are the supply decoupling capacitors and 
the RC network for closed loop stability. 

This application note is designed to provide the circuit 





CIRCUIT SCHEMATIC 
FIGURE 1 — The MC1539 


CIRCUIT DESCRIPTION 


The MC1539 is a three-stage amplifier with the first 
stage differential-in, differential-out amplifier designed for 
high gain, high common-mode rejection, and input over- 
voltage protection. The second stage is a differential-in, 
single-ended-out amplifier with low gain and high common 
mode rejection. Common mode feedback is employed 
from the second stage back to the first stage to further aid 
in the control of a common-mode input signal. Through 
these two differential amplifier stage and the utilization 
of common-mode feedback, a typical common-mode 
rejection of 110 dB is obtained. The third stage is a 
single ended amplifier that provides high gain, voltage 
translation to a ground reference, output current drive 
capabilities, and output short circuit protection. 

The first two stages are shown in Figure 2. The two 
diodes D1 and D2 and the two | kQ resistors R1 and R2 


and system designer with a basic understanding of the 
MC1539 operational amplifier, both from a “black box” 
concept and from an actual circuit operation point of 
view. The application note begins with the circuit de- 
scription (since parts of the MC1539 circuit are proprietary 
at the time of this writing, the circuit analysis will be 
somewhat limited) followed by the frequency response and 
compensation techniques for various modes of operation, 
and a discussion on the device operational capabilities . . . 
large signal swing, noise characteristics, and temperature 
effects. Applications are given to demonstrate the superi- 
ority of the device and include a voltage comparator, a 
summing amplifier, and a voltage follower circuit. The unity 
gain amplifier circuit is extended to encompass a feed- 
forward concept where the frequency range of the system 
is extended into the 1 MHz range. 


The circuit diagram and the equivalent circuit as they 
appear on the data sheet are shown in Figure 1. The MC 1539 
is a pin-for-pin replacement for first generation operational 
amplifiers of the 709 type. 


5 & OUTPUT 


EQUIVALENT CIRCUIT 
“PATENT PENDING 


provide the desired input over-voltage protection. With 
this protection, one input can be connected to the +V 
supply and the other to the —V supply without damage 
to the input differential amplifier. Should this extreme 
condition occur, a current (Ij) would appear through the 
appropriate forward biased input diode of magnitude: 


Vt_V-—Vp , 
K= Rj + R2 (1) 
which ignores the forward resistance of the conducting 


diode. For 15 V operation, 


__ +15 —(—15) — 0.7 
Le 1k + 1k 


1, = 14.65 mA. (2) 


AN-439 (continued) 


*Patent Pending 





FIGURE 2 — Input Stages 


Since this is a known worst case condition, D1, D2, R1, 
R2 can be easily designed to handle this input condition. 
Hence, maximum differential input without device damage 
is stated as + V; however, this is a maximum rating and 
not a normal mode of operation. With this input pro- 
tection, a maximum differential signal from base to base 
of the input differential amplifier is about 750 millivolts 
which eliminates the possibility of reverse biasing the base- 
emitter junction of one of the input differential amplifier 
transistors. 

Before continuing with the discussion on the circuit 
behavior, the following basic assumptions and circuit con- 
straints are made to simplify the analysis: 

1. Transistors, where necessary, are matched. f’s are 
identical. Ip terms are identical with offsets (voltage and 
current) assumed to be zero. 

2. Transistor beta = 160 for input stage (61) 

= 120 for second stage (82) 
= 50 for output stage (83) for all 
output stage transistors except Q10. 

3. Vp = VBE = 0.7 volts 

Since developing the quiescent levels requires a know- 
ledge of the proprietary portions of the circuit, the 
quiescent levels will simply be stated in Table I and the 
derivation omitted. 


TABLE | — Quiscent Circuit Levels 
(For +15 V Supply) 


V1 =-13.9 V 

V2 = +13.75 V 
V3=Vq4 +145 V 
V5 = +13.5 V 

ly =66 yA 

Ig =1g 233 nA 
14 =1.0 mA 


O 
OUTPUT 
LAG PIN 





FIGURE 3 — Output Stage 


These voltage and currents are shown in Figures 2 and 3. 

In the collectors of the input differential amplifier is 
a network that acts as a current source. Consequently, the 
impedance seen looking into this network from the 
collector of Q1 or Q2 is very high and will be assumed 
infinite. Knowing this, it can be assumed that the load seen 
by the first differential amplifier is the input impedance 
of the second differential amplifier. This impedance is 
found as 


RL, = 62Re2, (3) 


where Rey = te7 + 1 kQ, the effective emitter resistance 
in the second stage (Q4 or Q5). For room temperature 
operation, bulk emitter resistance is given as: 


kT 26mV 
te“ qle~ Te * © 


Therefore, 


R B2 i +1 | 
L} = 1 
3 (14) 


= (120) x (1 kQ + 93Q) 
RL, = 131 kQ. (5) 





Equation (5) represents the effective load that each 
collector sees to ground in the first differential amplifier 


stage. 
The gain for the first stage is found as 


= 6 
Rey’ (6) 


Ad) 


MQ 


Yd 
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where Re; = te; + 5008. For room temperature con- 
sdcrations again using Equation (4), obtain 


Te] = 29022, (7) 
therefore, 
131 x 103 
1 (500 + 290) 
Aal= 166358 | ®) 


Continuing on into the second differential amplifier stage, 
it is seen that 


where RL_2 = 5.3 k& (collector resistor for Q5) since the 


input impedance into the third stage is very high, and 
Rey nal Te? +] kQ. 


___ 53k 
Ad2 = x (1.093 k) 


volts 
Ad2 = 2. 42 : (10) 


Thus the gain of the first two stages as obtained from 
Equations (8) and (10) as 


Avy = Ad1 x Ad2 
= 166 x 2.42 
ooVolts . 
Av =4 volt (11) 


The output stage is illustrated in Figure 3. The 
quiescent operating levels are found for + 15 volt operation 
as 


Vcc — V5 + VBE 
be Ri4 
I5 =0.80 mA. (12) 


The output drivers are biased Class-AB by diodes D3, D4, 
and DS. These diodes match the base-emitter characteristics 
of the output devices resulting in an output standby 
current (16) equal to that of IS. 


I¢6 = 0.80 mA. (13) 
The gain of the output stage is found as 


R 
AV3"-RS (14) 


an as 


where R73 i iS an output impe 


Q7, known to be about 300 k 


De 
3 


~ 300 k 


ak a 7 


Av3 = 300 volts/volt. (15) 


The open-loop gain (AVQL) is found as 
AVOL = Av x Av3 
= (400) x (300) 
A = 120,000 volts . 
ae volt (16) 


This value of AVOL is typically found; however, the 
device is specified at 50,000 (minimum) over the full 
operating range of —55°C to +125°C range. 

Looking at the quiescent values for the entire circuit, 
the standby current drain (Is) can be approximated: 


Ig =I) +14 +15 +16 
=66uAt+ 1 mA+0.8 mA+0.8 mA 
Ig © 2.7 mA. (17) 


For +15 volt supplies, this results in a standby power 
drain of 


Pp=lIs x (30 volts) 
= (2.7 mA) x (30 volts) 
Pp = 81 mW. (18) 


Standby power dissipation is specified as 90 mW typically 
and 150 mW maximum. Power dissipation versus temper- 
ature will be discussed later in more detail. 

The input bias current Ip, (or Ip) can be approximated 
knowing I2 (or I3) and 8] of the japat transistors: 


rey: 
tb ~ ay 
~ 33 pA 
160 


Ip, © 206 nA. (19) 


Input bias current is specified as 200 nA at room temper- 
ature and 230 nA at —55°C. Input offset current is the 
magnitude of the difference between the input bias 
currents, 


lio ={Ib1 — 1b] » (20) 


and is typically 20 nA. Small Ijo and it’s very low temper- 
ature dependance are important items as will be illustrated 
later. 

The output impedance, specified as 4 kQ, can be 
verified since the impedance at the collector of Q10 is 
known to be about 10 M&. It was stated earlier that 
63 = 50; therefore, the output impedance in an open-loop 
condition (Zout) is determined as 

O.L. 


10 x 10692 
Zout =~ (50)2 
OL. 


=4kQ. (21) 
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This impedance, however, does not appear in the closed- 
loop condition. The closed-loop output impedance Zoyt 


is found as C.L. 
a) (: + R2 
Zout = O.L. Ri. 
CL. AVOL () (22) 


Equation (22) demonstrates that the closed-loop out- 
put impedance is inversely proportional to open-loop 
gain as a function of frequency. As an example, in the 
unity gain mode (R2 = R1), at low frequencies, the 
maximum closed-loop output impedance is 


4kQ) (+1 
Zout = 5 x A 
C.L. 
= 0.162. (23) 


At higher frequencies of operation the output no longer 
looks like an ideal source. At the unity crossing frequency 
(«2y) the open-loop gain AVOL (wy) is equal to the closed- 
loop gain and 


Zout = Zout = 4 kQ at this frequency. 
CL. OL, 


The single ended input impedance (Zin) to the ampli- 
fier is found as 


Zin = 2 [1 k + By (te; + RE}) J 
= 2 [1 k + 160 (290 + 500) ] 


Zin = 254 kQ. (24) 


The input impedance of the MC1539 is specified as 
300 kQ typically and 150 kQ minimum. 

The common-mode input impedance, which is not 
specified for the’ device, is found in a slightly different 
manner. From Figure 2, it is seen that, when driving the 
amplifier with both inputs tied together, the common- 
mode input impedance is now found to be the impedance 
looking into one input in parallel with the impedance 
looking into the other input. Since symmetry and balance 
can be assumed, the common-mode input impedance is 
one-half the input impedance seen in the voltage follower 
configuration. A ballpark number for common-mode in- 
put impedance is 100 MQ. Common-mode input im- 
pedance is not a straight forward, simple parameter to 
measure because of the impedance levels involved, and 
will vary with temperature and common-mode input 
voltage. 

The output stage shown in Figure 3 illustrates the out- 
put short-circuit protection offered by the MC1539. From 
the emitter of Q6 to the output pin, there exists two 
paths for conduction. One is through diodes D3 and D7 and 
the other is through the base-emitter junction of Q8 and 
the resistor R16. Output current will flow through the 
emitter follower transistor Q8 through the 40 Q resistor 
R16 as long as the voltage drop across R16 is less than 
one diode forward drop. When approximately 15 mA of 


output current (the maximum rating) flows through the 
40Q emitter resistor, the resulting 600 mV will bring into 
conduction the diode string D3 and D7 which in tum 
“shuts down” the output emitter follower by removing 


base current from transistor Q8. A similar argument holds 


for the diode string D4, DS, D6 in parallel with the base- 
emitter junctions of Q9 and Q11 and the 40Q resistor 
R17. Hence the output, as well as the input, are well 
protected from accidental misapplications of the device. 


MAXIMUM RATINGS 


On the front page of the MC1539 data sheet there is a 
table entitled MAXIMUM RATINGS. This table is re- 
printed, for ease of reference, in Figure 4. The output 
Short circuit protection is illustrated in the continuous 
output short circuit duration (ts). The input over-voltage 
protection is also demonstrated in that the Differential 
Input Signal is allowable to +V* volts where V+ is the 
positive supply voltage. The input is also protected from 
excessive common-mode input levels, as illustrated by the 
+V+ rating. These obviously are not operating ratings, but 
simply levels of voltage that can be applied without damage 
to the device. 


MAXIMUM RATINGS (T, = 25°C unless otherwise noted) 
[Characteristic | Symbol 


Power Supply Voltage 
















Differential Input Signal 
[load Current a mA 
| Output Short Circuit Duration | ts | Continuous _| 

Power Dissipation (Package Limitation) | PO] Se lato 

Derate above Ta = 25°C 4.6 _|mw/°C 
[Operating Temperature Range | Ta |-S5to+125| °C | 
[Storage Tempereture Range | Targ | -6510-+150] °C | 


FIGURE 4 — Maximum Ratings from Data Sheet 


Another limitation is the Power Dissipation which is 
limited to 680 mW at 25°C ambient. This limitation is a 
package constraint and not necessarily a chip limitation. 
The power dissipation is to be derated from room 
temperature (TA = +25°C) by a 4.6 mW/°C factor. It is 
also seen that the MC1539G will function with supplies 
to +18 volts and over the full military temperature range, 
—55° to +125°C. Care must be taken when operating at 
extremes: ie., when operating at +18 V supplies at 
+125°C the MC1539G dissipates typically 140 mW (from 
the Power Dissipation versus Power Supply Voltage curve 
on the data sheet) plus (4.6 mW/°C) (100°C), which equals 
600 mW unloaded with Voyt = 0. Since 680 mW is the 
package limitation, the output-swing and load must be 
such tnat they don’t exceed the additional 80 mW. 


COMPENSATION TECHNIQUES 


Input Lag Compensation 

The MC1539 offers access to the collectors of the first 
differential gain stage for frequency compensation pur- 
poses (input lag). Component values for compensation in 
the various gain configurations are listed in Figure 5 and 
are from the data sheet. 


Wl 
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O 
ean Input Lag 
Compensation 
(22) C1 
(®) (pF) 


OUTPUT 1000 10 
LAG 1000 30 k | 1000 
100 10 k | 2200 
1k | 2200 
390 | 2200 


FIGURE 5 — Operational Amplifier in Closed-Loop 
Configuration with Input Compensation. 
Figure 5 also illustrates the MC1539G in a closed-loop 
frequency compensated configuration, where frequency 
compensation is achieved with a resistor (R4) and a 
capacitor (C1) as shown. The often-asked question of 
how frequency stability is obtained by using this R4 C1 
network between pins 1 and 8 merits some discussion. 








FIGURE 6 — Input Lag Mode! 


Figure 6 illustrates a first-order model for the 
differential voltage at the collectors of the first stage. 
Since the current sources in the collectors of Q1 and Q2 
represent an assumed infinite impedance, the resistor Rx 
is the differential load of the second stage, Ry © 260 kQ. 
The parasitic capacitance between the collectors is repre- 
sented by capacitor Cx. From Figure 6, the pole location 
for the first stage with no compensation applied is ex- 
pressed as 


1 
PN.C. = 2nRyCy ° (25) 


Curve A of Figure 7 shows a measured open-loop, uncom- 
pensated response of the MC1539 and the arrows indicate 
approximate pole locations on the uncompensated open- 
loop response. The second pole location at 350 kHz is due 
to the first differential amplifier stage. From equation 
(25) it is seen i 


Vary ae a Oe San cae 


Cx = RPV. 


7 0.159 
~ (2.6 x 105) (3.5 x 105) 


= 1.75 pF. (26) 
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FIGURE 7 — Open Loop Voltage Gain versus Frequency 


This is a reasonable value and will be used in further cal- 
culations involving Cx. 

Frequency compensation added between pins 1 and 8 in 
the form of an R4-C1 series network, is to modify the 
original pole at 350 kHz by moving the original pole, adding 
asecond pole, and introducing a zero. Instead of the single 
pole function seen at the input lag pins when uncom- 
pensated, the compensated function now appears as: 


[1 + jw (zero)] 
[1 + jw (poley) } [1 + jw (pole) ]’ 


and the pole and zero locations can be approximated as: 
1 


Zero = ma (27) 
Pole L= a 1° (28) 
Pole? = Rae (29) 


A more rigorous expression for the pole and zero lo- 
cations is developed in Appendix B. Equation (27) is an 
exact expression where Equations (28) and (29) are 
approximate relations. For all of the recommended 
compensation networks, the resulting pole and zero 
locations are shown in Table II. 


TABLE It — First Stage Pole and Zero Locations for Input Lag 
Compensation 


Gain Ra Pole; Bode 
(viv) | (2) (Hz) Plot 
rrr a 8 








* From equation (25) with R, = 260 k&2 and C, = 11.75 pF. 
** From equation (25) with R, = 260 k{92 and C, = 1.75 pF. 


*** C, assumed to be 2 pF. 
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FIGURE 8 — MC1539 Open Loop Bode Plot Responses 


Figure 8 illustrates the open-loop response in Bode 
plot form using pole and zero locations shown in Table 
II. Plot A is for the uncompensated open-loop response. 
It shows four breakpoints representing the four poles of 
the amplifier. The first breakpoint, (), occurs at about 
5 kHz and is caused by a pole associated with the lateral 
PNP (Q10). The second breakpoint, @), occurs about 
350 kHz due to the pole resulting from the input differ- 
ential amplifier stage. It is the location of this pole that is 
altered by input lag compensation. The third break occurs 
at about 1 MHz due to the second differential amplifier 
pole. The fourth break, due to the output stage pole, 
occurs at about 2 MHz. 

From this illustration, the expression for the uncom- 
pensated open-loop transfer function is 


Sout _ —-K 
ein (tis) (+52) (iS \p tie) 
1 2 3 w4 
(30) 
where, 

w] = 20 (5 x 103) 

2 = 2n (3.5 x 105) 

3 = 2n (1.0 x 106) 

«4 = 2n (2.0 x 106) 

K = AVOL () for w =0. (31) 


The insertion of the input lag compensation network 
modifies the location of the w2-pole. As shown in Table II, 
an additional pole and zero are introduced and the transfer 
function with R4 C1 network inserted is 


fout —K (1 + jeo[zero]) 


fin () “ey (! + jeo[Poley}) (1 + jo[Pole}) ( ¥j eat +j aa) 





(32) 
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FIGURE 9 — Open Loop Phase Shift vs. Frequency 


where [zero], [Poley], and [Pole2] are defined in 
equations (27), (28), and (29) respectively. For the 
different gain compensation networks, Bode Plots B, C. D, 
and E2 of Figure 8 are defined. These Bode Plots demon- 
strate the unconditiona stability offered by the MC1539 
in a gain of 1, 10, 100, or 1000 closed-loop configuration 
using input lag compensation as suggested on the data 
sheet. The unconditional stability is assured by the —6dB/ 
octave slope that exists at the closed-loop gain crossing. 

For the closed-loop gain of 1000, where R4 = 0, C1 = 
10 pF is recommended, the compensation merely moves 
the 350 KHz pole down to about 60 kHz and conditional 
stability results from the —12 dB/octave slope that exists 
at the 60 dB crossing. This compensation technique has 
been used for some time, is valid and usually stable but the 
designer should be fully aware of what has happened. The 
10 pF compensation offers a wider bandwidth and a faster 
response time at the expense of overshoot and ringing. 

Figure 9 furthers this discussion by illustrating the 
phase shift of the open-loop device for the various com- 
pensation networks. From this set of curves, phase margin 
can easily be obtained for the open-loop device. 

When operating the compensated amplifier over its 
rated temperature range, one should be very careful of the 
variation of the component values due to temperature in 
the compensation network. A capacitor with poor temper- 
ature characteristics can cause instability for a circuit 
that is room temperature stable. 


MCH1539G Internally Compensated Hybrid Version 


For those applications requiring an operational ampli- 
fier that is internally compensated, Motorola has made 
available the MCH1539G, and the commercial version, the 
MCH1439G. Figure 10 illustrates this hybrid configuration 
where unity gain compensation (3902 and 2200 pF) is 
internal to the high profile TO-5 package. The resistor is 
Nichrome (3902 + 10%), and the capacitor is Ceramic 
(2200 pF + 10% that is held within +10% over the full 


temperature range). The MCH1539G is a pin-for-pin re- | 


placement with the MC1539G. 
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390 


HI PROFILE TO-5 CAN 
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FIGURE 10 — MCH1539G (Internally Compensated) 
Operational Amplifier. 


The MCH1539G will meet all specifications that the 
MC1539G is guaranteed for, in the properly compensated 
unity gain configuration. An illustration of the hybrid con- 
struction is shown in Figure 11. As seen in Figure 10, 
although the device is internally compensated, pins 1 and 
8 are brought out so that additional compensation may be 
added or so that the output nulling scheme (discussed 
later) can be applied. 


FIGURE 11 — MCH1539G 
Hybrid Layout. 





Slew Rate 


The slewing rate of an operational amplifier is the 
maximum rate of change of the output voltage (eo), with 
respect to time, that the device is capable of producing 
while maintaining its linear characteristics. 


Slew Rate = deo (max) ots (25) 
dt ‘Second 


Slew rate and the full power response of the device are 
related. Full power response is the maximum frequency 
measured in a closed-loop unity gain configuration for 
which rated output voltage, t+Eo, can be obtained for a 
sinusoidal signal, with a specified load, and without 
distortion due to slew rate limiting. For a sinusoidal 
signal, the output wave can be written as 


eo = EoSin 2nfmt 5 (26) 


where fy is the full power response frequency, in Hz. The 
slew rate can be found as: 





de 
A_ = 2nfMEQCos 2nfMt , (27) 


and since the maximum rate of change occurs as the wave- 
form crosses the zero axis, the slew rate — full power 
response relationship can be shown as 


Slew Rate = 27fyEo . (28) 


Note that this is done on a distortion limitation and not 
on a gain reduction limitation. From Equation (28), as the 
voltage swing (Ey) is reduced, the operating frequency 
can be proportionally increased without exceeding the 
maximum slew rate. Extending this, as the operating freq- 
uency approaches unity gain bandwidth, the corresponding 
voltage swing will define the maximum peak amplitude 
for “small signal” unity gain response. 

To illustrate the validity of Equation (28), consider the 
typical slew rate specified for the unity gain configuration 
(4.2 V/ys). From Equation (28) obtain 


Slew Rate 
fM = 2nEg , (29) 


For full power response, Eg © 12 volts, and 


4.2 x 106 volts/second . 
fM="——“9a(12 volts) = > KH2. (30) 
As will be shown later in the section on performance 
characteristics, the full power bandwidth figure from 
Equation (30) is reasonably valid. 

The MC1539 specifies slew rate as shown in Table III 
(taken from the data sheet). 


TABLE til — Typical Slew Rates 





An easy way to observe and measure the slew rate of an 
operational amplifier is to measure the slope of the output 
waveform of a square wave input signal. The input square 
wave must have a rise time that exceeds the slew rate 
capability of the amplifier. The MC1539 demonstrates 
superior capabilities in that it will slew 34 V/s typically 
in a closed loop gain of 100 condition, 6.2 V/ys and 
4.1 V/ys in a closed loop gain of 10 and 1 respectively. 
Figure 12 illustrates the output waveform of a MC1539 in 
a closed loop gain of 100 configuration with the input 
being overdriven. The waveform shows about 40 V/ys in 
both directions. 


é ~~ 100 CONFI@URATION 
INPUT OVERDRIVEN 
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FIGURE 12 — Siew Rate Limiting. 


AN-439 (continued) 


What can cause slew rate limiting when using an oper- 
ational amplifier? 

It appears that the most significant contributor to slew 
rate limiting can be related to the input lag compensation 
network (R4 C1). It is known that the rate of change of 
voltage with respect to time across a capacitor is given by 


1=cAVc. 

At GY 
where I is the current into the constant capacitance C. In 
the R4-C1 network, there will exist a voltage change from 
pins 1 to 8 (call it AV}g) which will cause a current (i) to 
flow in the R4-C1 series network. The voltage change 
seen across the capacitor will be (AV)g — iR4) and will 
determine AVc/At. There is no known, easily obtainable 
relationship to link the slew rate with R4 and C1, and to 
be sure it would be a rather complicated relationship in- 
volving not only R4 and C1 but also the closed loop gain, 
the load impedance, and other factors. It is easily seen 
that as R4 is increased (as the closed-loop gain is increased), 
holding C1 = 2200 pF, constant, that the slew rate increases. 

The slew rate can also be reduced by adding capacitance 
from pin 5 to ground. This is due to the lowering of the 
frequency of the first pole and reducing the bandwidth 
(fm in Equation 28). Still another external connection 
to improve the slew rate capability is the addition of the 
10 kQ resistor from pin 5 (output lag pin) to the output 
(pin 6). The effect of this resistor is seen by referring once 
again to Figure 3. The collector of Q10 is nominally at 
about +1.8 volts. To drive the output in a positive direction 
(without the 10 kQ resistor), the voltage V5 is driven 
down and the base of Q6 is driven, which in turn causes 
the output to rise. This would happen rapidly because 
charge could easily be driven into the base of Q6. How- 
ever, when the voltage V5 is driven positive, transistor 
Q10 is turned off causing a high impedance discharge 
path to exist to rid Q6 of its base charge. This in turn 
causes a slowly changing negative going output compared 
to what is possible going the other direction. To solve this 
high impedance discharge path problem, a 10 kQ resistor 
is placed from pin 5 to pin 6. This causes 0.18 mA of 
current to be pulled out of this high impedance node, 
resulting in more than an order of magnitude improvement 
in slew rate. The closed loop gain of 100 typical slew rate 
is increased from 1.7 V/us to 34 V/us with this additional 
resistor. 





FIGURE 13 — Input Phase Compensation Scheme 
For the MC 1539. 


Phase Compensation 


By utilizing an input compensation network the 


MC1539 can be phase compensated for unity gain and 
still exhibit uncompensated slew rate capabilities. A 
suggested compensation network is shown in Figure 13. 
The uncompensated open-loop response is shown in 
Figure 14, along with the compensated response |A 9 (w)| 
resulting from the input phase compensation network of 
Figure 13. 


The transfer function of Figure 13 is 


Rj (R2 +S i 





Ao(w) 
Ein j 1 (32) 
Rj (R2 + j5e>) 
Ri + R3 + 


1 
(Ri + R2 + FGe>) 


Rearranging Equation (32), 


VOLTAGE GAIN (dB) 





(33) 
Ao(w) Rj [1 + jwC2R2] 
1 + jwC2 Ri (Ri + R3) 
Rj + Ri + R3 
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FIGURE 14 — Phase Compensation Bode Plots 
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When RI and R3 are chosen such that (R1 + R3) << R;, 
Equation (34) may be further simplified to 


Eout = Ao (w) [1 + jwC2R2] ; (35) 
Ein 1+ jwC2 [R2 + Ri + R3) 


The Ag (w) term that has been carried this far has four 
poles (see Figure 8 and is of the form 


_K 
ho) "Tay DayDas 
w] w2 w3 et 


3 
where K = AVoL (0) and w = 2rf. oy 


From Figure 14 we select wo such that A 9 (cw), rolling 
off at —6 dB/octave, shall intersect the 0 dB axis at or 
before w72, and that the zero location in Equation (35) 
resulting from the input compensation will occur at wy]. 
The placement of the zero at wy results in the cancellation 
of the first pole in the open-loop response of the oper- 
ational amplifier. Hence, the transfer function obtained 
by substituting Equation (36) into Equation (35) is 


fez] 


out ~AVOL (0) [1 + jwC2R2] 


in 14509 FN #529 (1 +5 2D (1 + jo? Ry + Ry + Ral) 
(37) 


Therefore, for pole cancellation to occur, 


wy ot. (38) 





FIGURE 15 — Unity Gain Circuit for Fast Response Time. 


In the uncompensated open-loop response of Figure 15, 
described by Equation (36), the following is recalled: 


AVOL (0) = 50,000 min; 120,000 typ 
w1 27 (5 kHz) 
@2 * 22 (350 kHz) 
W3 © 20 (1.0 MHz) 
W4 © 20 (2.0 MHz) 
Rj =150kQ min (39) 


From Equation (33) for («2 = 0) we have 


R; 
Ee Ao (0) Ri 
0) er (40) 

Once R1 and R3 have been chosen, then the phase 
compensated open-loop voltage gain is known. When this 
is known, the low frequency pole (w ) is known and R2 
and C2 are obtained from 


1 
Wo = 
Rj + R3 
¥ 41 
C2} R2 7, Rit RS (41) 
Rj 
and 
=—1_ (42) 
R2C2 
Example 


Determine input phase compensation so that A 9 (w) = 
60 dB as w > 0. Using minimum specified values from the 
MC1539 data sheet, 


=___(94 dB) (150 kQ) 
oe (150kQ + Ry + R3) ) 


Hence, 

Ry + R3 = (24 — 1) 150ka 

60 
= 0.57 x 150kQ 

Ry, + R3 = 85.3kQ. (44) 
If R1 = R3 for good bias current error cancellation then 

Rj = R3 = 42.65k2. (45) 
The nearest standard value is 43 kQ. 

For Ap (w) = 60 dB and w2 = 27 (350 kHz) we find 
that Wo = 27 (280 Hz) as seen in Figure 14. 


Equations (41) and (42) can now be solved for R2 and 
C2, as 


woC2 ie ros aie =1 





Ri + R3 
a ae 
= 1 
R2w1 
and 
R2= R1 + R3 (46) 


1 Ry+R3_ 
¢ (1+ & ) 


AN-439 (continued) 


For the present problem, 


(85.3 k) 
5K + 853k 
(asoK *as0K 


R2= 





_ __85.3k9 
(17.85) (1.57) 


= 3.04 kQ (3 kQ std value), (47) 
and 


1 
(3 k) (27) (5k) 


ft wl 
3n 


C2= 


= 0.0106 uF (0.01 uF std. value). (48) 


Warning: It can be seen from Figure 15 that if Ag (w) is 
larger than 60 dB, instability may occur in a closed-loop 
unity gain configuration. This is because an increase in 
Ao (w), holding wo fixed, will shift the Bode Plot up 
vertically, allowing the w2 breakpoint to be present before 
the unity gain crossing is achieved. This is caused, from 
Equation (43), by assuming a minimum input impedance 
in that calculation. The author experienced this problem 
and had to increase the values of R1 and R3 to regain 
unity gain stability. If one experiences instability when 
evaluating this technique, this may be the reason. 

Table IV lists the experimental results using the com- 
pensation technique. The test circuit, showing the unity 
gain configuration, is illustrated in Figure 15. 


TABLE IV — Performance Comparison (Unity Gain) 


Suggested 
Electrical Input compensation from 
Characteristics Compensation MC 1539 data sheet 
Small Signal 
Bandwidth 
Large Signal 
Slew Rate 39 V/s 4.2 Vius 
Power 
Bandwidth 
(20 V pk=pk) 
Output Noise 
(Rg = 10k) 27.0 mV 4.5 mV 
Open Loop 
Voltage Gain 50,000 min 


The input phase compensation scheme offers the ad- 
vantage of high power bandwidth and slew rate with 
relatively few additional components. The lower small 
signal bandwidth, higher output noise, and lower open- 
loop voltage gain are the obvious disadvantages. This 
technique should be evaluated in the context of a par- 
ticular application. 

Another scheme will be shown in the applications 
section of this note where a unity-gain power bandwidth 
of 1 MHz is possible by using the feed-forward capabilities 
designed into the MC1539 amplifier. 















PERFORMANCE CHARACTERISTICS 


Considerable data has been compiled on the MC1539, 
both in evaluating its performance and in comparing it 
with competitive devices. This section is devoted to a 
discussion of performance capabilities, and how this per- 
formance compares with other known operational ampli- 
fiers. 

The MC1539 uses three stages of gain and level transla- 
tion. Its open-loop uncompensated response shows that 
four poles are present before the response crosses the 
O dB axis. This can be seen in Figures 7 and 8. As 
discussed earlier, the amplifier if improperly compen- 
sated will exhibit instability in a closed loop configuration. 
The input lag compensation is the most generally used as 
it is very straightforward, well understood, and easily 
applied. Unless otherwise stated, input lag compensation 
will be used throughout the performance discussion. 

The following discussion will include many curves 
from the data sheet with pertinent comments related to 
each. For a good discussion about getting more value out 
of an operational amplifier data sheet, refer to Motorola 
Application Note AN-273. 

Figure 16 illustrates the test circuit used for evaluation 
of the MC1539, and Table V lists the test conditions 
recommended for evaluation of the device. 


** Supply Decoupling 
Capacitor — 0.1 uF 
is usually sufficient. 


FIGURE 16 — Test Circuit. 


TABLE V — Recommended Test a cee 


Test | TestConditions 
Voltage 
mea EIEREIENES 
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FIGURE 17 — Closed Loop Gain vs. Frequency 


CLOSED LOOP GAIN (dB) 


Recalling the open-loop voltage gain and phase shift 
curves, using the recommended test conditions of Table V, 
the closed-loop gain vs. frequency curves shown in Figure 
17, are obtained. Two things are readily observed in 
Figure 17. First, the effect of the two different compensa- 
tion networks in the gain of 1000 mode; and second, the 
unity gain curve shows some peaking. This peaking results 
from the effects of the closeness of the poles at 1 MHz 
and 2 MHz, and can be reduced by adding heavier com- 
pensation which will result in a slight reduction in 
bandwidth. The stability of the response over the full 
temperature range will be discussed in the Temperature 
Effects section. 

Figure 18 illustrates the power bandwidth capability of 
the MC1539. This curve was obtained by operating the 
device at room temperature (+25°C), using +15 V supplies, 
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FIGURE 18 — Power Bandwidth (Voltage Follower Configuration) 


driving a 1 kQ load, while maintaining a total harmonic 
distortion (THD) of less than 5%. The curve shows a full 
20 V pk-pk response to 50 kHz. A similar test, run on 
competitive devices, resulted in a 20 V pk-pk signal to 
5 kHz for the 709-type amplifier (using data sheet recom- 
mended compensation: 1.5 kQ, 5000 pF, 200 pF), and a 
10 kHz bandwidth (20 V pk-pk) for the 101-type ampli- 
fier using the recommended 30 pF compensation. The 
superior performance of the MC1539 is evident. 

In addition to the power bandwidth curve of Figure 
18, large signal swing vs. frequency data is also available 
for all of the standard closed-loop configurations. Figure 
19 shows the curves that were obtained, again driving a 
1 kQQ load. 

Figure 20 slows the output swing capabilities for 
different load resistances and supplies. In determining 
these curves, a standard closed loop gain configuration of 
100 (R2 = 100 kQ) was used at room temperature with a 
1 kHz input signal. The output was observed while main- 
taining a THD < 5%. Supplies of +12 V, +15 V, and 
+18 V were chosen giving a 6 volt operating area about 
the nominal +15 V operating voltage. Intermediate values 
can be obtained by interpolation. The closed-loop gain 
configuration of 100 was used so that the 100 kQ. feed- 
back resistor would be large enough to not alter the 
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FIGURE 20 — Output Swing vs. Load Resistance. 
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effective load resistance. When a small value of R2 is 
used, it must be factored when determining the load size. 
As shown in Figure 20, a 1 kQ load is the practical lower 
limit. This is expected since the known output load 
current upper limit is 15 mA from +15 volt supplies. Re- 
moving the THD < 5% restriction and allowing the output 
to go into saturation produces the curve shown in Figure 
21. Here the 1 kQ load is used and the supplies are varied. 
The test circuit used was a standard gain configuration of 
10 at room temperature (+25°C) with a 1 kHz input 
signal. 

The improved performance of the MC1539 over its 
“Brand-X” counterparts is shown in Figure 22. The 
voltage follower pulse response (Figure 22) is as much as 
an order of magnitude better than its competition, which 
is not surprising considering the slew rate and response 
times specified for the device. 

Figure 23 shows the positive and negative common- 
mode limits for various supply voltages. The common- 
mode input can go further negative than positive due to 
the current source type circuits in the collectors of the 
input differential amplifier. Figure 24 indicates the com- 
mon-mode rejection at +25°C, with +15 volt supplies, for 
a circuit having unity gain compensation (worst case) over 
the frequency range. For lighter compensation, the rolloff 
does not occur as low in frequency. 


Temperature Effects 


The excellent temperature stability is partially shown 
in Figure 25 by plotting Common-mode Rejection vs. 
Temperature for fjp = 1 kHz at 20 V pk-pk, 
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FIGURE 21 — Output Voltage Swing (To Clipping) vs. Suppty 





and +15 volt supplies. The following equations are for 
calculating common-mode rejection (CMrej): 


€ 
*vem"® | (2) on] (49) 
CMrej = AVCM — AVOL (50) 


fin 
AVcm and AVOL are in units of dB. The circuit used is 
shown below the curve in Figure 25. 

Figures 26, 27, and 28 are reprints from the data sheet 
showing input offset voltage and current, and input bias 
current over the full temperature range. These curves again 
emphasize the superior temperature stability of the device 
and can be very important in some applications. One that 
comes to mind is a comparator circuit being driven from a 
voltage source having a reasonably high source impedance. 
The low bias current will cause very little error due to the 
high source impedance, and the very stable bias and offset 
currents over temperature will reduce the amount of error 
due to shift in the comparator’s reference point. 

Figures 29, 30, 31, and 32 show the variation in the 
closed-loop gain response curves over the full temperature 
range, —55°C to +125°C. Figure 33 illustrates the stability 


where ( €out | _is the common-mode gain in volts/volt and 
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FIGURE 23 — Common-Mode Input Voltage vs. Supply 
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of the devise’s power dissipation over temperature. This 
curve represents the device dissipation for zero output and 
+15 V supplies. 


Noise Considerations 


The MCi539 was not designed especially for low 
noise applications as was, for example, the MC1535. 
However, considering the very large open-loop gain 
(120,000 typ.) the device offers fairly good noise char- 
acteristics. 

Table VI shows a comparison of the noise at the output 
for five currently available monolithic operational ampli- 
fiers. 


= 
A 
°o 


L | fp tt 
he Ry te 






8 


1 
Py fei Pt tt 
tt pat Nop 
On 





40 kTa= +25°C 
+15 V SUPPLIES 


HH 





COMMON-MODE REJECTION CMyqj (dB) 
o 
o 


= 
o 


100 1k 10k 100 k 1M 


FREQUENCY (Hz) 
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FIGURE 25 — Common-Mode Rejection (CMrqj) vs. Temperature 


TABLE Vi — Output Noise Voltage Comparison 


Device Output Noise Voltage for Closed 
Type Loop Gain of 100 (Equal Bandwidths) 
MC1530 3.0 mV 
MC1533 1.25 mV (low gain) 
1.90 mV (high gain) 
MC1535 0.72 mV 


1.5 mV 
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FIGURE 26 — Input Offset Voltage vs. Temperature 
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FIGURE 27 — Input Offset Current vs. Temperature 
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FIGURE 28 — Input Bias Current vs. Temperature 


AN-439 (continued) 





LTT TT TTT TTT 
Eh | 
RE | 
| 
I ET TTA +2° ll 
DE een 
AN I 
TA PTT [es2scetWV [UTI 
| 







PL LT PTT ested] 
UAL sere 
UT 
a NLT 
TU 
RT | ea 
ereceereere MN ll 


Eliminated By Using 








GAIN (dB) 
GAIN (dB) 
a 
°o 















Heavier Compensation At 
The Expense of Slight 









































100 k 
FREQUENCY (Hz) 


1M 





10k 
FREQUENCY (Hz) 






100 k 





10k 


2200 pF 





FIGURE 31 — Ac, = 100 Response vs. Temperature. 
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FIGURE 30 — Ac, = 10 Response vs. Temperature FIGURE 32 — Ac, = 1000 Response vs. Temperature 
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Figure 34 offers what should be a very practical and 
useful set of curves by showing output noise vs. source 
reistance for closed-loop gains of 1, 10, 100, and 1000. 


CIRCUIT APPLICATIONS 

This section includes some circuit configurations sug- 
gested to make the MC1539 a more versatile device. Also 
included are some test circuits used to observe parameters, 
and applications using the MC 1539. 
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FIGURE 34 — Output Noise vs. Source Resistance 











FIGURE 35 — Output Nulling Circuit 


Output Nulling 


It has been shown that the error due to the bias current 
can be compensated by setting (see Figure 35) 


RiR 
R3= ac hae ae (51) 
Ri +R2 


There will still remain, however, an output error term due 
to the input offset current and voltage. This output error 
can be nulled out by introducing a small current source at 
either pin 1 or pin 8. This adds current to, or takes current 
out of one node which allows the output to be nulled. 
The 1 MQ resistor offers sufficient impedance so as not to 
alter proper circuit operation. 


Kio and Vio Test Circuit 

The input offset parameters, voltage and current, and 
their stability with temperature variation are two of the 
many reasons why the MC15339 is a second generation de- 
vice. The circuit of Figure 36 will allow the user to 
measure Ijg and Vio for himself so that he might become 
more confident in the excellence of the MC1539. The 
operation of the test circuit is as follows: 


MC1539G 


FIGURE 36 — Input Offset Test Circuit 
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1. Close S1 and measure Eo. Call this voltage E1. 
2. Open S1 and measure Eo. Call this voltage E2. 
The following equations define the offset parameters: 


_ Fl 
Vio7R>\ volts (52) 
(x) 
___iE1 ~ 2 
" R3(1 +2 ) amps. (53) 
1 


Equations (52) and (53) are developed, along with the 
test circuit in Appendix A. 

Substituting some numbers into equations (52) and 
(53) let 


Ry = 512 

R2 = 5.1kQ 

R3 = 100 kQ +1% 
then 

E] 
Vio =—— volts, 
1° “100 

and 

lio = ee Sas Fa amps 

10" G+ 100) (105) ” 
Comparator 


The low input bias current (Ip) and input offset current 
(lio) plus their excellent temperature characteristics and 
the very high slewing rate make the MC1539 a good device 
to use as a comparator. Figure 37 shows one comparator 
configuration that has been used with good success. The 
zener diode connected to pin 5 limits the positive going 
waveform at the output to about 2 volts below the zener 
voltage. The silicon diode connected to the output limits 
the output negative excursion to protect the logic circuit 


INPUT SWEEP 
SIGNAL 
= 20 KHz 


©) = —" 
-15V Sk +15v —15V 


that is being driven. The output parallel RC network pro- 
vides two functions: first, recalling charge control con- 
cepts,” it is known that a parallel RC network can be 
made to match the input characteristics of the logic cir- 
cuit, eliminating any reduction in response time due to RC 
charging time; second, some saturated logic circuits 
(MRTL for example) have a rather low value of input 
base resistance, Rp, (as low as 450Q), and the additional 
resistance in series with the output will help minimize the 
output current overload problem. 


One thing that should be pointed out to avoid trouble 
when trying to use the MC1539 in a “parallel bank A-D 
converter” type of application, is that when the differ- 
ential input voltage exceeds about 750 mV, the input 
protective circuitry begins to draw current. The effect is 
that when the differential input exceeds that amount 
needed to cause one of the input diodes to conduct, the 
input impedance of the comparator is reduced, causing a 
relatively heavier load to exist on the source. In the 
circuit of Figure 37, this is of no concern because only 
one comparison is being made; however, if 32 comparators 
were paralleled to perform a 5-bit high speed A-D function, 
then error problems can arise when input signal source 
impedance is not low enough. Many of the 32 paralleled 
comparators will have differential inputs in excess of 
750 mV. One solution to this dilemma is to use a 
different type of comparator, like the MC1710 or the 
MC1711. 


Supply Protection 


If there is concern about the possibility of the +V supply 
leads being reversed in a system, which could have rather 
disappointing results, the simple circuit shown in Figure 
38 is offered as food for thought in this area. The MZ500-23 
zener diodes exhibit an 18 volt (typical) zener knee and 
will remain non-conductive if the +15 V leads are switched 
to the device. This type of protection might be worth 
considering during the bread-boarding phase of a program 
where there is a limited number of sample devices to 
evaluate. With the diodes in position, the output voltage 
swing is obviously reduced since the effective supply 
voltage at the device has been reduced by two diode 
forward-voltage drops. 





FIGURE 37 — Voltage Comparator 
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MZ500-23 


FIGURE 38 — Supply Protection 


Voltage Follower 


As has been mentioned before, the MC1539 is an 
excellent choice for the voltage follower application. 
Figure 39 illustrates this configuration. Unity gain com- 
pensation is shown since the device is being operated in a 
non-inverting unity gain mode. 

The MC1539 does not experience the common-mode 
latch-up problem that the 709-type amplifier is plagued 
with in this configuration. This allows the output to be 
tied directly back to the (—) input, pin 2, as shown in 
Figure 39. 

Recalling from Equation (22) the output impedance 
for this configuration at low frequencies is 


z= £4 kQ) (1 + 0) 
out 1.2x 105 


= 3.33 x 10-22 


= 33.33 milliohms, (54) 


which represents a relatively good voltage source. The 
input impedance can be approximated as 


7, =__AVOL@) Zin 
m ——__—_—_—_—_- 


R] 


and at low frequencies 


Zin= 2% 105) (3.00 x 105) 
VF. 1+0 


=3.6x 10109 (56) 


which is indeed high. However, the input impedance is 
limited by the value of the common-mode input im- 
pedance and the value expressed in Equation (56) is a 
theoretical value. However, one can expect the input im- 
pedance for the voltage follower to exceed 100 MQ. With 
these input and output characteristics, the device makes 
an excellent buffering element. 


FIGURE 39 — Voltage Follower 





FIGURE 40 — Summing Amplifier 


Summing Amplifier 


When thinking of operational amplifiers, traditionally, 
the analog computer summing amplifier application comes 
to mind. Because of the high open-loop gain found in the 
MC1539, the device functions with a small amount of 
loop-gain error as a closed-loop summing amplifier. Figure 
40 illustrates this classic configuration. To minimize the 
output error due to input bias current, the Rg resistor 
value should be selected to equal the dc Thevenin 
equivalent seen looking out of pin 2: 


Rg = Ra i Rg ll Rc ll RF. (57) 


Another point worth mentioning is that the input lag 
compensation need only be sufficient to handle the 
highest gain condition. Compensation must be suitable 
for the closed loop gain ratio of 
RF 
Ra Il Rp il Rc 


For the configuration shown in Figure 40, the output 
is expressed as 


RF RE RF 
Eout = — +—L Ep +— 
‘out E EA Re EB Rc te (58) 





FIGURE 41 — Differential! Amplifier 
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VNOISE < 0.1 mV RMS 


FIGURE 42 — Low Noise Output 


MC1539 





Differential Amplifier 
Another classic configuration that comes to mind is 
that of the differential amplifier. The basic configuration 


is shown in Figure 41. Again for best input offset error 
cancellation, one should select 


Rc = Rall Rp, (59) 


and the resulting output expression is 


- _| RF RF RF 
Eout = —|——Ea+—Ep| + |1+—=JEc (60 
E RB Rc as 
where Rc is defined in Equation (59). 
Again, the R4Cj compensation should be sufficient to 
handle the gain condition of 


Ra RB 
(x + Re) 


GAIN (dg) | COMPENSATED 
AMPLIFIER RESPONSE 
FEED-FORWARD 
RESPONSE 
COMBINED RESPONSE 


FREQUENCY (Hz) 


FIGURE 43 — Basic Feed-Forward Circuit 





FIGURE 44 — Unity Gain Feed-Forward Amplifier 


Low Noise Circuit 

The need arises from time to time to further suppress 
the amount of noise at the output of the MC1539 in a 
closed-loop mode. As an example of this consider an 
application where it is required to operate in the non- 
inverting gain of 100 mode with a source impedance of 
about 30022. The circuit is also required to operate at 
reasonably low frequencies with output noise of less than 
0.5 mV-rms. 

From Figure 34, for a closed-loop gain of 100, 
Rs = 300Q, and using a standard R4C compensation, 
about 1.4 mV-rms of noise can be expected at the output. 
By further suppressing the noise at the output stage of the 
amplifier (pin 5) it is possible to achieve much higher 
noise suppression at the expense of closed-loop bandwidth. 

The circuit of Figure 42 illustrates this solution where 
the output noise measured is less than 0.1 mV-rms and the 
circuit bandwidth is about 5 kHz. 

Feed-Forward Technique 

The MC1539 was designed with the feed-forward idea 
in mind. The basic principle in the feed-forward concept is 
to extend the power-bandwidth of the amplifier by routing 
the high frequencies around the first two stages of the 
operational amplifier, as seen in Figure 43. The high 
frequency boost circuit is designed to complement the 
natural roll-off of the compensated closed loop amplifier. 
The high frequency circuit takes over completely when 
the input frequency is too high for the input stage to 
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FIGURE 45 — Feed-Forward Amplifier Response. 





respond, and the ultimate roll-off is due to the output stage 
which must pass all frequencies, and the expected roll-off 
due to the feed-forward amplifier. 

Figure 44 illustrates the MC1539 with the feed-forward 
amplifier in place. In this particular configuration, a 10 
volt pk-pk output (unity gain) was obtained at frequencies 
in excess of 1 MHz. By increasing the gain of the feed- 
forward amplifier, a 10 V pk-pk output signal (closed 
loop gain of 10) has been obtained at 2 MHz. 

The feed-forward concept offers a fast responding, 
slow settling, response to a step function input. The re- 
lationship is developed in Appendix C, and the band-pass 
qualities of the feed-forward amplifier are illustrated in 
Figure 45. 
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APPENDIX A 
INPUT OFFSET TEST CIRCUIT DEVELOPMENT 





FIGURE A — Basic Circuit for Offset Analysis. 


Assuming the basic circuit shown in Figure Al, where 
the amplifier has very high open-loop gain, (kg > ©), the 
following can be equated: 


Eg = ko(V-e) (Al) 
Vo = -I2R4 (A2) 


€ = E-1)R3 (A3) 

E = -IxR] (A4) 

Ix = I1-IpF (AS) 
_ Eg-E 

ip = = A6 

F Ro (A6) 


These six equations can be combined and reduced (assum- 
ing kg > ©) as: 


Eo = —kgRa4lI2 + koR31} ae koE (A7) 


BE =-Rlg,_ruy —Rig. (A8) 
R2 R2 





FIGURE A2 — Signal Flow-Graph of Basic Circuit. 
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Equations (A7) and (A8) are easily flow-graphed, as shown 
in Figure A2. 
The output voltage (Eo) is calculated as 


Fo=I2]RaC +%a] <i Ex +B + (A9) 
Rj Rj 


Equation (A9) shows the output as a function of Ij and 
Ip. These two currents include both Ip and Ij terms as 


tl 
Ip = (A10) 


lio =|I1 — 12] . (All) 


To eliminate the effect of the bias current (Ip) term in the 
output, let R3 = 0 and Ij =12. Eg must now equal zero: 


Eo# frac +33] ly [Ro =0 
R2 a 

R4g4(1+—5 R2=0 
Rj 


=_RiR2 (A12) 
Rj + R2 


Equation (A12) shows the optimum value of R4 for 
eliminating the Ip error term in the output voltage. 

Figure A3 illustrates a test circuit that allows the 
R3 = 0 selection. From Figure A3, if the output is alternate- 
ly measured with R3 shorted and with R3 in the circuit, 
the difference between these readings is proportional to 


$1 


\ 


Nove wl ae tN 





FIGURE A3 ~ Offset Test Circuit 


As an example, let 
Ry = 51 
R2=5.1kQ 
R3 = 100k + 1%. 


Illustrative values for E1 and E2 might be 


lio. The output when R3 = 0 is called Ey, when R3 = 0, E; = 83 mV 
it is called E2. The offset equations follow as 
E E2 = 363 mV. 
Vio=—L , (A13) 
(22) Then from Equations (A13) and (A14), 
R] 83 mV 
io = (1+ 100) = 0.82 mV 
E, -E 
lio = E1 Fal (Al14) 
R3 (1 +e) lio = ——280 mV__ = 27.7 ni. 
R] (100 kQ) (1 + 100) 
APPENDIX B 


DEVELOPMENT OF POLE LOCATION 
FOR INPUT LAG COMPENSATION 


Figure Bl represents the model for the input lag com- 
pensation. Writing loop equations, the following are 
obtained: 


as 1 1 
Cin =[Ry +——} 1] ———I 
in e SC 1 SCx 2 


oe | 1 1 
0=-— [1] + +—— +). Bl 
SC, 1 (Re sc, * SC; 2 (B1) 





FIGURE B1 — Equivalent Circuit for Input Lag Compensation 
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and the output is either 


cout = (Re +) 1, (B2) 


or 
1 
€out =—— lh. (B3) 
‘out SC] 1 
To formalize the notation, the system equations can be 
expressed as: 


ein 211 Z12 Ty 


0 221 z22 } {12 (B4) 
where 
211 = Rx + — 
SCx 
SCx 


1 1 
Z = + + —— . 
22 = R4 SG, * 36 


Using the above, 


fe] =(Z) fl]. (BS) 


and if the system matrix [Z] has an inverse, the current 
matrix can be solved for as 


(1) =(Z)-! [E] (B6) 
where 
| 222 : | 
zy 12 £721 . Z11 (B7) 
and 
A= 21] 222 — 212 221 - (B8) 


Combining Equations (B6) and (B7), obtain 


qj 222 «0212 fin 
A A 
= ; B9 
12 pes Fl 0 ik 
A Ay Lb J 
or 
iF 292 “in 
= A B10 
I, 221 “in ce) 
A 


Using these results in Equation (B2) or (B3), it can be 
shown (with rather messy algebraic manipulations) that 
the voltage transfer function for either expression is 


€out = K (Sta) _ Bll 
@in S2t+(bc)/Stc Se 





where 
k=_1 
RxCx 
1 
R4C] 
b = RxCx + RxCj + R4Cj 
1 
c= RxR4CxC] 








a= 


Looking at Equation (B11) it is seen that the transfer 
function is a first order function divided by a second 
order function. The first order zero is purely a function of 
the frequency compensation components R4 and C1, as 
shown in Equation (27). 

The two poles are functions of not only the external 
components (R4 and C1) but also of internal parameters 
(Cx and Rx). 

From the Equation (B11), the poles are given by 


- —be be, 2 
P22 ae Go os (B12) 


or 


—be 4 
P = 1+ ~—- B13 
127° | 5 | (B13) 


The number inside the bracket in Equation (B13) will be 
either very small or approximately two. This indicates 
that one pole will be very small and the other will be 
approximately —bc. 

Solving Equation (B13) on the computer for sufficient 
accuracy, the pole locations (and the zero locations from 
Equation (17) in the text are shown in Table A. 


TABLE A — Frequency Compensated First Stage 
Pole and Zero Locations 





The previous analysis holds only for the R4C1 input 
lag compensation combination. For the gain of 1000 
compensation (R4 = 0, Cy = 10 pF) the 350 kHz pole is 
merely shifted to about 60 kHz. 
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APPENDIX C 


BASIC FEED-FORWARD STEP 
RESPONSE ANALYSIS 


Figure C1 illustrates a Bode Plot of the combined 
feed-forward, closed-loop system response. For a unit 
amplitude step function input, we can write, in Laplace 
notation: 


Vout = Vin - AV(s) (C1) 
Ao (1 +7, _) 


Vant = oe 
muy sa +5) (1 +5.) 
Py P2 


AoP1P + 
Vout = oP 1P2 (S + Z}) 


‘ (C2) 
Z] S (S + Py) (S + P2) 


or in a slightly more directly usable form, 
Vout = ZI 


(S+P])(S+ Po) S(GS+P)) S+P5 


(C3) 


To find Voyt as a time function it is necessary to take 
the inverse Laplace transform of Equation (C3): 


Vo (t)= £1 [Vout(s)] - (C4) 


by using a set of transform tables, Equation (C3) in the 
time domain becomes 


Vo (t) = AoP1P2 gl = eP2t 
Z} (Pi — P2) 


(C5) 





_ Z1P2 (1 — e Pity — Z)Py (1 — e Paty 
P1P2 (P2 — Pi) 
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FIGURE C1 — Bode Plot for Feed-Forward System 


AoP1P2 1 Z1 | 
) 


Combining terms and rearranging, 


AoP1P2 
Veja Agee ee 
o (t) = Ag + Z (P) ~P}) | ab 
- Pit), 41 -P2t¢, _ Z1 
f (1 P} ) ( P> ) 


which represents an exact expression for vo(t) as a function 
of pole and zero locations. 

The zero (Z1) is referred to as a “phantom zero”. The 
optimum output response results when Z1 cancels with 
P1. For phantom zero cancellation let Z1 = Pl (1 + €) 


where € is small and P2 > P1 (ie., Pl or so). 
P2 400 
If the following assumptions are made, 


P2 


Pidite) gy 
P2 


x Ao P2 
(1 + €)(P2 — P31) 


then with algebraic manipulations of Equation (C6), the 
output voltage expression is of the form 


Vo (t) * Ko [e (1 —ePit)+ (1 — eP2t) (C7) 


which is illustrated in Figure C2. 
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FIGURE C2 — Output Voltage-Time Response 
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AN-446 
THE XC170 128-BIT READ ONLY MEMORY 


INTRODUCTION 


A Read Only Memory is a digital storage device 
containing information that cannot be altered during the 
normal operating sequence. Such a memory is often 
referred to by such titles as fixed-constant memory, 
non-alterable memory, fixed-program memory, etc. The 
semiconductor Read Only Memory (ROM) described 
herein has information stored during the manufacturing 
process that cannot be electrically altered. The storage 
pattern is inserted as the final step in the processing 
sequence and hence the user can obtain a given function 
in a custom integrated circuit at a price based upon the 
development of a single mask and the related processing. 

The Motorola XC170 128-bit ROM is organized as 16 
words by 8 bits. Four address bits (see Figure 1) provide 
binary-coded inputs to select the desired word. The chip 
also contains four enable inputs useful for address 
expansion. (The availability of enable inputs depends 
upon the package, two enable inputs are provided in the 
16-pin package.) A word line is enabled (in high or sy? 
state) when all enable inputs are driven high. With the 
connections as shown in Figure 1, word line 0 will 
forward bias the word-line buffer transistors Qg,9 through 
Qo,7- The current from the word-line buffer transistors, 
Qo,0, for example, flowing through R1 will forward bias 
the base-emitter junction of the bit 0 output transistor 
Qpo and cause the output to go low. Under these 
conditions the presence or absence of connections 
between the emitters of the word-line buffer transistors 


Chip 
Enable 
inputs 


Word 
Line 


Address 
Inputs 


and the resistor connected to the base of the output 
transistors (between Qo,o and Ry for bit 0) determines 
the presence of a stored “1” or a “O” for each bit. If the 
connection is present and the output is low, a “1” is 
stored for that particular bit. Hence, the circuit is initially 
constructed with all “1’s” stored and is programmed with 
the desired “0’s” by etching away the link connections. 
Wired-ORing on the outputs is facilitated by the open 
collector outputs. The output transistors are capable of 
sinking 20 mA. 

ROMs with a basic organization as described above may 
have a transient characteristic that is undesirable in some 
applications. This is only true for certain storage patterns. 
A “glitch” (a positive pulse in this case) may occur in the 
output waveform during a transition between two address 
states for all bits where both words contain a “1”. In 
reference to Figure 1, suppose word 0 and 15 both had 
“1s” stored for bit 7. An address state change from word 
0 to word 15 will cause word line 0 to go low and Qp 7 to 
turn-off. The same address state change will cause word 
line 15 to go high, turn Q; 5.7 on and drive the bit 7 
output low. However, there is rio guarantee that Qo 7 will 
not turn off before Q,5 7 tums on and cause the bit 7 
output to go high temporarily. These transition pulses 
may occur even if only one address input changes state. 

It should be emphasized that this transition pulse 
occurs only if the corresponding bits of both words 
contain “1’s”. In most applications the transition pulse 
does not affect system operation or can be eliminated by 
(1) added output capacitance or (2) gating stages. 
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FIGURE 1 — 16 Word, 8 Bit Read Only Memory 
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APPLICATIONS 


A large number of read only memory applications fall 
into the random accessing category. This classification of 
ROM applications may also be thought of as code 
translation since in these instances the function of the 
memory is to convert an address code to the code stored 
at that address. This basic concept can be used for a 
variety of system tasks. Typical random accessing 
applications discussed in this note are: (A) binary to 
one-of-N decoding (B) binary to two-of-eight decoding (C) 
data distribution (D) BCD to seven-segment indicator 
lamp decoding (E) binary to sixteen-segment lamp 
decoding (F) logic function generation (G) simple parity 
checking (H) Hamming single-error parity generation and 
detection (I) right-most one detection (J) right-most one 
detection and zeroing. These examples will serve to 
illustrate the possible uses of ROMS in the random 
accessing category. 

Many other uses for read only memories belong in the 
sequential addressing category. These applications utilize 
the code translation function of a ROM and, in addition, 
use sequential addressing of memory locations to generate 
a series of coded information. 
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FIGURE 2 — Binary-to-One-of-Eight Decoder 


A fundamental operation in digital system is to 
perform, under direction of the system control, a 
sequence of operations on digital data. This fundamental 
operation is required whether the machine is 
wired-program controlled, stored-program controlled, or 
any of the intermediate compromises. In a stored program 
computer there are many sequences such as a sequence of 
instructions or the gating sequences necessary to process a 
single instruction. Many wired-program machines contain 
or can be organized to contain sequencing type circuits. 
Read Only Memories such as the Motorola XC-170 can 
provide the above sequences and thereby incorporate the 
advantages of arrays into many systems. 


I. RANDOM ACCESSING APPLICATIONS 


A. Binary to One-of-N Decoding 

A binary to one-of-eight decoder can be constructed 
utilizing a ROM chip with the storage pattern shown in 
Figure 2. The three binary-coded inputs drive address lines 
Ao» Aj, and A>. Address line A3 as well as the enable 
inputs can be used for enable gating in this scheme. Note 
that the output is low for the selected bit and hence 
inverters may be required at the output in some 
applications. The need for these inverters can be 
eliminated by utilizing the inverted pattern shown in 
Figure 3 which provides a high output for the selected bit. 
In this variation the chip enable inputs must be 
permanently high to keep the outputs low when not 
selected. This has the disadvantage of preventing the use 
of the enable inputs for gating. A one-of-sixty-four 
decoder (Figure 4) can be constructed using nine ROM 
packages with the storage pattern of Figure 3. 

A third useful one-of-eight decoding pattern is shown 
in Figure 5. Address line A, acts as an inversion control 
for the output. Hence a single part number could be used 
in two designs requiring inverted outputs. 


B. Binary to Two-of-Eight Decoding 

A four-bit binary to two-of-eight decoder is useful in a 
variety of applications including memory address 
decoding. A storage pattern fulfilling this application is 
shown in Figure 6. 

Note that bits 0-3 decode address bits A2 and A3. 
Similarly bits 4-7 decode address bits Ag and A). This 
circuit can also be thought of as a dual two-bit binary to 
one-of-four decoder. 
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FIGURE 3 — Inverted ROM Storage Pattern 
for a One-of-Eight Decoder 
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FIGURE 4 — Binary to One of Sixty-Four Decoder 


C. Data Distribution 

A data distributor that routes input data to one-of-N 
outputs as directed by the control lines is often required. 
The simple data distributor shown in Figure 7 routes the 
data appearing on the single input data line to one-of-eight 
outputs according to the binaty information received on 
the three control lines. 

An ROM with the storage pattern described previously 
for a one-of-eight decoder can provide data distribution to 
one-of-eight outputs. If the data line (address input line 
A3 in Figure 2) is in the “1” state the output line 
specified by bits Ag, Aj, and A2 contains a “1”. The 
comments made previously concerning the use of an 
inverted pattern to eliminate output inverters apply here 
also. However, in the case of a data distributor the 
capability to perform. the wired “OR” function at the cell 
output may be valuable and so the non-inverted pattern 
(Figure 3) may be preferred. As an example of the use of 
ROM chips for data distribution, a circuit to distribute 
eight bits of data to one-of-eight registers is shown in 
Figure 8. The register selection bits specify which of the 
eight registers is to be the destination register. 

A slightly different data distribution circuit which 
makes use of the ROM wired “OR” output feature is 
shown in Figure 9. The information on the eight data lines 
is routed to the eight output lines as directed by the three 
control bits. Hence eight different combinations of 
routing are available. This system has some of the 
attributes of a switching matrix such as a crossbar switch 
in that the input data can be routed to any of the eight 
outputs as specified by the control. The various 
interconnection patterns can be generated: (1) external to 
the ROMs by utilizing a basic storage pattern such as is 
shown in Figure 2 and wiring the chip outputs for the 
appropriate interconnections or (2) internally in the 
ROMs by generating a separate pattern for each storage 
chip. 
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FIGURE 5. Inverting/Noninverting Decoder 
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FIGURE 6 — ROM Storage Pattern for a Four Bit Binary 
to Two of Eight Decoder 


D. BCD to Seven-Segment Indicator Lamp 
Decoding 


The typical ROM application requires that multiple 
functions be derived from a single set of input variables. 
The digit indicator illustrated in Figure 10 is an example 
of this type of requirement. In the indicator, the digits are 
illuminated by activating combinations of the seven indi- 
vidual lamps. For example, if segments 3, 4, 5, 6, and 7 are 
illuminated a three will appear. The indicator uses seven 
lamp lines in ten combinations to provide a full decimal 
display. 
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FIGURE 7. Basic Data Distributor 


The Motorola ROM, with its 16 word by 8 bit 
organization, readily provides the needed indicator codes 
when it is programmed as shown in Figure 10. In this 
example, the input digit information is in BCD and is 
translated by the ROM to the corresponding indicator 
code. ROM output bit O provides the drive function for 
indicator segment 1, output bit 1 provides the function 
for segment 2, and so on. Note that the remaining six 
BCD input states and the six corresponding ROM words 
could be used for other characters. . 
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FIGURE 8 — Data Distributor —— Distributes Eight Bits to One of Eight Registers 
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FIGURE 9 — Data Distributor — Distributes Eight Bits to Eight Output Lines 


E. Binary to 16-Segment Indicator Decoding 


A circuit to translate a six-bit binary word into the 
code necessary to drive a 16-segment indicator is shown in 
Figure 11. A possible character set is also shown. In order 
to achieve the translation with only five of the 128-bit 
ROMs, display of the symbols 0 through 9 is restricted to 
seven of the segments in the right half of the 16 segment 
indicator. Hence, the circuit shown provides 32 words 
with a 16-bit length for character display and 9 additional 
words for numeral display. 


F. Logic Function Generation 
A single cell of the ROM is capable of generating eight 

logic combinations of two, three, or four variables. The 
particular logic combinations desired will of course 
depend upon the system requirements. Many practical sets 
would probably include the following: 
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G. Simple Parity Checking 

A circuit to detect simple parity can be constructed 
with the Motorola 16-word, 8-bit ROM. Such a parity 
circuit has a low package count when compared with 
equivalent parity trees utilizing basic gate packages. All of 
the ROM chips needed to perform simple parity detection 
over a N-bit word use the same memory storage pattern. 

The parity tree utilizing ROM chips is identical in 
concept to the tree technique used for parity detection 
circuits realized with gates. However, instead of three bits 
per tree element, this particular ROM approach examines 
four bits within the basic element. 

The ROM cell is metalized to have a “O” in bit position 
7 for all memory locations where the four address bits 
constitute even parity. A “1” is stored in bit position 7 
for the remaining words. The ROM storage pattern is 
shown in Figure 12. 

A parity tree utilizing five identical ROM chips to 
perform simple parity checking over a 16-bit word is 
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FIGURE 12 — ROM Storage Pattern for an Even Parity Code 


shown in Figure 13. The bit 7 outputs from the four cells 
in the first level of the tree are the inputs to the single 
ROM needed for the second level of the tree. A “O” 
output from the second stage chip (ROM 5) indicates even 
parity and a “1” output indicates odd parity. 

The parity tree can be expanded as needed to provide 
parity checking over a long word. A tree with three levels 
of decoding utilizing 21 ROM packages can serve a 64 bit 
word. 


H. Hamming Single Error Detection and Parity 
Generation 


A single error in a word can be detected by adding an 
extra bit to the word. By adding several extra bits to the 
original word, the location (bit number) of the error can 
be identified. One scheme for performing this function is 
the Hamming parity code. Single error detection and 
correction over a word containing four information bits 
will first be described. 

The number of extra bits that must be added to the 
word is found from the inequality 2k > m + k + 1 where 
m is the number of information bits and k is the number 
of correction bits necessary. Hence, for four message bits, 
three correction or parity bits are necessary. These three 


parity bits, Pj, P2, P4 are inserted into the message bits 
M1, M2, M3, M4, in the sequence M4, M3, M2, P4, M1, 
P, Pj. Parity bit Pj is generated by requiring bits Pj, Mj, 
M2, M4, to possess even parity. P2 examines P2, Mj, M3, 
M4. P4 examines P4, M2, M3, M4. With the parity bits 
calculated and inserted, parity code generation is complete 
and the resulting seven bit word can be stored, transmitted 
or go through any other operation where errors may be 
induced. 
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FIGURE 13 — Parity Tree For 16 Bit Word 
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The following procedure is used to determine if an 
error has been induced into a word that possesses Hamming 
parity bits. The three parity bits are recalculated from 
the transmitted message bits using the above procedure. 
These new parity bits are then individually exclusive-ORed 
with the corresponding transmitted parity bits. An out- 
put from the exclusive-OR (non-match of parity bits) shows 
an error has occurred and by considering the parity bit 
weights will indicate the position of the bit in error. 

As explained, a single ROM memory chip can perform 
the parity generation function, but three exclusive-OR 
circuits plus a ROM are required to perform the error 
detection function over the four information bits. The 
ROM chip calculates the parity bits P}, P2, and P4 when 
the four information bits serve as the address bits. Each of 
the 16 memory locations is programmed to contain the 
proper parity information for Pj, P2, and Pq for the 
corresponding combinations of input variables. Note that 
only three of the eight storage bits are required. As shown 


in Figure 14 the parity bits P},P2, and P4 are generated 
by a direct read of the ROM. Error detection is performed 
by comparing the generated parity bits with the 
transmitted parity bits. 

Bits 1, 2, and 3 of the storage pattern shown in Figure 
15 specify the pattern required to generate P;,P2, and P4 
for the four message bits. (Bit 0 of Figure 15 is a simple 
odd parity bit. Bits 4-7 are used in a later example of 
Hamming parity generation.) 

The Hamming method can be expanded to cover longer 
words. Consider a word with 32 information bits. 
According to the Hamming parity formula, the number of 
correction bits, k, equals 6 for this case. Figure 16 indi- 
cates the message bits of this word that are checked by the 
6 parity bits. Here, as in the previous example, the idea is 
to choose a parity bit that will provide even parity for a 
new word composed of the generated parity bit and the 
message bits it covers. 
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FIGURE 14 — Hamming Single Error Detection and Parity 
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FIGURE 15 — Universal Storage Pattern for Hamming 
and Simple Parity Generation 














v 
— 
v 
ho 
7 
> 
v0 
co 
vu 
—= 
o 
*v. 
oy 
ND 


18 


= ~ on oO Oo 
© “N 


SSF 35 8 2 EF 
NN NIN NNN 
YO O]A ON = 


N 
Lh] 


N 
°o 


1 2 4 8 16 P32 


v 
vu 
uv 
v 
vu 





FIGURE 16 — Hamming Parity for 32 Information Bits 
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P, is calculated by examining the bits shown for all 32 
bits, ic. My, M2, Mq4, M5, etc. P2 is calculated by ex- 
amining message bits Mj, M3, M4, M6, M7, Mio. Mj1, 
etc. Figure 16 also shows which message bits P4, Pg, P16, 
and P32 cover. Since the Motorola ROM has four address 
inputs the word must be handled in groups of four 
message bits and parity trees must be used to calculate the 
six parity bits for the 32 bit message. As shown in Figure 
17, each ROM in the first level of the tree calculates the 
parity bits Pjg through P32s for each 4 message-bit word 
sections. (As used here the S denotes that Pjs is generated 
over a section or group of sections of the original word, as 
differentiated from the master parity bit Py which is cal- 
culated over the entire word. In figure 7, for example, the 
bit 7 outputs from the first level of the parity tree could 
be called Pg. Then the bit 7 output from ROM Z would 
be the master parity bit P.) 

The second stage of parity calculations is performed at 
the second ROM tree level. (ROM X and ROM Y in Figure 
17). The eight Pjg outputs of the first level (ROM A 
through H) are divided into two sets of four and serve as 
address inputs to ROM X and Y. The two Pjs outputs of 


ROM X and Y serve as address inputs to ROM Z. The 
output P, of ROM Z is the desired master parity bit Pj 
over the 32 message bits. Likewise, in calculating each of 
the other parity bits, P2, P4, Pg, Pig and P39, a separate 
2nd and 3rd level of the parity tree shown in Figure 17 is 
required. Altogether, eight first level, 12 second level, and 
three third level ROM chips are needed for Hamming parity 
generation over a 32 bit word. 

The preceding material serves as a general approach to 
Hamming parity code generation over a long word. An 
additional design constraint would probably be to require 
a single ROM pattern to be used throughout the design. 
Such a restraint may require more ROM parts than the 
method outlined in Figure 17. The following xanpE 
adheres to the single part number criterion. 

Figure 15 shows the entire ROM storage pattern for 
generating Ps, P2s, and P4g, etc. and inserting them in the 
proper sequence among the four examined message bits. 
The bit 7 pattern represents a simple parity calculation 
and can be used to perform the second and third stages of 
the parity calculation as indicated in Figure 17. The ROM 
contains a “0” in bit 7 for all words at the address inputs 
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FIGURE 17—Basic Concept of Hamming Parity Generation—32 Bits 
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that present even parity over all four bits. This represents 
even parity which is useful for simple parity checking. 

Figure 18 shows the 32 message bit word and proper 
spaces for six parity bits divided in a manner which allows 
the use of a single storage pattern in all ROMs needed for 
the generation*of Hamming parity bits Pj, P2, P4, Pg, 
P16, and P32. For convenience, word division differs 
slightly from the preceding example. The basic ROM 
storage pattern is the one chosen.to generate the required 
parity bits over message bits M23, M24, M25, and M26. 
(Section G of Figure 18, corresponding to ROM G in 
Figure 19). 

In this case, as in the previous 32 bit example, four 
message bits drive ROM address inputs Ag thru A3 and 
the ROM storage pattern generates the needed parity bits. 
Parity bit Pjs, appearing at ROM output G4 (ROM G bit 
4 output), provides even parity by examining message bits 
M24 and M6 (on address inputs Aj and A3). Similarly, 
P55 provides even parity by examining M25 and M26 
while P4s, Pgs, and P16s each examine M23 thru M26, 


Note that Py is generated by examining every other bit 
of a word formed by inserting the parity bits in the message 
bits as shown in figure 18. The basic storage pattern (Figure 
15) supplies even parity at the bit 4 output to satisfy the 
Ps requirement for the four address bits. The Pig re- 
quirement can be generated in a similar manner for any 
group of four message bits. Likewise, P2s is generated by 
examining the third and fourth message bits of each sec- 
tion. Since the basic pattern complies with this requirement 
by supplying even parity at the bit 5 output, a valid P25 can 
be generated over any group of four message bits. The 
same reasoning holds for P4s, Pgs, and P16, which gener- 
ate even parity over all four message bits and are supplied 
at the 6 and 7 output positions. The choice of outputs 
here depends on the fanout requirements of specific con- 
nections. 

Thus a single ROM storage pattern, as described in 
Figure 15, provides: odd parity over four message bits at 
output bit position zero; even parity over four message 
bits at outputs one, two, and three required to generate 
Hamming parity bits Pj, P2, and P4; and the even parity 
needed for longer message lengths at outputs four thru 
seven. This enables the user to purchase ROM chips with 
a single pattern versatile enough to accommodate most 
parity generation applications regardless of word length. 


By taking advantage of the simplifying relationships 
which resulted from the chosen message bit groupings, all 
the required parity bits can be obtained from this one 
ROM pattern. Section F, for example, requires an 
examination of message bits similar to that of section G 
except for P4g. Since section F does not enter into the 
calculation of P4, the ROM bit output corresponding to 
P4g of section F is not fed into the second level of the 
parity tree used in calculating P4. Sections H and I 
contain the only message bits examined by P32, hence the 
simple parity or four message bits section of the ROM 
pattern is used. P32g is obtained at ROM output 7. These 
and other circuit simplifications are summarized in Figure 
18. 
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1. Basic ROM pattern generated for bits 28 thru 31 (M23. 

M24, M25. M26) 

. Py requires examination of every section (A — 1) 

. P2 requires examination of every section (A — 1) 

. Pg requires examination of sections A, C, E, G, I with 
address input Ag (bit 4) of section A inhibited 

. Pg requires examination of sections B, C, F, G with ad- 
dress input Ag (bit 8) of section B inhibited 

. P4g requires examination of sections D, E, F, G with ad- 
dress input Ag (bit 16) of section D inhibited 

. P39 requires examination of sections H, | with address 
input Ag (bit 32) of section H inhibited 





FIGURE 18 — Hamming Parity for 32 Information Bits 
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FIGURE 21. Detect and Zero Right Most One Circuit 
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The complete circuit for generating P] showing the 2nd 
and 3rd levels of the parity tree is illustrated in Figure 19. 
As indicated, master parity bits P2, P4, Pg, P16, and P32 
each must pass, like Pj, thru 2nd and possible 3rd levels 
of a parity tree. An exclusive-OR comparison of each 
master bit with the corresponding transmitted parity bit 
must be made, to achieve error detection. 


Since a single ROM can provide both the Hamming and 
simple parity functions, the system to provide Hamming 
single error detection and parity over a word of 32 
message bits requires 22 chips plus comparison circuits as 
shown in Figure 19. The resulting hardware saving over an 
implementation requiring several hundred gates illustrates 
the value of the ROM to the system designer. For systems 
where error correction circuitry has been restricted 
because of hardware cost, the ROM now makes additional 
error control economically feasible. This will result in 
more dependable systems. 


I. Right-Most One Detection Circuits 


A circuit to detect the right-most one in a word is often 
needed in computers which scan peripheral units. The 
right-most one, as used here, means the least significant 
bit of the word that contains a logical one. The binary 
code for the bit location of the right-most one within a 16 
bit word can be provided by a circuit using four ROM 
chips requiring four bit patterns. This circuit is shown in 
Figure 20 along with the ROM patterns for the first 8 bits. 

Detection is handled in groups of four bits starting at 
the least significant. Note that, if all four bits contain 
zeroes, the ROM storage pattern provides an output that 
enables the next ROM while non-enabled ROM output 
transistors are off. Therefore, the first ROM encountering 
a logical one on its address inputs has control of the 
detection process and provides the binary coded address 
of the right-most one. 


J. Right-Most One Detection and Zeroing Circuits 


A frequent additional requirement for the previous 
circuit is the capability of providing an output which 
consists of the original word with the right-most one 
(RM1) zeroed. This new word can then be examined for 
the next right-most one. Each ROM chip of Figure 21, if 
enabled, must code the RM1 address and furnish bits for 
the next 16 bit word. ROM A, since it is the right-most 
chip, merely removes the right-most one it it exists in the 
first four bits. The pattern for ROM A and all following 
chips is derived as follows. If address input Ag is enabled 
(all bits examined by chips to the right of this ROM are 
zero) them ROM output bits three thru six should be the 
input address with the right-most one bit zeroed. A zero 
(a one somewhere to the right) for input Ag will pass the 
present input to the output without alteration. 


SEQUENTIAL ADDRESSING APPLICATIONS 
Many applications require a series of codes to be 

generated in sequence. The ROM can provide a sixteen 

word sequence of up to eight bits by either of two 


methods: by sequential addressing with the use of a 
binary address counter, or by the use of feedback from 
the ROM output. 

The block diagram of a sequence generator utilizing a 
16-word, 8-bit ROM is shown in Figure 22. The address 
counter, a four-bit binary counter, causes each of the 16 
words to be addressed in sequence. The code used for 
each 8-bit word will, of course, depend on the number of 
different operations to be performed. If only 8 different 
operations are to be performed a 1 of 8 code would be 
utilized. If many different operations are to be performed, 
a stage of translation utilizing additional ROM chips can 
be used to convert the storage code to a 1 of N code. 

The above sequence generation method can be 
expanded to provide longer, multiple-of-eight word 
lengths and longer sequences since larger read only 
memories are usually required for sequence generation. 
Two features of the Motorola ROM were specifically 
included to allow memory capacity expansion: enable 
inputs and wired-OR output capability. To illustrate the 
flexibility these features provide, a 64 word, 32 bit 
memory requiring no additional address decoding is 
shown in Figure 23. As shown, the address drivers must 
fanout to 16 ROMS. 

Sequence generators constructed from the XC-170 can 
be used to perform many essential functions for both 
stored program and wired program digital systems. Among 
these are: the generation of subroutines such as square 
roots, etc. and the control of gating sequence operations 
(micro-instruction generation). 

The previous discussion has dealt with the use of the 
ROM as a combinational circuit where the present inputs 
completely determines the output. It is also possible to 
use the ROM as a sequential circuit by using feedback 
from one or more of the output lines. 
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FIGURE 22. Sequence Generator 


Summary 

The XC-170 128 bit Read Only Memory can be used in 
a variety of applications where up to eight functions are 
to be generated from a 4-bit binary code. The basic chip 
permits input address expansion and has output wired-OR 
capability to allow the interconnection of several ROMS 
to form larger memories. System designers will find the 
Motorola 128-bit Read Only Memory an attractive 
alternative for custom design of integrated functions. 
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together to provide eight of 
the 32 bits in each of the 64 
words, 
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FIGURE 23-— 64 Word, 32 Bit Read Only Memory 
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A 50 MHz PROGRAMMABLE COUNTER 
DESIGNED WITH MECL II INTEGRATED CIRCUITS 


INTRODUCTION 


This note illustrates a programmable counter designed 
with elements of the MECL II digital logic family. The 
Divide-by-N Counter will receive any input frequency up 
to 50 MHz and produce a selected output frequency of 
Fin/N for any N from 2 through 999. Divide-by-N counters 
find applications in frequency synthesizers and other forms 
of digital processing instruments. The outstanding feature 
of the counter is its high input frequency capability that 
in many cases eliminates the need for any prescaling of a 
frequency before it is applied to the + N counter. 

The note is organized with an explanation of system 
operation followed by detailed design of each of the major 
sections of the counter. 


SYSTEM OPERATION 


Figure 1 is a block diagram showing the operation of 
the 50 MHz +N counter. The logic diagram of the counter 
is illustrated in Figure 2. The divisor N is programmed 
into the counter by three decades of BCD input data. 
This can be accomplished with decimal-to-BCD encoding 
thumb wheel switches or any other type of decimal-to- 
BCD data input methods. The binary encoded divisor is 


Gate 
Section 


7 MC1004 


BCD [Input 


9° 
MC1004 And 


000-999 
Decimal 
To 
BcD 


MC1010 


MC1010 


FIGURE 1 — Divide by N Counter Block Diagram 
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gated into the decade counters while the clock line is held 
high by the control section. When the high level is removed 
from the clock line the counter begins counting down. 
Near the end of the countdown, the control logic decodes 
the binary number six (0110) and initiates a sequence 
that: 1) inhibits the clock line, 2) while generating an out- 
put pulse and strobing the preset gating section to condi- 
tion the decade counters for the next countdown, 3) then 
removes the inhibit level on the clock line so that the 
counting sequence can begin again. 


DOWN COUNTERS DESIGNS 


The counter design uses MECL II JK flip-flops, the 
MC1013 or the MC1027, that toggle at a typical 85 MHz and 
120 MHz, respectively. Their four J and four K inputs 
and short propagation delays make these flip-flops highly 
versatile in logic designs. The pin configuration of the 
MC1013/MC1027 is shown in Figure 3. 

Three decade countersare used in the +N counter design: 
two 9-0 BCD down-counters and a 13-4 down-counter. The 
two counter types are designed in a conventional manner 
as illustrated in Application Note AN-257 and Tables 1-5. 

The use of four flip-flops in a down counter produces 
sixteen possible states as illustrated in Table 3. To forma 


Units Clock 
13-4 Driver 


Down 
Counter Meiles 


MC1027 


Tens 
9-0 
Down 
Counter 
MC1013 


Hundreds 
9-0 
Down 
Counter 
MC1013 


Output ~ 
Freq. 


Input 
Freq. 





Ws 


Wd 


AN-456 (continued) 


> 
iS 
a 
§ 
cw 
£8 
85 5 
20 a 
5 2 
5 fo) 
(oO) fo} 


MC1023 


MC1001 
LE 








_ 
me 


Pt 





Wa aa ate 


Ra 


00 


sae 
0-9 


BCD 
Tens 





Pin 7 = ~5.2 V (Veg) 
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FIGURE 2 — Logic Diagram of MECL 11 50 MHz +N Counter 
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counter of modulus ten, six of the possible states must be 
discarded. The counter must cycle through the ten desired 
states and, if started in an unused state, it must cycle back 
into one of the ten desired states to prevent lockup. 

The 9-0 down counter input conditions listed in Table 4, 
can be transformed intoa Boolean expression and simplified 
to the following equations by standard mapping techniques: 


AJ=0 AK =0 
By=CD+A BK =A 
Cj=A+D CK=A+B 


DJ=A+B+C DK=A 


These equations result in the 9-0 synchronous down 
counter shown in Figure 4. Note that an additional NOR 
gate is necessary to implement the C D portion of the BT 
equation. The following worst case calculations deter- 
mine the maximum operating frequency of the 9-0 down 
counter at 75°C. 


Required down time of the clock = 7ns 
tpd++ of the MC1013 flip-flop = 9ns 
tpd+- of the MC1023 gate = _4ns 
Worst case clock period = 20 ns 


Worst case frequency of operation = 50MHz 





TABLE 1 — Clocked J-K Truth Table 


NOTES: 








All other J-K inputs and 
the R-S inputs are at a 
“0 level 

















TABLE 2 — Ip-Kp Truth Table 
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TABLE 4 — 9-0 Counter Input Requirements 
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+ = Don’t care condition 


1. “Any one of the J or K inputs may be used. 

2. **Any Jand R inputs may be tied together to form Cp. 

3. -0.75 V nominal is defined as a logic “1” or high level and 
=1.55 V nominal is defined as a logic “O"’ or tow level. J and K 
refer to static levels while Jp, Rp, Ep refer to dynamic positive- 
going transitions for a 1". 

A high level on 3 i input inhibits the flip-flop from being 
set by a Jp input. Likewise a “1” level on a K inhibits a Rp 
from resetting the flip-flop. The J and K inputs perform the 

“OR tunction in preventing a Jp or Rp from setting or re 

setting the flip-flop. 


TABLE 5 — 13-4 Counter input Requirements 
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+ = Don’t care condition 


The 9-0 down counter design of Figure 4 is used for 
both the tens and hundreds decades and may also be used 
in the units decade, but with some loss in maximum fre- 
quency of operation. By using the faster MC1027 flip- 
flops in the 9-0 down counter in place of the MC1013 
flip-flops the calculated worst case frequency of operation 
at 75°C becomes 55 MHz. 

An unusual 13-4 down counter was used in the units 
decade. This design yields a decade requiring no additional 
gating, resulting in an improvement in operating frequency. 
By using Table 5 and mapping techniques the following 
equations are obtained: 


AJ=0 _ AK =0 
BJ=A+D BK =A 
Cj=A+B CK=A+D 
DJ=A+B DK=A+B+tC 


Implementation of these input logic equations results 
in the down counter of Figure 5. The following worst case 
calculations determine the maximum operating frequency 
for the 13-4 down counter at 75°C 


Required down time of the clock = 7ns 
tpd++ of the MC1013 flip-flop = 9ns 
Worst case clock period = 16 ns 


Worst case frequency of operation ~ 65 MHz 





TABLE 3 — Possible States 
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FIGURE 3 — Pin Configuration of MC1013/MC 1027 
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If the faster MC1027 flip-flops are used in place of the 
MC1013 flip-flops the calculated worst case frequency of 
operation at 75°C is 72 MHz. All worst case frequencies 
are for the decade counters only, and do not include any 
output decoding delays. With good layout techniques the 
total + N counter system will operate at 50 MHz over 
a temperature range of 0°C to +75°C. 


PRESET GATING SECTION 


The function of the gating section is to preset the divisor 
N into the set and reset terminals of the counter flip-flops 
when strobed by the decoder control section. The use of 
the 13-4 counter in the units decade requires that both the 
set and reset inputs of the four flip-flops be capable of 
being updated. There are two reasons for this requirement. 
First, the counter’s lowest binary count is 0100 (binary 4) 
and not 0000 (binary 0) precluding the simple setting of 


Input From O 
Previous 
Counter 
Decoder 

(tens clock or 
hundreds clock) 





To Decoder Gates MC1001/MC1004 


the four units flip-flops as is the case in the tens and hun- 
dreds decades. The second reason is the inhibiting of the 
clock at count 0110 (binary 6) by the control section. 
This results in the toggling of Flip-Flop A (Figure 5) toa 
“1” level and Flip-Flop B to a “O” level. Therefore, it may 
be necessary to reset flip-flops A or C for certain divi- 
sors. Only the set terminals in the tens and hundreds 
decades need be gated at the end of a count cycle since, at 
strobe time, these decades have already been counted down 
to zero. The unused reset terminals are returned to VEE 
(-5.2 V) on these two counters. The input gating section is 
illustrated in Figure 6. Note that the 9-0 down counter 
input gates require the 1-2-4-8 complements on their inputs. 


INPUT LINE CODE TRANSLATOR FOR 13-4 COUNTER 


The use of a 4-13 decade counter circuit to improve 
operating frequency requires that the units place of the 


Pin 7 = -5.2 (Veg) 
Pin 14 = Gnd (Vcc) 


FIGURE 4 — 3-0 BCD Down Counter Tens or Hundreds Decades 
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FIGURE 5 — 13-4 Down Counter Units Decade 4-MC1013 or 4-MC1027 
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divisor, encoded in a 0-9 BCD code, be converted to a 4-13 
code. This is readily done by the use of an MC1004 
OR/NOR gate. This circuit, illustrated in Figure 7, could 
be eliminated by having the 4-13 binary code externally 
available, as from a special thumb-wheel switch. In addi- 
tion, Figure 8 illustrates a decimal-to-BCD encoder using 
three 10-position switches and supplementary gating that 
could be used to provide the three required decades of BCD. 
In this encoder both the function and its complement are 
available. 





















NOTES: 
1. Switches are 10 position non-shorting. 


2. Numbers at inputs to gates indicate corresponding switch 
terminal. 


3. Veg pin 7 = -5.2 V, Vcc pin 14 = ground. 
. The 1-2-4-8 complements are available 
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FIGURE 8& — 3 Decade Decimal to BCD Encoder 
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FIGURE 10 — Control Timing Diagram 


CLOCK DRIVER AND DECODER 


The input frequency is fed into an MC 1023 clock driver, 
one half of which drives the four flip-flops in the units 
decade. The other half drives control Flip-Flop #2 and 
gate #5. (see Figure 9). Another MC1023 (gates la and 1b 
in Figure 9) is used in the units decade to decode a 0100 
(binary 4) for the carry output, which drives the next de- 
cade counter, and a 0110 (binary 6) for the overall output 
decoding sequence. The sequence of events can be followed 
more easily by referring to Figures 9 and 10. This timing 
diagram represents the last portion of the decoding sequence 
for the units decade after previous decades have counted 
down to zero. 


As the +N system counts down from its preset number 
(the divisor, N), the units decade repeatedly cycles through 
its 13 to 4 sequence. When the hundreds and tens decade 
have counted down to zero, a feed-forward signal is pro- 
duced by an MC1001 six input OR/NOR gate connected 
to the tens decade as a four place binary zero (0000) de- 
coder. This low feed-forward signal enables the decoder 
in the units decade (1b in Figure 9) to detect the next 
count of six. 

Six nanoseconds after the count of six reaches the units 
decade clock input, the Q output of Flip-Flop A goes low. 
Then, two nanoseconds later, (typical MC 1023 delay) the 
NOR output of the count of six decoder goes high. This 


high level sets the Q output of control Flip-Flop 1 to a 
logical “1” level and the Q output to a logical “0” level, 
after a five nanosecond delay. (Typical delay from set/re- 
set inputs to Q/Q outputs). 

Prior to this time, the Q output of Flip-Flop 1, which is 
wire ORed with clock A, remained at a low level and did 
not affect the toggling of the units counter by the positive 
transitions of the clock. (In a MECL system if any of the 
input paths to a wired OR connection are at a high level, 
the OR connection is maintained high). When the Q out- 
put of control Flip-Flop 1 is set to a “1” by the NOR out- 
put of the count of six decoder, the OR connection changes 
from low to high. The counter is thus inhibited while the 
strobe pulse presets the counters. Although the units 
counter is inhibited, the final events are sequenced by the 
control section so that no count is lost. 

The logical “0” level on the Q output of control Flip- 
Flop 1 enables control Flip-Flop 2 to toggle on the next 
positive transition of clock C (count 5), after an eight 
nanosecond delay. At this time the Q output of Flip-Flop 
2 goes low and its Q output goes high. The Q transition is 
the start of the counter output pulse. 

Since the Q output is wire ORed with clock B, (the 
MC1023 clock driver, gate 5 in Figure 9) which is still in 
the positive portion of count 5, the OR connection is held 
high until the negative transition. The fall of clock B then 
serves as the leading edge of the strobe pulse. The strobe 
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pulse is terminated ten nanoseconds later at the positive 
transition of clock B entering count 4. 

The count 4 positive transition on clock C will toggle 
control Flip-Flop 2, after an eight nanosecond delay. The 
change of state of the 0 output terminates the 20 nano- 
second output pulse. The same count 4 positive transition, 
that occurs two nanoseconds later on clock B than clock 
C, also toggles control Flip-Flop 1, after an eight nano- 
second delay, to end the control sequence. 

Expansion of the + N counter to accept larger divisors 
can be accomplished in the following manner. By dupli- 
cating the decoding design employed in the tens decade, the 
hundreds decade can accept a feed forward decoding pulse 
and also generate a carry pulse. This is the only modifi- 
cation necessary for the addition of more BCD decade 
counters. 


SUMMARY 


This note has illustrated the use of emitter coupled 
logic as applied to a divide-by-N counter system. The use 


of this logic family provides a considerably higher operating 
frequency than is obtainable in a +N counter system using 
a saturated logic family. The worst case data given in this 
note are conservative and, therefore, intended for system 
design. Due to the high frequencies of operation, perfor- 
mance depends heavily upon system layout and the counter 
will work best when used with two-sided printed circuit 
cards where lead lengths have been minimized. Since the 
introduction of higher speed MECL III, the + N counter 
can be fabricated to operate in the 100 MHz + area. 
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A SIMPLE TECHNIQUE FOR EXTENDING 
OP AMP POWER BANDWIDTH 


INTRODUCTION 

Unity gain compensation for operational amplifiers 
usually yields the poorest slew rate and consequently the 
lowest frequency-large signal swing. The listed 3 dB point 
may mean nothing if the available output swing is only a 
fraction of a volt and you need 10 volts. For most amp- 
lifiers slew rate is dependent on the size of the compen- 
sating capacitor at the input stage; the larger the capacitor 
(largest at unity gain), the lower the slew rate. One way to 
get unity closed loop response and still maintain large 
signal swings, is to reduce loop gain and use only as much 
compensation as needed. A simple method of achieving 
this is illustrated in Figure 1. 





CIRCUIT ANALYSIS 

To analyze the circuit, error voltage € may be approx- 
imated by assuming Zjn >> R3. With this assumption, 
Figure 1 may be redrawn as Figure 2. 

By resolving the voltage sources and their apparent 
source impedances (Rj & R3) into current sources, the 
circuit can be given in Norton form, Figure 3. 

The error voltage can then be calculated as: 


e1 , e2 
€= E + 2 ie || Re || ns 


let Ry || Re || R3 = Req 


FIGURE 1 — Operational Amplifier Compensated for Unity Gain and 
Large Signal Swings. 
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then, FIGURE 2 — Equivalent Circuit of Figure 1 for Calculating Error Voltage. 
e2 = -AVOLX€ 
_ -AVOL x ¢1 X Req r -AVOL X €2 X Req 
e7 = 
R} R3 
e2 _ -AVOLx Req 7 G 
SES Ry | =- re (1) 
el Sa es ee 1+ GH 
14 VOL Req 
R3 
R, 
where G = AYVOLX Fa 
Ri 
H = RL Figure 3 — Current Generator (Norton) Equivalent of Figure 2 for Error 


R3 Voltage Calculation. 
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FIGURE 4 — Normal Inverting Amplifier. 
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FIGURE 5 — Large-Signal Output Swing versus Frequency for the 
MC1533G Operational Amplifier. 





FIGURE 6 — Compensation for Eliminating Offset Multiplication. 





The feedback (H) is the same as in the normal invert- 
ing configuration, but the loop gain (GH) is lower. This 
permits use of lighter compensation (smaller capacitor). 
Compensation needed may be estimated if the loop gain 
for this circuit is compared to that of the normal invert- 
ing amplifier (Figure 4). 

Amplifier compensation given in data sheets for given 
values of gain actually apply more correctly to the value 
of loop gain 





AVOL R4 
R4 + R5 
This is related to the closed loop gain by: 
R4| _ AVOL 
GH ~ Avot x|—] = 
ox x/x4] - 


where K = closed loop gain. 
From Equation (1): 


GH = AVOL x | 
R3 


R 
For compensation purposes, then, Ke = oeae (2) 
q 
Usually the highest data sheet slew rate is that given for 
K = 100. Designing an example around this value, assume 
Rj = R3 = 100 kQ. 


R3 R3 

— = 100~— forR2 <<Ry,R3 
Req R2 

R2 = 1kQ. 


The expected large signal swing for the example can be 
found from the data sheet for the device used. Motorola’s 
MC1533G data sheet lists the expected output swing vs 
frequency for several values of compensation, (Figure 5). 

From these curves the large signal (20 V p-p, 5% THD) 
bandwidth should be increased from approximately 2 kHz 


to 70 kHz by going to K = 100 compensation (curve 3). 


The circuit of figure 6 was built and the power band- 
width was 110 kHz (20 V p-p, 5% THD). Note that the 
compensation is much less than the 1 uF suggested for 
unity gain. This same amplifier, connected in the standard 
inverting configuration showed a unity gain power band- 
width of 1.8 kHz (20 V p-p, 5% THD). 


_ TRADEOFFS 


From the reduced loop gain if can be concluded that 
error will increase as we reach for higher slew rates. Error 
for the circuit of Figure 1 is given by: 


€o (actual) 1 ee 1 R3 


=o = 


—_———— (dc) 
€o (ideal) 1+GH 1+AVOLx ss AVOL x Ro 
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Error for the previous example (due to low loop gain) 
would typically be 0.16%. If a larger power bandwidth 
were desired, R2 could be reduced to 100 2 and the 
error will increase to 1.6% (discounting the effects of 
offsets). 

The second effect, and probably most noticeable, is 
the increased offset voltage at the output. Even for a 
circuit gain of 1 the Vjg will be multiplied by the effec- 
tive gain Ke, Equation (2). If Ke = 100, the output offset 
due to Vjg would be 100 x Vip. With addition of a capa- 
citor in series with R2, (Figure 6) this offset multiplication 
can be eliminated. For dc the gain is the same as the 
circuit of Figure 4, which exhibits output offset of 2 Vio 
for unity gain. 

Size of C should be such that the frequency given by 


1 
2n RIC 


is at least a decade below the loop gain 0 dB crossover. 
(Figure 7) 

Curve 1 of Figure 7 represents a typical open loop 
response of an operational amplifier. If the ratio Ry/R2 
(Figure 1) were 100 (40 dB), curve 2 would represent the 
loop gain (with K = 100 compensation) of Figure 1. 
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FIGURE 7 — Loop Characteristic for k = 100. 


Adding capacitor C modifies the loop gain to allow 
normal gain for dec 


ay 


and yet reduces to the modified loop function when 
1 
2a R2C 
(Figure 8). 


CONCLUSION 

Wider power bandwidths may be easily obtained with 
a minimum of parts using the circuit of Figure 1. The 
amount of improvement depends on the predominance 
of the input lag network over the slew rate. When the rate 
of improvement diminishes (as in going from K = 100 
compensation to K = 1000) then it pays to look at other 
external capacitors (notably, the output lag) which may 
be the limiting factor for rates beyond 40 V/us. Design 
of the above fast response amplifiers has been straight- 
forward without any “tricky” compensation procedures 
or calculations; data sheet information is all that is needed. 
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FIGURE 8 — Modified Loop Gain with x100 Compensation and 
Capacitor C. 
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USING TRANSIENT RESPONSE TO 
DETERMINE OPERATIONAL AMPLIFIER STABILITY 


INTRODUCTION 


System stability is one of the primary concerns of a 
user of feedback amplifiers. Much time and effort is ex- 
pended in a painstaking analysis (often undertaken with 
insufficient information about the characteristics of the 
amplifier) to confirm or insure unconditional stability. 
This is usually followed by extensive bench testing in- 
volving time consuming gain-bandwidth measurements. 
Frequently the amplifier data sheet will specify the re- 
quired compensation but only for three or four different 
gain configurations. In an effort to save time the designer 
may use one of these worst case configurations, possibly 
resulting in the use of more restrictive compensation com- 
ponents than would actually be required. 

The method described herein enables the designer to 
evaluate his design with a simple measurement, to make 
the indicated modifications, repeat the measurement, etc., 
until the desired performance is obtained. Although the 
example presented is for an operational amplifier, the 
technique is applicable to any system that can be character- 
ized by a second-order response. 


BASIS FOR ANALYSIS 


Most operational amplifiers have an uncompensated, 
open-loop frequency response that can be approximated by 
the form shown in Figure 1-A, the familiar Bode plot, 
where the vertical scale is magnitude indB and the horizontal 
log scale is frequency. 

The equation representing this response is: 


A GQ W] W2 W3 


GtalGruepGroneiay 


AVOL = 


However, when the open-loop amplifier is compensated for 
use as a feedback amplifier with a closed loop gain as low as 
unity, the slope of the compensated open loop Bode plot as 
it passes through zero dB must be less than 12 dB/octave 
or the closed loop system will be unstable. If the open 
loop slope is a constant 6 dB/octave (single pole), the 
closed system is unconditionally stable and the output 
waveform will have no overshoot to a step input. This is 
a trivial solution and will not be included in the discussion 
of this paper. For open loop compensated amplifiers that 
have a slope greater than 6 dB/octave, the closed loop 
system is marginally stable (having a certain amount of 
phase margin) and will possibly have overshoot in its step 
response and peaking in its frequency response. Therefore, 
the most general open loop, compensated amplifier system 
that can be used in closed loop systems with gains greater 


than or equal to unity is a two pole system. Hence, the 
generalized two pole system will be the subject of this paper. 
For this case the response is given by: 
A WQ Ww] 
A’ = 2 
a CERIN ICERI 2 

A Bode plot of this equation is shown in Figure 1-B. When 
the amplifier is used in a closed loop configuration, with a 
feedback of 8, the closed loop gain with negative feedback 
is given by 


AVOL 


A = ————__ + 3 
VOL" 1+ AOL " 
Substituting equation (2) into (3) yields 
A wQ w] 
St wo) (st w 
hee (s+ wo) (St wl) (4) 
AB WO w] 
(s + w) (s+ w1) 
Simplifying and replacing s by ju gives: 
‘ 7 A WQ Wj (5) 
VEL" Gat op) ja t]) +AB @0 OL 


Further manipulation will put it into standard form. i.e., 


meet a » (6) 


1+j eal Seay 
\aBaowi)’ ABapet 


which is precisely the response for a second order system, 
as will be shown. 


THEORETICAL BASIS 
A second order system can be described by the follow- 
ing general differential equation: 


d2x dx 
—+ta—+bx=c. 7 
dt2 * at 7) 


As derived in the appendix, a general transient solution 
for this, when c is a step input, is: 


x(t)=ke -(Sen sn wn J 1-¢2t+ a (8) 


Wo 
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FIGURE 1-A — Typical Open Loop Operational Amplifier 
Frequency Response 


The preceding response is a sine wave of frequency 


Wd = Wn 1-¢2 (9) 


and amplitude 


t 
Ante OO: (10) 


where wg is the damped frequency of oscillation, ¢ is 
called the damping ratio, and wy is the natural (or un- 
damped) frequency of oscillation. The total solution 
(including steady state) for an amplifier with a closed loop 
gain of AYCL is 
-Swnt) 
Vo(t) = AvCL |! -——— 
1-§2 
Neglecting AYCL for the moment as a scale factor, then 
Vo(t) plotted as a function of t would appear as in Figure 2. 
We are interested in easily measured parameters of this 
response which will enable us to completely characterize 
it, i.e., find ¢ and wp. As derived in the appendix, knowing 


the values of the first three peaks and when in time the 
first and third peaks occur, ¢ and wy are as follows: 


Vp1 - V. 
pl ~ ¥p3 
lo ——- 
ao (“8 
Vp1 -V 
log2 yo “Pt *28) + 1.8615 
Vp2 


sin (wn V1-§2 t+cos!¢)] (11) 








2 
Get at ae (13) 


(t3-t1) J1-s2 
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Log Frequency 


FIGURE 1-8 — Open Loop Compensated Operational 
Amplifier Response 





FIGURE 2 — Transient Response of Second Order System 


Thus the response can be completely characterized by 
taking these five measurements from one test set-up. 

The response of the system can also be evaluated in the 
frequency domain. As derived in the appendix, the cor- 
responding characteristic equation in the frequency domain 
for a second order system is: 


AVCL 


2) 1 
f tie(>}* on | (14) 
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Equation (14) can be compared term-for-term with 
Equation (6) to show what effect A, 8, wo, and w ] have 
on determining AVCL, Wn and ¢. 

This gives the following relationships: 


AvcL= 168, (15) 
wn =/AB(wO) (1); (16) 
he ood 17) 


2/AB(w0) (1). 


Equation (15) confirms what would be expected, i.e., 
that the closed loop gain is inversely proportional to §, 
indeed is equal to 1/8. Equation (16) shows that for a given 
set of break frequencies (w29 and w 1) the natural frequency 
is proportional to the square root of the product of A and 
B. Since A is the open loop gain and 1/f is the closed loop 
gain, the product A, called the loop gain, is a measure of 
how much the amplifier has been closed down. In a similar 
manner, Equation(17) shows that ¢ is inversely proportional 
to the square root of Af and verifies the fact that as the 
loop is closed down more and more, that is 8 becomes 
larger, § becomes smaller and the amplifier becomes less 
stable. 
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TABLE A The next section will consider the analysis of the second 
P order or two pole system when a step function is applied 
33.9803 Referring again to Equation (14), by neglecting AVCL 
eG as a scale factor, the response is left in a normalized form. 
21.9454 The characteristics of this function are treated extensively 
20.0111 in the literature. Figure 3 shows both a magnitude and 
ioe. phase plot versus me for selected values of ¢. 
sapaat The log magnitude plot of Figure 3 represents precisely 
We eee the frequency response of the amplifier configuration. 
a4 aBie Therefore by knowing ¢ it is possible to calculate the mag- 
4.84662 nitude of peaking that can be expected. This can be done 
para accurately by setting the derivative of Equation (14) to 
0.35468 zero and solving. This leads us to the following result: 


0.00173 





1 
P (dB peaking) = 20 logjg | ————— §<0.707 (18) 
ag yi-s2 


where P is the increase in gain (in dB) because of peaking. 

Table A lists “dB of peaking” versus ¢ for selected values 
of ¢ while Figure 4 is a plot of Equation (18) which shows 
graphically the effect of § on peaking. 


PRACTICAL APPLICATION 
The amplifier under test should conform as closely as 
eae possible to the actual operating conditions. 


The input pulse may be simulated with the use of a 
square wave generator that has rise and fall times on the 
order of 100 nanoseconds. An alternative source would 
be a pulse generator but it must be capable of pulse widths 
on the order of 100 microseconds. Both the square wave 
generator and pulse generator should be capable of fre- 
0 Ot O02 O38 O04 O05 O06 0.7 quencies below 5 kHz. These last two restrictions may be 

ig required to insure that the response has sufficient time to 
reach a steady state before the next pulse appears. The in- 
put amplitude should be small enough to preclude the 
effects of slew rate limiting or saturation of the amplifier. 

The key to accurate measurement lies in the display of 
the output response on the oscilloscope. To achieve max- 
imum accuracy, the response waveform should be displayed 
so that it occupies as much of the area of the oscilloscope 
face as possible. The graticule is then scaled with the 
initial value of the waveform at zero and the final value at 
one. The horizontal scale should be adjusted so that the 
three peaks required for determination of ¢ are visible. 

The values obtained from this display are then substi- 
tuted into the equations to determine [ and wn. 

Referring to Figure 3, the log magnitude curve for the 
Output calculated ¢ is traced to where it crosses the 0 dB line on 
the modified vertical scale. The abscissa value of this point 























is a and by knowing wy from the output response, w 
represents the small signal unity gain bandwidth. The 
intersection of this line with the proper §-valued phase 
shift plot yields the phase shift at 0 dB. The difference 


FIGURE 5 — Amplifier Example between this value and 180° represents the phase margin. 
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EXAMPLE 


The example to be considered is an amplifier with a 
closed loop gain of 10. The particular operational ampli- 
fier used is the MC1539. Although the recommended 
compensation is RC = 390 ohms and Cc = 2200 pF, 500 pF 
was used for Cc. The amplifier configuration is shown 
in Figure 5. The pulse generator is terminated in its 
matching impedance, RT, to obtain quality pulses. The 
pulse width and frequency controls are adjusted to allow 
sufficient settling time for the amplifier to reach quiescent 
values. 


¥ 
RESULTS 


The pulse response is shown in Figure 6. The following 
values were interpreted from it: 


Vp] = 1.867 
Vp2 = 0.366 
Vp3 = 1.534 
ty = 1.16 ys 
t3 = 3.48ys 
REFERENCE 


Substitution of these values into Equations (12) and (13) 
respectively yields: 


= 0.029 
Wy = 2.71 x 106 radians 
fy = 431 kHz 


A frequency response was run on the configuration to 
verify the results of the pulse response. Figure 7 shows 
this response and indicates 20 dB of peaking at a frequency 
of 425 kHz. 

For the above calculated value of §, and using Table A, 
approximately 24 dB of peaking would be expected. Thus, 
the theoretical analysis and actual results agree quite closely. 


SUMMARY 


This application note has shown how the stability of a 
second-order system, in this case, a feedback amplifier, 
can be evaluated using simple measurements. This frees 
the designer to optimize his design within a relatively 
short time. Although the example presented a case of non- 
standard compensation, the technique is applicable to eval- 
uating the effects of other parameters that can lead to 
instability such as capacitive loading at the output. 


1. D’Azzo, J. and C. Houpis, Feedback Control Systems 
Analysis and Synthesis, Second Edition, McGraw-Hill 


Book Company, 1966. 

















FIGURE 6 — Pulse Response 
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FIGURE 7 — Frequency Response 
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APPENDIX 


THEORETICAL DERIVATION 


The differential equation used to describe a second 
order system is as follows: 


—- ta — + bx=c. Al 
dt ay) 


The basic solution for x requires that x be of the form 
x(t) = kemt. (A2) 
Substituting into Equation (A1) yields 
m2 kemt + amkemt + bkemt = ¢, (A3) 
Since the system is linear, one solution can be obtained by 
setting c equal to zero thus making the solution independent 
of the input. This is known as the characteristic equation: 


m2kemt + amkemt + bkemt = Q. (A4) 


Since e™t cannot be zero for all time it can be factored 
out leaving 


m2k + am k + bk = 0. (AS) 
This can be written in terms of new constants as: 
am2+$m+5=0. (A6) 
This is a quadratic equation in m whose roots are: 


-B+V62-4a5 


Fa (A7) 


mj,m2= 
Since the quantity under the radical sign can be negative, 
Equation (A7) can be rewritten in terms of general com- 
plex solutions, 


m) =o +jwd (A8a) 
m2 =0-jwd (A8b) 
where j =V-I. 


Substituting Equations (A8a) and (A8b) into Equation 
(A2) and adding yields 


x(t) =kye © FIOM) t + Ke (¢ -jwa) t, (A9) 


Using Euler’s expansion: et JOdt = cos wt +j sin wt 


and factoring out e 9', Equation (A9) can be written: 
x(t) = ky e%! (cos wt + j sin wt) 


+k e°! (cos wt -j sin wt) (A10) 


Combining terms yields: 
x(t)=e9! [(k] +k2) cos wgt +j (ky -k2) sin wat]. (A11) 


Because this equation represents a real physical system, 
constraints are placed on ky and k2 such that: 


ky + k2 = real number 


j (kj - k2) = real number 
wi 
Therefore let kj = kg el? and k2=ko eI. 
Substituting these expressions into Equation (A9) gives: 


x(t) = kel? [Co + jwa) | aomats 


| 
Ls ge i# [elo -iea)| (A12) 


Expanding this expression yields 


x(t) = ect | ko ei(wat + 6) es 


4 


' 
Knowing that: 
ei8 + e786 
cos B = =e 
x(t) =2 kge% eos (wat + 0)| (A14) 


Letting ¢ = 6 + m/2, (A14) can be rewritten, 
x(t) = 2 kge® [sin (wat + 0| or, 


x(t) = ke sin (wt + 0) (Al5) 


Returning for the moment to Equation (A7) and letting 
Ge the 2/8 

ay fae a 

(A7) can then be rewritten as: 


mj,m2=-{wptjwpr /1-§2. (Al6) 


Referring to Equation (A8a) and (A8b) then it can be 
seen that: 


a=-f wn (A17a) 


and wd = wy fl -§2 - (A17b) 
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Substituting these into (A15) yields 


x(t)=ke~ @nt [sin (wn /1-¢2 +9). (A18) 
This equation defines a sine wave of frequency wq = 


“mn § 1-2 and amplitude A = k e~& nt). Therefore 
wq is the damped frequency of oscillation, ¢ is called the 
damping ratio and wy is the natural (or undamped) 
frequency of oscillation when the damping ratio ¢ is equal 
to zero. Intuitively the exponent of e must be negative 
to insure that the oscillations eventually deteriorate. If 
the exponent is zero or positive the indication is that the 
oscillation will continue at some constant amplitude or 
will grow until limited by other system constraints. 
Equation (A18) represents the transient response. The 
steady-state résponse can be added to it for a complete 
solution. The steady state output will be the product of the 
unit step-function input and the closed loop dc gain of the 
amplifier. Therefore the complete solution is given by 


Vo(t) = Vin AVCL u(t) 
+ketS ent) [sn (on 1-¢2 t+9)| (A19) 


where u(t)=0 -<t <0 
=1 0<t<o., 


The two constants k and ¢ need to be determined and 
can be from the initial conditions. At time t = 0* (just 
after Vin) 


Vo(t) = Vin AVCL + k sin ¢ = 0. (A20) 


This assumes the output of the system is at zero immed- 
iately after application of the step-function. This is because 
it was zero immediately prior to the step-function and due 
to capacitance of the system the output cannot change in- 
stantaneously. This constraint gives us a second equation 
to use in finding k and ¢. That is, 


d[Vo(O)] _ 0 


at t=0. (A21) 
dt 


Differentiating Equation (A19) yields: 

d[Vo(t 

BVO 5 65 ont) cos (coq fi -§2t+9) wp /1-52 -3 
{ 


La=- +(-tarn) ke EF On") sin (won fl -§2t +9). (A22) 


d[V 
Setting t = 0 and dlVo(O] - 0: 
0=k(cos $) wr /1-§2 -—kfwpn sin @. (A23) 


Equations (A20) and (A23) can be solved for k and ¢: 


g= cos! ¢ (A24) 
-Vin A 
k= NEL (A25) 
V1 -¢2 
so that (A19} becomes: 


Vin A -(€ wyt 
Volt) = Vin Avet - iB AVEL (wnt) _ 


1-52 
pon------------------ J 
Ea sin (wp J 1 -¢2 t+ cos! o) or 
eS wnt) 
Vo(t) = Vin AVCL | 1 - ——— ar 
Stade led NUS ES ! 
! 
Des sin (wy | 1-¢2 t + cosm! 7 . (A26) 


The peak values of the oscillation can be determined by 
differentiating Equation (A26) and equating it to zero. 
The derivative of (A26) reduces to 


sin (wn J1 ~¢2 t), 


This is equal to zero at 


won, 1 - $2 t=Na N=0,1,2,3,.... 


Solving for t yields 


jo. (A27) 


wny 1-¢2 


Substituting this value of t into Equation (A26) gives: 
~¢Na 


Volt) = Vin aver -(cos Na)(ey 1 - 2 iF (A28) 





Neglecting the scale factor Vin AVCL and evaluating 
for n= 1, 2, and 3, ae 


): lt+e /1-§2 =Vp), 


Vo{—— 
_ [i-s2 


Qn 
Vof ———= 1-e [1-52 =Vpo, 











< 
— 
€ 
fan} 
ae ies) 
a 
wy 
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i 
ae 
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Therefore: 





VPI - V3 _ lt+e 
Vp2 














-¢0 -2¢n 
-¢n 
Vp1-Vp3 _ ; 1-¢2 & 1-¢2 | 
Vp2 poe eee 





Taking the natural logarithm of both sides: 


( ~)- -oa 


Vp2 ¥1-¢2 


(Since loge N = 2.3 logyg N) 





VP1 - VP3\_ -1¢ 
logio { ———— }= 


VP2 (2.3)y1 -¢2 


Or solving for ¢: 





Vp - VP3 
logi0 Vp 


ost10( “| + 1.8615 
P2 





t= (A29) 


Where the peak values are normalized according to the 
vertical scale shown in Figure Al. 

Knowing the value of ¢, Equation (A27) can be used 
to find wp by finding t at N = 1, the first peak, and at 
N = 3, the third peak. 


Therefore 
20 
QQ, = (A30) 
(t3-t1) /1-§2 


where ty is the time to the first peak and t3 is the time to 
the third peak as shown in Figure Al. 


Wil 


Thus the two parameters ¢ and wp completely specify 
the response of a second order system. 

The next part of this analysis concerns the application 
of this time domain solution to an analysis in the frequency 
domain. This is done so that the performance of the system 
can be evaluated in the parameters more meaningfully 
interpreted in stability analysis, bandwidthand phase margin. 

Recalling the original Equation (7) 


d2x dx 
—— + a— + bx=c. (7) 
dt2 dt 


This can be rewritten taking the Laplace transform of 
both sides 


s2 x + asx + bx =c. (A31) 


Where it is understood that x is the output in response to 
the input c. 


Equation (A31) becomes 


ous ON (A32) 


s2+astb 


a |x 


This represents the transfer function of the system. The 
system is unstable where s2 + as + b = 0. This is precisely 
equivalent to Equation (A6). Therefore the roots of 
Equation (A6) as finally defined by Equation (A16) are 
also the roots of the denominator of the right hand side of 
Equation (A32). Since these have been determined, the 


function, : , of Equation (A32) can be evaluated by sub- 
stituting in the roots and replacing s by jw. 


(s2+as+b)=(ja + Sent jon/I -$2) (jot Son-jwn [1-52 ) 
(s2+as+ b)= [(jeo)2 + joo2fcont § 202 + wn2( 1 -¢2)] 
(s2 +as +b) =(jw)2 + jww2 fwp + wy? 
1 1 2 -l 
Se rar es a) & ae 5,2 483) . (A33) 


Equation (A33) can be normalized to a gain of AVCL 
at de by multiplying it by AVCL wp2 so the transfer 
function becomes: 


x _ AVCL(0) wn? 
AVCL(w) = o.oo ee 
s2+astb 
AyvcL©) 


t+jw aie ~ 408 


Gn Wn 
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FIGURE A1 — Typical Second-Order Response 
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AN-467 
USING HIGH THRESHOLD LOGIC 


The introduction of integrated circuits has triggered an 
expansion in usage of electronic circuits. In the digital 
field, initial devices available consisted of families which 
generally exhibited reasonably fast operating times and 
operated from power supplies of 3 to 6 volts (e.g., resistor- 
transistor, diode-transistor, transistor-transistor and emitter- 
coupled logic families). The inherent advantages of inte- 
grated circuits made these families particularly attractive 
to the computer market and other similar fields. The 
industrial community, however, normally does not require 
high-speed operation; and it is more concerned with the 
electrical noise that is usually present in industrial environ- 
ments. For these reasons, early digital integrated circuits 
did not possess the characteristics that would provide the 
maximum appeal to the industrial market. 

Now, however, a new family of digital integrated cir- 
cuits exhibits characteristics that are attractive to industrial 
and similar users. It is Motorola High Threshold Logic 
(MHTL) in the MC660 series. A summary of typical char- 
acteristics of this family are given in Table I. 

This note describes members of the family, operating 
characteristics, and application information to help the 
designer to more fully utilize the logic family. 


TABLET — TYPICAL CHARACTERISTICS 


Vcc =1541V 

7.5-Volt Threshold 
6.0-Volt Noise Margin 

100 ns Propagation Delay 
Fanout Capability of 10 
~30°C to +75°C Operation 


DEVICE OPERATION 


The basic MHTL gate is shown in Figure 1A. It may be 
noted that this gate is very similar in configuration and 
operation to the Motorola Diode-Transistor Logic (MDTL) 
gate shown in Figure 1B. The basic difference is in diode 
D1, resistor values, and the collector supply voltage (Vcc). 
In MDTL, D1 is a base-emitter diode operated in its for- 
ward direction and having a drop of approximately 0.75 
volt. The input threshold level of MDTL is seen to be a net 
of two forward diode drops (the input diode offsets a diode 
drop in the other direction) or about 1.5 volts. In MHTL, 
D1 is a base-emitter junction that is operated in its reverse 
direction; this is commonly called zener operation. Con- 
duction occurs, in this case, when the junction has approxi- 
mately 6.7 volts across it. Thus the threshold voltage for 
MHTL is one forward diode drop plus one reverse diode 


drop or about 7.5 volts. The normal supply voltage for 
this family is 15 volts + 1 volt and in order to keep the 
power dissipation down, the gates have higher resistance 
values than comparable resistors in MDTL devices. 

The MHTL gate provides the same positive-logic NAND 
function as the MDTL gate. It can be noted that if either 
of the A or B inputs is below the threshold level, possible 
base current to the transistor QI is routed to the low in- 
put. If both inputs are above the threshold level, Q1, D1 
and output transistor Q2 all turn on and the output goes 
low. Thus the output is true or high if A or B is not true, 
ie., F=AB=At+B. 


Modified Diode-Transistor Logic 
(B) 





FIGURE 1 — Circuit Comparison Between the Input of 
High-Threshold Logic Gate (A) and Modified Diode-Transistor 
Logic Gate (B). 
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A typical MHTL transfer curve is shown in Figure 2. 
For normal input low voltages, less than 1.5 volts, it can 
be noted that the output exceeds VCc minus 1.5 volts and 
will continue to do so for any input up to 6.5 volts, a 
tested point. A transition width is specified from 6.5 
volts to 8.5 volts and once the input exceeds 8.5 volts, 
the output is guaranteed to be below 1.5 volts. This will 
remain true for any further increase in the input voltage. 
It can be noted that with a 15 volt supply, worst-case 
noise margin in either the high or low state is 5.0 volts. 
Normally, the low input voltage is 1 volt, the transition 
region is between 7 and 8 volts, and the high output volt- 
age is better than 14 volts, thus typical noise margins of 
6 volts are obtained in either state. As a comparison, the 
transfer region for other forms of integrated circuit logic 
generally lies within the unshaded area shown in the lower 
left-hand portion of the figure. From this it can be seen 
that MHTL could be considered as a “big brother” to 
other families of integrated circuits. 

Although the basic gate was shown and is available with 
a nominal 15-kilohm pullup resistor, the devices are nor- 
mally supplied with the active pullup configuration shown 
in Figure 3. In this circuit when Q2 is off, base current is 
supplied to Q3 from the 15-kilohm resistor and load 
current is effectively supplied through the 1.5-kilohm re- 
sistor. When Q2 is on, load current flows through D2 and 
Q2. Base current is also shunted from Q3 and this trans- 
istor is off in this state. The diode drop across D2 accounts 
for the somewhat higher low state voltage of MHTL as 
compared to other forms of logic families. 


Vec=15V 
-30°C To +75°C 
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FIGURE 2 — High-Threshold Logic Transfer Curves. 


‘Each form of output has its advantages and dis- 
advantages and the particular application would determine 
which device to use. The active pullup configuration has a 
lower output impedance in the high state and consequently 
will provide a higher degree of noise immunity from an 
energy point of view. This lower impedance can also better 
drive a load when in the high state, thus it is a superior 
interface for discrete components such as NPN transistors. 
The outputs of the functions with active pullup should not 
be connected together unless all inputs are also paralleled, 
to insure simultaneous operation of all devices. If one 
device were turned on while another device were off, the 
device in the low state would be required to sink current 
from the active pullup configuration of the high state unit. 
This will not damage the devices, but it leaves very little 
margin for providing load capacity to other devices. 


The main advantage of the passive pullup configuration 
is its ability to have outputs of separate devices connected 
together. For each additional gate connected to the output 
of a gate, the original output loading factor of that gate 
must be reduced 1.25 because of the additional current 
that will be handled when a device is in the low state. 
When passive outputs are connected together, the imped- 
ance in the high state is reduced, and correspondingly the 
noise immunity from an energy standpoint is increased as 
compared to that for a single gate. The passive gate also 
normally has a lower Voy than the active pullup configu- 
ration since only a VCE(sat) is involved although VOL is 
still tested at 1.5 V with an Io of 12 mA. 





FIGURE 3 — MHTL Gate with Active Pullup 
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MHTL FAMILY 


The MHTL family contains a sufficient variety of de- 
vices that the system designer can build complete systems 
with high-threshold characteristics. Gate devices providing 
the positivelogic NAND function are available as duals, 
triples and quads, as illustrated in Figure 4. Each basic 
configuration is available with active or passive pullup. 
Special logic functions are provided by the AND-OR-IN- 
VERT gates. For each gate, fanout capability is ten with a 
loading factor of one on each input. In addition, a dual, 
4-input line driver (MC662) is available; it has a fanout 
capability of 30 loads while maintaining an input loading 
factor of one. This unit has a lower pullup impedance 
(1 kQ) than the basic gate and is better suited for driving 
capacitive loads of discrete devices. 


A. Expandable Oual 4-Input Gate 


MC660 
MC661 
MC662 


tnput Loading Factor = 1 
Output Loading Factor = 10 


6 
Positive Logic: 6 = 1*2°4 °5 *(3) 
a" 


C. Quad 2-Input Gate 


MC668 
MC672 


Positive Logic: 3= 1 *2 


Input Loading Factor= 1 
Output Loading Factor = 10 





6 
Positive Logic: 6 = (1 * 2) + ({3) *4°5) 


Two types of flip-flops are available in the MHTL 
family. The first is a dual J-K flip-flop that operates ona 
stored-charge principle and consequently is dependent on 
fast rise and fall times (less than 500 nanoseconds through 
the transition region of 6.5 to 8.5 volts) for proper oper- 
ation. It is the MC663 shown in block form in Figure 5A. 
The second type (MC664, Figure 5B) is a single master- 
slave flip-flop which has a built-in diode offset between 
the master and slave sections. This feature makes transfer 
of data into the device virtually insensitive to clock rise 
and fall times. Both devices typically have maximum 
toggle frequencies of approximately 4 MHz. A detailed ex- 
planation of these two flip-flops is given in Motorola 
Application Note AN414, “Operation and Application of 
MHTL IC Flip-Flops.” 


B. Triple 3-Input Gate 


MC670 
MC671 


coal A 

On] 20 OW AW 
_ @ to) 
N 


Positive Logic: 6= 3 *4 °5 


Input Loading Factor= 1 
Output Loading Factor = 10 


D. Dual 2-Input AND-OR-INVERT Gate 


MC673 
MC674 


Input Loading Factor = 1 
Output Loading Factor = 10 


FIGURE 4 — Motorola High-Threshold Logic Gates 
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Input Loading Factor: 
Rp Input = 2 
€ Input = 1.5 
Other Inputs = 1 
Output Loading Factor = 9 
Loading factors are valid from —30°C to +75°C 
with Voc = 15 + 1 Vde 
frog = 4.0 MHz typ 


Total Power Dissipation = 200 mW typ 


Truth Table 


Direct input (Rp) must be high. 
O = low state 
1 = high state 
ty = time period prior to negative transition of clock pulse 
tn+1 = time period subsequent to negative transition of clock pulse 
Q,, = state of Q output in time period t, 
NOTE: A low state 0” at the direct reset Rp causes a low state 
“O’ at the Q output and the compiement at the Q output. 





FIGURE 5A — MHTL J-K Flip-Flops. 


Input Loading Factor: 
C Input = 3 
Other Inputs = 1 

Output Loading Factor = 8 

Loading factors are valid from —30°C to +75°C 
with Voc = 154 1 Vde 

fog = 4.0 MHz typ 


Total Power Dissipation = 160 mW typ 


Clocked Operation 


Direct Input Operation 


NC = No Change 
NA = Not allowed 
C must be low 


Notes for Clocked Operation Truth Table: 


Direct inputs (Ro, Sp) must be high. 
0 = low state 
1 = high state 
X = state of input does not affect state of the circuit 
U = indeterminate state 
ty = time period prior to negative transition of clock pulse 
tn+71 = time period subsequent to negative transition of clock pulse 
Qp = state of Q output in time period ty 





FIGURE 5B — MHTL Clocked R-S Master-Slave Flip-Flop. 
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input Loading Factor = 1 

Output Loading Factor = 10 

Loading factors are valid from —30°C to +75°C, with 
Voc = 15+ 1 Vde 

Total Power Dissipation = 240 mW typ 








Resistance Variation 






An internal timing resistor is provided at pin 4(10). 
An external timing resistor may be connected between Vec 
and pin 3(11) instead of using pin 4(10). 


A timing capacitor is connected between pins 3(11) and 5(9). 
(See circuit schematic.) 







—-30 0 +26 +50 +75 
Temperature (°C) 






FIGURE 68 — Typical Resistance Variations with Temperature Change. FIGURE 6A — Dual Monostable Multivibrator. 


1/3 of Circuit Shown 


13 


Positive Logic: 3= 7. [2] 
Negative Logic: 3= 1+ {2] 
input Loading Factor = 1 


Output Loading Factor: 
MC830 series MC3000 series 


MOTL=8 MTTL=5.5 


MC8OOP series 
MATL =5 





FIGURE 7 — Transiator from MHTL to MRTL, MDTL or MTTL. 
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A dual monostable multivibrator (MC667) available in 
the family is illustrated in Figure 6. Each section provides 
both a positive-going and a negative-going pulse upon 
triggering by a positive-going signal that passes through 
the MHTL transition region of 6.5 to 8.5 volts. This is a 
direct-coupled circuit and will not be triggered by sharp 
noise pulses that do not exceed the threshold level. The 
width of the pulse may be adjusted with an external 
capacitor. The duration is approximately determined by the 
equation, PW = 0.7 RTCT. An internal 20 kilohm resistor 
is provided for each multivibrator, but external resistors 
may be used for the timing function. The initial tolerances 
of the internal resistance may approach + 20% with a 
typical temperature variation characteristic for the resistor 
as illustrated in Figure 6B. 

Termination of the generated pulse occurs when the 
timing capacitor is discharged to the point where QI and 
Q2 conduct and the potential of pin three is clamped at 
three VBE drops. However, because of this type of opera- 
tion, the device is susceptible to negative noise spikes at 
the timing capacitor terminals. These spikes could cause 
Q1 and Q2 to turn off, triggering the device by turning on 
Q4 and QS. Impedance at these points is kept down to 
approximately 600 ohms in the quiescent state by keeping 
Q3 on through the 15-kilohm resistor in the emitter circuit, 
thus aiding in noise rejection. Additionally a negative- 
going spike on the ground line may cause false triggering. 
Typical noise margins on these two leads exceed 1.5 volts. 


MC666 


1/3 of Circuit Shown 


Expander © 
1 


For these reasons, however, it is desirable to bypass the 
power supply and ground terminals at the device if noise 
is present on these leads and to shield the timing capacitor 
from noise if it exists at this point. 

The design of this monostable multivibrator allows the 
generation of output pulses with widths virtually independ- 
ent of trigger pulsewidths. However, the device does re- 
quire a recovery time that begins at the end of the gener- 
ated output pulse or when the trigger input returns to the 
“Q” state, whichever is later. Allowable duty cycle may be 
Rt x 100 ' 


Je 
where RT is in kilohms. Br 4> 
Two translators are available in the MHTL family and 
both are triple devices. The first (MC665) will convert 
high-threshold logic to RTL, DTL or TTL. It is shown in 
Figure 7. For conversion to DTL and TTL, a 5-volt supply 
is connected to a 2-kilohm pullup resistor through pin 13. 
For translation to RTL levels, pins 4, 9 and.12 are con- 
nected to the RTL supply voltage (nominally 3.6 volts). 
Output test conditions closely match those given for the 
popular Motorola MC800P series of MRTL devices and for 
the MC830 series of MDTL integrated circuits. Expander 
points without diodes are present at the inputs of two of 
the units, but not on the third unit. This is because of the 
need for additional leads for the RTL power supply and 
the pin limitation of the 14-lead package. 
The second translator (MC666, Figure 8) is also a 


determined from the equation, Duty cycle = 


MOTL 
MTTL 
12 MHTL 


MRTL 13 


10 


Positive Logic: 12=2e¢ [1] +13 
Negative Logic: 12= (2+ [1]}¢13 
Input Loading Factor: 
MC830 series MC3000 series 
MDOTL=1.0 MTTL=0.8 
MCSOOP series 
MRTL = 1.0 


Cutput Loading Factor = 10 





FIGURE 8 — Translator from MRTL, MDTL or MTTL to MHTL. 
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triple unit, but converts from DTL, TTL or RTL levels up 
to HTL levels. Signals from DTL/TTL sources are applied 
to one set of input terminals while signals from RTL 
sources are applied to another terminal. The different in- 
puts provide threshold levels and characteristics com- 
patible with MDTL/MTTL and MRTL families. Each 
DTL/TTL section also has an input expander terminal 
without diodes. These terminals may be used to expand 
input logic capability or to utilize high-voltage diodes to 
readily interface high-voltage relay or switch circuits to 
HTL levels. Both types of inputs may be applied simul- 
taneously, with the output going high if the logic function 
of either input goes high. If the RTL input is used by it- 
self, the DITL/TTL input must be grounded for proper 
operation. This is not necessary if the DTL/TTL input is 
being used by itself, but it is advisable under this condi- 
tion to ground the RTL input to reduce any possible 
noise pickup. 

A dual 4-input expander unit is also available in the 
MHTL family. It may be used to expand the input logic 
power of devices that have an expander node brought out 
for this purpose: the dual 4-input gates (MC660, 661), dual 
2-input AND-OR-INVERT gates (MC673, 674), dual 4- 
input line driver (MC662) and the MC665 translator. The 
expander devices may also be connected directly to a 
normal diode input terminal. Operation in this manner re- 
duces the threshold by a forward VBE drop on those in- 
puts associated with the expander units. Nominal threshold 
in this case is approximately 6.7 volts which is still ade- 
quate for normal operation. 

The devices that have been listed in this section have 
been formally introduced. Expansion of the family, in- 
cluding complex functions, is continuing, thus providing a 
versatile logic family with high-noise-immunity throughout. 


Propagation Delay Times 


The MHTL family of devices exhibits a slower propaga- 
tion time than that normally provided by other integrated 
circuit logic families. This is an additional aid in rejecting 
electrical noise because of the inability of the circuits to 
respond to narrow spikes of noise. Maximum propagation 
delays for each device are given on the appropriate data 
sheets. For these measurements, loading composed of a 
discrete RC network simulates full fanout for the device. 


When actual devices are used as a load to measure pro- 
pagation delay, a shoulder on the positive-going waveform 
may be observed at the threshold level as shown in Figure 
9. This is caused by the decoupling of the actual gate loads 
from the driving gate. Since this point is very near the 
50% level of the waveshape, a variation of approximately 
50 nanoseconds may result in propagation time depending 
on whether the 50% point is above or below the threshold 
levels of the devices being used in the test. For this reason, 
discrete loads are used to insure repeatibility of the test 
conditions and yet provide an indication of the actual 
propagation delay. 

Typical values of the propagation delays for the NAND 


gates with active pullup outputs are shown as a function of 
temperature in Figure 10. 


Supply Voltage Variations 


MHTL devices are tested to ensure proper operation with 
full fanout capability over the -30°C to +75°C tempera- 
ture range and with supply voltages between 14 and 16 
volts. Normally the devices will provide proper operation 
if the voltage varies from the specified range, but they are 
not tested for this operation. When the 16-volt limit is 
exceeded, devices may exhibit a higher leakage current on 
the off transistors, although typical units will endure 20 
volts collector supply before this becomes evident. 

Another drawback to using higher power supply values 
is the increased power dissipation of the circuits. Thus to 
keep junction temperatures within acceptable limits on 


fae Viscrete Load R = 1.5 k22 C = 100 pF 


Vertical Scale = 2 V/om 


Horizontal Scale = 100 Nanoseconds 
cm 





FIGURE 9 — Propagation Delay Waveforms 
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FIGURE 10 — Typical NAND-Gate Propagation Delay Times. 
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some devices, the ambient temperature limits must be re- 
duced. Because of these two conditions, it is not advisable 
to exceed the 16-volt supply rating unless the devices 
have been tested to insure proper operation. 

When a Vcc below 14 volts is used, the base drive to 
the output transistor is reduced and is not capable of 
handling the rated fanout. Figure 11 illustrates the VOL 
values of typical units as a function of temperature with a 
Vcc of 14 volts and an Ioy of 12 mA. However, since 
the devices are not tested to operate below 14 volts, oper- 
ation of the devices at these levels cannot be guaranteed. 
A second disadvantage of operating the units at a lower 
Vcc voltage is the reduction of the noise margin in the 
high state. This may be seen from Figure 2 by realizing 
that VOH decreases while the device threshold remains 
constant. 


LINE DRIVING 


Applications exist where it is desirable to transmit data 
over an appreciable distance. The large logic swing of 
MHTL provides the means of transmitting data while mini- 
mizing the effects of noise. Unfortunately, most trans- 
mission lines have impedances below 150 ohms. The out- 
put impedance of MHTL devices is not an ideal match for 
these impedances, and consequently reflections may be 
observed on the transmission line waveforms. The line 
driver (MC662) has the lowest output impedance but it is 
still not down in the 150 ohm region. An improvement can 
be made in the impedance level by connecting an external 
resistor at the output of the line driver to Vcc. The addi- 
tional current from a 510-ohm resistor can be handled by 
the MC662 when in the low state and is used to help 
charge the transmission line. when going to the high state. 
Figure 12A illustrates a test set-up with 500 ft. of #22 
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FIGURE 11 — Typical Variation in Vo. with Temperature. 
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FIGURE 12A — Line-Driving Test Configuration 
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twisted-pair wire. Waveshapes of this connection are shown 
in Figures 12B, C, and D where the driving device is a 
standard gate output, a line-driver output, and a line 
driver with an external 510-ohm resistor to Vcc plus a 
100-ohm series terminating resistor. 


Special Gate Applications 

Two MHTL gates may be connected with two additional 
resistors as shown in Figure 13A to form a Schmitt trigger. 
With the input originally low, gate one will be off, which 
turns gate two on and the output will be low. As the input 
rises, a point is reached where gate one turns on sufficiently 
to cause gate two to begin to turn off. Turn off of gate 
two feeds back to the input of gate one causing a regener- 
ative action and a sharp waveshape at the output. The 
feedback through R2 and its action on R1 provides 
hysteresis for the circuit as well as sharp waveshapes. 
Typical values of turn-on and turn-off voltages are given in 
Figure 13B as a function of values of resistors R1 and R2. 


Originating 


FIGURE 12B — Driving Gate — MC660 


Originating 


FIGURE 12C — Driving Gate - MC662 


In this connection, the active pullup devices should be 
used to minimize the effects of the feedback resistor and 
input voltage level when the output is in the high state. 
This configuration is ideal for receiving information trans- 
mitted over long lines as described previously. 


Additional current sourcing may be obtained from the 
devices when in the high state by connecting an external 
resistor from the output to Vcc in the manner mentioned 
for driving transmission lines. The current from the extra 
resistor must be handled by the device when in the low 
state, which reduces fanout capability. The resistor used 
should not allow current to exceed the tested IQL_ value to 
maintain VOL values within their specified range. When 
using this scheme to drive an NPN device, however, an 
additional silicon diode is required in the base or emitter 
lead of the driven device to offset the normal VoL value 
present for this type of operation. 


Because of the typical Voy level of 1 volt for the active 


Terminating 


Ry = %, Ro = 0 Vert. —2 V/cm; Horiz — 5 us/em 
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Originating Terminating 


FIGURE 12D — Driving Gate — MC662 Ry = 510 2; Rg = 100 2 Vert — 2 V/em; Horiz — 5 us/em 





FIGURE 13A — Schmitt Trigger Connection 
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FIGURE 13B — Typical Schmitt Trigger Characteristics 
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pullup devices, they would not normally be considered 
suitable for driving NPN transistors directly because of the 
turn-off voltage. The active pullup devices can be used for 
driving NPN transistors, however, if that is the only load 
on the output, as shown in Figure 14. The higher VoL 
voltage is partially due to the extra diode on the output, 
but if the gate is not required to sink current, then the 
voltage on the base of the NPN transistor will be very 
close to ground. It is equal to the resistance value of R1 
times the leakage current of the collector-base junction of 
the transistor. 

Cross connection of the gates as shown in Figure 15 
forms a simple storage element. A momentary logic “0” 
on the S terminal causes the Q output to go high and the 
Q output to go low. A momentary low on the R terminal 
reverses the output state. Thus two flip-flops may be ob- 


tained from a single quad 2-input gate package. 


SUMMARY 


The Motorola High Threshold Logic family provides 
the system designer with devices that can be used to con- 
struct a complete system with noise immunity that is not 
available with the more familiar forms of integrated- 
circuit logic families. Operating from a nominal 15-volt 
power supply, which results in large logic swings, the 
family allows simple interfacing with discrete devices: 
MHTL devices can be used in peripheral equipment oper- 
ating in noisy environments, with translators feeding into 
low-level, higher-speed systems in quieter locations. The 
unique characteristics of high-threshold logic make it ideal 
for many applications where integrated circuits have not 
previously been considered practical. 





FIGURE 14 — Driving Discrete Transistors 





Truth Table 


* This condition provides a 
high level on both outputs. 
The output state is inde- 
terminable, however, if 
both inputs simultaneously 
go to a Jogic 1°’. 


FIGURE 15 — Gate Memory Unit 
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THE MC1561 — A MONOLITHIC HIGH-POWER 
SERIES VOLTAGE REGULATOR 


INTRODUCTION 


A complete monolithic high-power series voltage regu- 
lator circuit has been designed, which incorporates an on- 
chip power transistor to supply up to 1/2 ampere of current 
to an external load. Excellent regulation characteristics 
are achieved over an output voltage range of 2.5 to 37 
volts, with performance being essentially independent of 
voltage. A new design approach is used, which results in 
excellent transient response and a low value of output 
impedance (0.02 ohm). This impedance is maintained to 
beyond 100 kHz, where the lead inductance to the load 
dominates. The use of special temperature compensation 
circuitry has provided a dc output voltage stability of +20 
ppm/°C, over the temperature range of -55°C to +125°C, 
despite the use of only diffused components. Load cur- 
rents in excess of 10 ampere are possible by using a single 
external power transistor. 

In the sections below, the series voltage regulator is 
analyzed using a feedback amplifier viewpoint, tempera- 
ture compensation circuits are discussed, a novel lateral 
p-n-p biasing circuit is introduced, and experimental results 
are reported. 


CONSTRAINTS OF THE IC TECHNOLOGY 


The IC technology readily offers devices for the error 
amplifier and the voltage reference element VR of the basic 
series voltage regulator shown in Figure 1. .The series pass 
transistor appears to be the most difficult device to realize. 
A power p-n-p transistor may at first appear to be the best 
choice as it can be easily driven by an n-p-n stage without 
using auxiliary power supplies. However, the power p-n-p 
is difficult to realize in monolithic form. 

An n-p-n series pass device requires a source of base 
current that must be derived from a voltage larger in magni- 
tude than the output voltage. Auxiliary supplies can be 
avoided by using a current source that is operated directly 
from the unregulated input. A JFET operating at pinch 
off could be used but would add considerably to the IC 
fabrication costs and would require a large minimum biasing 
voltage (Vin—Vo). The lateral p-n-p transistor can be used 
for the required dc current source without degrading ac 
performance, increasing fabrication costs, or requiring an 
excessive input-output voltage differential. The preferred 
configuration for the monolithic series regulator is there- 
fore one employing the n-p-n pass device with a lateral p-n-p 
current source supplying the base drive. 


BASIC DESIGN APPROACH 


In the conventional series regulator (Figure 1), a resistive 
divider is used to adjust the output voltage. Using this 
feedback network within the regulator loop has many un- 
desirable effects on dc performance: 1) the loop trans- 
mission is an inverse function of the magnitude of the dc 
output voltage and because of this the performance of the 
regulator degrades at higher output voltages, and 2) the 
voltage drop due to the base current of the error amplifier 
(which is supplied through the divider network) is large 
enough that a carefully balanced symmetrical input circuit 
must be used. For low drift, hfE and the base biasing 
resistors of the input transistors must match and this 
match must be maintained over a wide range of tempera- 
ture. These base current problems limit the magnitude of 
the collector bias current that can be used, and this reduces 
the transconductance of the input differential amplifier. 
Also, for external adjustment of the feedback network (to 
achieve variable output voltages) either the temperature 
coefficient of the external feedback resistors (TCR) must 
match the TCR of the on-die diffused resistors, or all three 
dc factors, use of the resistive divider adds phase lag to the 
loop, which cannot be eliminated without the use of addi- 
tional external capacitors. 


Pass Devices 





FIGURE 1 — Basic Series Voltage Regulator 
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Performance has been significantly improved by develop- 
ing a configuration that operates with a unity feedback 
factor (i.e., no feedback resistance). The required dc level 
shifting to achieve a particular value of output voltage can 
then be provided in a circuit separate from the main regu- 
lator. Such an approach, in which a second low-power 
series regulator is used to provide the dc level shifting, is 
described in this paper. This “regulator-within-a-regulator” 
concept is shown in Figure 2 where the usual compro- 
mises made between ac and dc performance are no longer 
necessary. 


Zero TC Dc 
Voltage Shifting 
Ref. .Ckt. Regulator 


Main Control 
Regulator 
Ay=1 





FIGURE 2 — Regulator Within a Regulator 


CIRCUIT IMPLEMENTATION 
Main Regulator 


The dynamic performance of conventional voltage regu- 
Jators is often limited by frequency compensation used 
internally to the error amplifier. Such compensation, 
which narrowbands this amplifier to obtain loop stability, 
causes the output impedance to rise at frequencies as low 
as 100 Hz. This also produces poor output voltage transient 
response for abrupt changes in load current and can cause 
undesirable coupling between circuits powered by the regu- 
lator. An improved regulator configuration results if no 
compensation is added to the loop, other than the capacitor 
(CL of Figure 2) which is typically placed across the out- 
put terminals to maintain a low output impedance at high 
frequencies. It will be shown that compensation of this 
sort is possible, and that it results in: 1) an easily stabilized 
high-gain loop, and 2) an output impedance, which is 
essentially constant to frequencies well beyond the band 
edge of the loop transmission function. 

Figure 3 is the ac equivalent circuit of the main control 
regulator shown in Figure 2. Using a feedback amplifier 
approach [1] and simple models for the transistors [2] 
we can identify the following relations for the frequency 
range of interest (w < wt/Bo). The open-loop gain ay is 
given by 


a ao 





Vo 
afS) = 5 (S) Q) 


where 


_BORL. staee 26 mV 


= > Se at +259C 
Or ie ‘dE Ig 





Ig = emitter current of Q1, Q2 


Bo = low-frequency common-emitter current gain and 
the dominant pole is given by 


es ~ W/Rat /BGRL 1 (2) 
P CatCp/p3 - RLCL 





The loop transmission becomes 
T= ayfy = ap (3) 


for fy = 1. ay is defined in (1) and the open-loop output 
impedance Zo x is 


ZOL = RL/(1 + S/wp). (4) 


The closed-loop output impedance Zc is then found to be 


sols 5 
ZcL= it = 2elBS OF Sfagup) (5) 


Two things are apparent from these equations. From 
(2) it is seen that at the low frequencies of interest in 
regulator design, a dominant single pole roll-off is produced 
by the load elements RZ, and CL, which results in good 
loop stability despite the use of high-loop gain. Second, it 
is seen from (5) that the open-loop dominant pole of T, 
2p, does not appear as a zero in the closed-loop imped- 
ance ZcL. This results since the dominant pole of Zox is 
also Wp, which cancels with the zero due to T. For con- 
ventional designs with a dominant pole in T only (those 
using frequency compensation internal to the main regu- 
lator), this cancellation does not occur and a low-frequency 
zero results in ZcL, which degrades the performance of 
the regulator. Equation (5) shows that ZcL remains small 
well beyond the low-frequency pole, Gp, which was re- 
quired for loop stability. As an example, for If = 0.6 mA, 





FIGURE 3 — AC Equivalent Circuit of Main Control Regulator. 
R,z and C, Represent Stray Loading at the Collector of Q2 


AN-473 (continued) 


Bo = 60, RL = 20 ohms, and CL, = 10 pF; we find T = 840, 
Wp/2n = 800 Hz, and Zc, = 0.02 ohm from dc to approx- 
imately 1 MHz. 

The effects of the beta cut-off frequencies and addi- 
tional phase shifts of the transistors will limit the maxi- 
mum bandwidth that can be obtained in Zc. In practice, 
lead reactance in series with the load dominates the high- 
frequency response. 


AC Reference Shifting Circuit 


As shown in Figure 4, the auxiliary dc shifting regulator 
has been designed for essentially zero base current with 
little concern over the resulting loss in frequency response. 
Thus, the problem of drift arising from poorly controlled 
voltage drops due to base current in R4 and R2 || R1 is 
eliminated. In addition, the auxiliary regulator is purposely 
narrowbanded by an external capacitor CN to attenuate 
the noise that originates in the avalanche (zener) reference 
diode. This noise roll-off is effectively set using a small 
valued capacitor since a high impedance node is available. 
A much larger capacitor is required in conventional regu- 
lators where one must bypass a low impedance zener diode. 


O +Vout 


DC Shifted 
Reference 
With Zero IC 


Reference 
Input 


FIGURE 4 — DC Reference Shifting Circuit 


Voltage and Current Reference Generation 


It is well known that the excellent component match- 
ing available in IC fabrication permits realization of very 
low drift dc amplifiers. This low drift, combined with 
known drifts of an on-die voltage reference diode and other 
elements such as forward diodes, can be used to produce a 
reference voltage Vp, which is essentially constant, inde- 
pendent of temperature (zero TC). The voltage reference 
diode used is a reverse-biased base-emitter junction, which 
has a positive temperature coefficient (TC). This is bal- 
anced against the negative temperature coefficient of for- 
ward biased junctions. The circuit of Figure 5 provides 
a zero TC current reference for lateral p-n-p current sources 
and n-p-n current sources which are needed throughout the 
regulator. In the design of this circuit, a number n of base- 
emitter diodes (where VBE = ¢) is assumed at the top end 
of the resistor string, and a number m of diodes is assumed 
at the lower end as shown. From Figure 5, it is seen that 








FIGURE 5 — Circuit to Generate the Zero TC 
Voltage Reference Vp 
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where the resistors Rp and Rg are assumed to have the 
same TCR. 
For a zero TC voltage reference, it is required that 





av; 0g 
—— = —(mRp — nRc) — 8 
Re rs (mRp c) aT (8) 
or 
Rp nt+kK 
aa (9) 
Re m 
where 
aVz /d¢ 
~~ aT / aT 


The current, Ip flowing in these resistors is given by 
Vz — pe 
= 10) 
: ( 


where R = Rp + Re and p = n+ m, and the temperature 
change of this current is given by 


ae Ke Wp) 
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Over the temperature range of interest, the temperature de- 
pendence of the diffused resistor is approximately given by: 


R(T) = Ro + aRo(T — To) (12) 
where Ro = R(Tg), To = +25°C, and a = temperature co- 


efficient of resistance from which 


— =aRg. (13) 


Substituting (13) into (11) and solving for a constant 
current with temperature requires that 


0g 
aV2 +K = 
Sige ote 14 
4 5 (14) 
0b — xr 


For a zero TC current reference, a total number of 
diodes p is required such that the positive change of the 
zener voltage and the diffused resistors is balanced by the 
negative change due to these diodes. As an example, the 
zener reference diodes used have a breakdown voltage of 
7 volts and a TC of +3.5 mV/°C (K of (9) = 1.75). The 
TCR of the 200 Q/O diffused resistor gives a value of 
a = 1.9 x 10-3/°C and the forward biased diodes have a 
temperature change of -2 mV/°C. Putting these values 
into (14) gives a value for p of 2.94, which is sufficiently 
close to the integer 3 to proceed with the design. As will 
be seen, the undesirable effects of the nonlinear TC of the 
diffused resistors [a linear TCR is assumed in (12)] are 
minimized by 1) choosing a value of Rp close to the value 
of Rc for the generation of Vp, and 2) using current 
source tracking in the differential amplifiers. 

In addition to the zero TC requirements, the magnitude 
of VR can be designed to have one of several values as 
given by 


Vz+K@ 


aga 
1+)—— 
m 


The values of n = 1 and m = 2 (VR = 3.46 volts) were 
chosen because this leads to the smaller ratio of Rp/Rc; 
which can be more accurately fabricated in IC form. With 
this choice, (9) gives 


(15) 


which completes the design for both a zero TC voltage 
reference VR and the zero TC biasing current references 
Ip and Ic. 

It is noted that use of this circuit causes the complete 
biasing of the regulator to be approximately independent 
of both the unregulated input voltage, the regulated out- 
put voltage, and the temperature. 


Tracking Current Sources 


To further improve the temperature stability of the out- 
put voltage, circuitry has been used to reduce temperature 
induced voltage offsetting (Vos) in the differential ampli- 
fier stages of the IC regulator. As shown in Figure 4, two 
current sources are associated with the biasing of each 
differential amplifier stage. If under temperature variation 


these currents change in an unrelated manner, the magni- 


tude of +Vos would change and thereby introduce a tem- 
perature variation in the output voltage Vo. This is avoided 
by deriving both of these currents from the same compen- 
sated reference to insure tracking for all temperature. 


Biasing the Lateral p-n-p Current Sources 


The lateral p-n-p transistors are ideal for use as de cur- 
rent sources since they can be designed for large output 
impedance and low output capacitance, but they suffer 
from batch to batch variation in hFf. A bias scheme is 
needed that will operate the lateral p-n-p in the common 
base orientation (for high output impedance) and which 
will also provide a predictable current magnitude that is 
insensitive to hf variations. The circuit shown in Figure 
6 satisfies these requirements.! The reference voltage +Vp 
(of Figure 5) is used to establish the total current flow in 
Rg. (For simplicity, it can be assumed that the VBE drop 
of the n-p-n is cancelled by the VBE rise of the p-n-p such 





FIGURE 6 — Lateral p-n-p Current Source Biasing Circuit 


that the voltage Vp appears at the lower end of RE or 
VRE = V — Vp). This current IRE has two paths: the 
collector of the n-p-n or the emitter of the p-n-p. Neglect- 
ing the base current of the n-p-n, it can be seen that the 
current that enters the collector of the n-p-n reappears at 
the emitter and adds with the base current of the p-n-p, 
Ip, to satisfy the current source IB max. Thus, the col- 
lector current of the p-n-p must simply be the difference 
between IRF and 1B max, both of which are well con- 
trolled. In operation, the n-p-n is brought into that level 


Ithis circuit was suggested by J. E. Thompson. 
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FIGURE 7 — Monolithic Series Voltage Regulator. 


of conduction necessary to satisfy (IB max — 1p) and in 
the limit, for low hFE of the p-n-p, the n-p-n just ceases 
to conduct. Over the region in which hFRE of the p-n-p is 
greater than a minimum value, i.e., Ic/lB max <FE<*%, 
the collector current of the p-n-p is closely controlled. 


THE COMPLETE CIRCUIT 


The individual elements previously described are com- 
bined in Figure 7 to form the circuit implementation of 
the block diagram illustrated in Figure 2. In addition to 
the major elements already discussed, several secondary 
functions are included in the complete circuit. These are 
discussed below. 

The bias current of the control amplifier Q13 is used 
to pre-bias the driver transistor of the series pass device 
Q8. This improves the hfg and f; of Q8, especially when 
operating with small values of load current. 

Due to the necessary independence of the biasing cur- 
rents from the input voltage, a “start” circuit must be used 
to allow the regulator to initially setup. To accomplish 
this function, a second zener reference diode, CR2 is 
biased by a large valued resistor R1 directly from +Vjp. 
This auxiliary zener is coupled to the main reference zener 
CR8, using a diode-disconnect scheme. When an input 
voltage is first applied, a path is provided from +Vin 
through the resistor R1, the coupling diode CR1, and into 
the base of the current reference transistor Q1O. This 
guarantees the initial bias setup. With both zeners conduct- 


ing, the coupling diode has zero volts across it, and there- 
fore, goes to an OFF state. Thus, ripple and noise present 
at the start zener cannot feed through to the main zener 
and degrade performance. 

Short circuit current is controlled by the external re- 
sistor Rgc, which brings three diodes into conduction at 
a selected maximum load current. These diodes are used 
to divert the available drive current for the Darlington 
series pass pair, Q8 and Q1. This passive scheme has the 
advantage that local frequency instabilities cannot occur 
during current limiting and provides a foldback in the cur- 
rent magnitude as the die heats under the higher dissipation 
short-circuit condition. 

Under a short-circuit condition, the differential input 
voltage to the control amplifier may exceed the reverse 
base-emitter breakdown of the input transistors. Such 
breakdown is prevented by a normally OFF transistor Q12, 
which samples this voltage and is brought into conduction 
during an output short circuit condition. The collector of 
Q12 diverts the drive current of the dc level shifting ampli- 
fier so that the output reference voltage applied to the 
main control amplifier is also brought down to approx- 
imately zero volts under output short circuiting. 

The capability of electronically shutting down the regu- 
lator to conserve system power or to provide an ac and dc 
squelch is desirable in some applications. This function 
has been accomplished by adding a normally OFF tran- 
sistor Q9 in shunt with the reference zener. When this 
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device is brought into.conduction, the zener goes OFF and 
the voltage at this node falls to essentially zero volts. This 
causes all current sources of the regulator to go OFF with 
the result that the output voltage goes to zero and the only 
current drain in the system is the small current that flows 
through the resistor Rl (60 kQ). A high voltage diode 
CR7 in the level shifting amplifier is used to prevent the 
energy stored in the noise filter capacitor from discharging 
back into the IC during shutdown. 


EFFICIENCY 


A simple model of the regulator (Figure 8) can be used 
for the calculation of efficiency. In this model the current 
source Ip represents the current consumed by the regulator 
circuitry that is unavailable to the load RL. The voltage 
source VB represents the requirement for an input voltage 
somewhat in excess of the output voltage to provide the 
proper bias for the regulator. This voltage is, therefore, 
dropped across the regulator circuitry and is unavailable 
to the load. 

The efficiency 7 is defined as 


Po 
n = 
Pin 
where 
Pin = Vin(B + IL) 
or 


I 
™ (+) (8) _ 
1+ — J{l+— 
Vo 7 
Efficiency is seen to depend upon the comparison of the 
load current I[, to the bias current Ip, and also the com- 
parison of the output voltage Vo to the bias voltage Vp 
(or “input-output voltage differential”). 

For an example, consider the regulator operating at a 
load current of 500 mA, and an output voltage of 35 volts 
(ip is S mA and Vg = 2.5 volts). The maximum efficiency 
(for a de input voltage) is found, from (16), to be 0.92. 
If the input voltage contains large ac components or large 
minimum-maximum variations 7 will be lower than 0.92 


since Pin depends upon the average input voltage, which 
exceeds the required minimum total instantaneous input 


voltage (VIN (min) = Vo + VB)- 
SPECIAL DEVICES 


A photomicrograph of the IC die is shown in Figure 9. 
Several devices on this die are of novel design. The high 
current n-p-n series pass transistor Q1 is a 5-stripe inter- 
digitated structure with ballast resistors of approximately 
1.5 ohms each used in the common emitter lead to each 
stripe. These resistors equalize current flow and thereby 
eliminate hot spot formation and second breakdown prob- 
lems. In addition they provide a convenient crossover 
point to allow single layer metallization of the power 
transistor. 








FIGURE 9 — Photomicrograph of IC Chip 


Problems of building an avalanche (zener) diode with a 
low dynamic impedance at low bias currents were resolved 
by using an oval geometry for the active junction instead 
of the typical rectangular geometry. This eliminates corner 
breakdown and helps guarantee uniform breakdown of the 
complete junction. A small area device (5.6 mils by 7.4 
mils), CR8, provides a dynamic impedance of 20 ohms. 

The requirement for a high voltage diode with small cur- 
rent loss to the substrate (CR7 of Figure 7) has been solved 
by use of a lateral p-n-p structure with a base-collector 
short. The injected holes under forward bias are collected 
by transistor action and the usual current loss due to the 
substrate parasitic p-n-p transistor action is greatly reduced. 
Compared with the base-collector junction of a typical low- 
level buried-layer n-p-n transistor, the substrate current 
loss at 300 vA forward bias is reduced from 200 yA to 2 pA. 

The use of lateral p-n-p structures for de current sources 
is becoming common in IC designs. In this circuit, a circu- 
lar geometry was used with a wide spacing from emitter to 
collector (0.6 mil) to increase the output impedance. This 
has provided an output impedance of 4 MQ at Ic =0.6 mA 
while maintaining a useful hFE (8 to 16). 
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PERFORMANCE OF IC REGULATOR 


Typical performance of the IC regulator is given in 
Table I. The close component matching and thermal track- 
ing achieved in the IC realization, in combination with the 
added zero TC circuitry, has proven very effective in re- 
ducing dc output voltage changes with temperature. Many 
units have been measured which have an output tempera- 
ture drift of only +10 ppm/°C. The ability to achieve this 
performance depends primarily upon ability to control the 
temperature coefficient of the zener diode. This coefficient 
is a direct function of the magnitude of the breakdown 
voltage, with a change of +0.2 volts, creating a total change 
in the temperature drift of +20 ppm/°C. Present control 
of diffusion tolerance has provided units with an output 
voltage change less than +30 ppm/°C. 


TABLE I 
TYPICAL PERFORMANCE 


Temperature Drift of Vout £30 ppm/°C 


Zo (Independent of Vout) 0.020 ohms 
Input Regulation 0.003%/V 

Transient Recovery Time 0.3 us 
("gad = 150 mA; Aligag = 50 mA 


Regulator Bias Current 5.0 mA 
Maximum Load Current 600 mA 
Output Noise 
(With Cry = 0.1 uF) 0.15 mVrms 
Minimum Voltage Differential 2.1 voits 
(Vin — Vout) 


The output impedance of 0.02 ohm is maintained es- 
sentially constant from de to approximately 1 MHz as a 
result of using frequency compensation at the load only. 
A special printed circuit board layout with low inductance 
leads to the load is necessary to reduce the lead reactance 
contribution in the frequency range above 300 kHz. This 
technique is also needed to provide the optimum transient 
response in Vo for step changes in load current. Tests made 
with a constant load current of 150 mA and positive and 
negative step changes of 50 mA (with a rise and fall time 
of approximately 20 ns) have shown the peak overshoot to 
be 50 mV with a recovery time of less than 0.3 ps. 

The maximum load current is established by current 
density limits of the standard-thickness (10,000 A) alumi- 
num interconnect metal [3]. For wide temperature opera- 
tion this current limit is approximately 500 mA, although 
the transistor structure used will carry currents of 1 ampere. 
Problems of short-circuit dissipation are created at these 
large current levels. A new 9-pin TO-66 package, which was 
designed for high-power integrated circuits, that allows a 
dissipation of 18 watts at Tease = +25°C (for a Tj = +150°C) 
is used. 


SOME INTERESTING APPLICATIONS 


The capacility of electronic shutdown can be used in 
many ways to extend the versatility of the basic unit. In 
addition to power savings and squelching, a novel applica- 





tion results from noting that the threshold voltage for this 
control is simply that of two base-emitter junctions. The 
ON voltage of these junctions is inversely dependent on 
chip temperature, so a fixed dc input voltage applied at 
the shutdown control produces automatic shutdown of 
the regulator at some desired maximum junction tempera- 
ture. Thus, the unit can be completely protected regard- 
less of heat sinking used or operating conditions chosen. 
Alternatively, by using a few external components, shut- 
down can be used to eliminate short-circuit dissipation, or 
a simple relaxation oscillator circuit can be added to cause 
a low duty cycle ON-OFF sequencing during short-circuit- 
ing to reduce dissipation, with normal operation automatic- 
ally restored on the ON cycle following removal of the short. 

A negative output voltage is possible and external n-p-n 
or p-n-p transistors can be added to boost both the load 
current capabilities and the high end of the output voltage 
range. Output over-voltage protection and the usual power 
supply features of remote sensing, complementary track- 
ing, and output voltage programming can also be accom- 
plished. Finally, a negative supply can be introduced at 
the normal ground point to provide a laboratory-type 
supply capable of achieving an adjustable output voltage 
with a minimum of zero volts. 


CONCLUSIONS 


Additional transistors made available in an IC realiza- 
tion have been used to provide improved regulator per- 
formance over that which can be economically achieved 
in discrete designs. The low drift dc capabilities of the IC 
technology are seen to give excellent temperature perform- 
ance in an all-diffused circuit without the requirement for 
specially trimmed temperature independent resistors. The 
overall performance that has been achieved using a single 
die exceeds that required in most electronic systems and 
can be obtained at relatively low cost. 
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USING THE MC1545, A MONOLITHIC 
GATED VIDEO AMPLIFIER 


INTRODUCTION 


The MC1545 is a monolithic integrated circuit that was 
designed for use as a wideband amplifier; however, because 
of its novel design, the MC1545 can be used in a variety 
of applications, that include a gated video switch, pre- 
amplifier for core memory sense amplifier, balanced modu- 
lator, frequency shift keyer for FSK systems, amplitude 
modulator, pulse amplifier, and multiplexing circuits, to 
name a few. 

This application note will discuss briefly the dc and ac 
operation of the MC1545 and present some of its many 
applications. 


I. CIRCUIT DESCRIPTION AND OPERATION 


A schematic of the MC1545 with pin numbers for the 
TO-5 package (G suffix) is shown in Figure |. The circuit 
consists of a constant current source transistor, Q7, and a 
switching differential amplifier, QS and Q6, which splits 
the constant current between two differential amplifiers, 
or channels, composed of transistor pairs Ql — Q2 and 


Q3 — Q4 depending on the voltage applied at pin 1, the 
gating pin. The collectors of both channels are tied together 
and connected to a common load resistor (1 kQ). By 
using this technique, the amount of current flowing through 
each of the 1 kQ load resistors is constant and independent 
of which channel, Q1 — Q2 or Q3 — Q4, is conducting. 
As a result, there is essentially no dc level shift at the out- 
put when one channel is turned off and the other channel 
is turned on. The steady-state change measured in the dif- 
ferential output voltage when switching from one channel 
to the other is typically 15 mV. The amplified signal 
which appears at the collectors of the input channels is 
transferred to the output via Darlington emitter followers 
for a low output impedance and at the same time buffer 
the input differential amplifiers from any capacitive loading 
which would tend to lessen the frequency response. 
Common mode feedback is provided from the emitter 
of the first emitter follower back to constant current 
source, Q7, to stabilize the dc operating point of the circuit 





(Pin 10 Under Tab on TO-5 Can) 
Pin Numbers Shown are for 
G Package (TO-5), for F and 
L Packages, Refer to Data Sheet. 





FIGURE 1 — MC1545G Circuit Schematic 
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FIGURE 2 — Single Ended Voltage Gain versus Frequency 


and provide excellent common mode rejection. 

The manner by which either of the two input channels 
can be selected is as follows: The biasing of the MC1545 
is such that with a sufficiently positive voltage applied to 
the gating pin (pin 1 on the “G” package), or with the 
gating pin left open, the voltage at the base of transistor 
Q6 is more negative than the voltage at the base of tran- 
sistor Q5. Asa result, transistor QS is “on” and transistor 
Q6 is “off”. Under this condition, all of the constant 
current which is established in the collector of Q7 passes 
through transistor Q5 and establishes a bias current in the 
differential amplifier composed of Q3 and Q4. Hence, 
any signal applied to these transistors is amplified and will 
appear differentially at the output. However, if the gating 
pin is connected to ground or some negative value, the volt- 
age at the base of transistor Q5 becomes more negative 
than the voltage at the base of Q6, which causes the con- 
stant current to flow through Q6 and establish the bias 
current in the differential amplifier composed of tran- 
sistors Q1 and Q2. In this state, any signal which is applied 
to transistors Q1 and Q2 is amplified and will appear at 
the output, while the signal that is applied to transistors 
Q3 and Q4 is now gated off. The voltage required to 


Ay, Voltage Gain (dB) 














perform this gating function at pin 1 is compatible with 
all standard forms of saturated logic (MRTL, MDTL, TTL, 
etc.). In this manner either of two signals can be gated 
through the amplifier depending upon the application of a 
logic signal to the gating pin. This immediately points to 
the use of the MC1545 as a video matrix cross-point 
switch, a frequency shift keyer for FSK systems, a gated 
video amplifier, a gated oscillator, a preamplifier for core 
memory sensing, a channel selector for data acquisition, 
and many more. In addition to these obvious uses, there 
exist a number of less obvious uses which take advantage 
of the unique design and versatility of the MC1545. Among 
these is its use as an amplitude modulator and balanced 
modulator. These will be explained in more detail later 
in this application note. 

Figure 2 shows a plot of voltage gain versus frequency 
for the three temperature extremes of -55°C, 25°C and 
125°C. It is apparent from this plot that the MC1545 is a 
very wideband device and will serve well as a pulse ampli- 
fier. In addition to its wide bandwidth, the MC1545 has 
the added advantages of being dc coupled and providing a 
differential output from which a signal and its complement 
are available for driving logic functions which require both 
the signal and its complement as inputs. Rise time, fall 
time, and propagation delay are typically 6 ns for this 
device, making it compatible with modern, second gene- 
ration logic systems. 

As was explained earlier, the amount of attenuation 
which is given to an input signal when the amplifier is 
gated “OFF” is a function of the dc voltage at the gating 
pin. A curve showing this attenuation versus gate voltage 
is seen in Figure 3. As would be expected, the amount of 
attenuation of the input signal is a function of the input 
frequency. A curve of this characteristic is shown in 
Figure 4. This curve indicates that above 30 kHz, the am- 
plifier begins to show a certain amount of capacitive feed- 
through, primarily due to the physical closeness of the 
pins, and can be improved by the use of proper shielding 
between pins. However, even at an input frequency of 
10 MHz, a channel separation of better than 60 dB can 
be achieved. 








Va. Gate Voltage (Volts dc) 
FIGURE 3 — Voltage Gain versus Gate Voltage 
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FIGURE 4 — Channel Separation versus Input Frequency 


Another important parameter of any wideband ampli- 
fier is common mode rejection, which again is a definite 
function of frequency. This is shown in Figure 5 which 
demonstrates that the MC1545, even though very simple 
in concept, design and operation, has excellent common 
mode rejection. 

To demonstrate the great versatility of this device, a 
number of applications will now be shown. 


ll. APPLICATIONS 
A. Video Switch 


Figure 6 shows the MC1545G connected as a gated 
analog switch. It should be pointed out here that the 
number of external components required for this applica- 
tion is very minimal. This particular usage requires only 
one resistor. In this application, a signal (analog or digital) 
is applied to the amplifier at pin 4. With the logic signal at 
pin | at a logic 1 state (positive voltage) the input signal 
is amplified and passed through the amplifier. However, 
if the logic signal at pin 1 is at a logic 0 state, the amplifier 
is turned off and no signal will pass through the device. If 
it were required that the opposite logic levels pass or block 
the signal, the input signal can just as easily be applied to 
pin 2 or 3 with pins 4 and 5 grounded. In this case, a high 
logic level would block transmission and a low logic level 
would pass the signal, making the use of inverters unneces- 
sary. Taking “channel select time” as the time delay from 
the 50% point of the gate pulse to the 50% point of the 
full output swing, it is observed to be approximately 20 ns. 
During the time that the gating logic is in the low state, 
the circuit which gates the MC1545 must sink a maximum 
of 2.5 mA, which most forms of saturated logic can do 
easily. When the gating logic is in the high state, the circuit 
that gates the MC1545 must source only the leakage cur- 
rent of a reverse biased diode, which is 2 zA maximum. 
These requirements are quite similar to the input require- 
ments of a standard DTL or TTL logic gate. 


B. Frequency Shift Keyer 
Rather than grounding pins 2 and 3 as in the previous 


example, it is possible to apply a second frequency to these 
input pins and select which of the two frequencies, either 
Fl or F2, will be passed through the amplifier. This is 
illustrated in Figure 7. As the circuit is shown, frequency 
F2 will be passed when the voltage at pin 1 is greater than 
+1.5 volt and F1 will be passed when the voltage at pin 1 
is approximately zero volts. 

The MC1545 can be used as a gated sense amplifier — 
preamplifier in core memory systems. By being able to 
strobe independent of the systems read signal, the sense 
amplifier can be gated on after the large common-mode 
pulse has passed and sense the low voltage differential 
signal stored in the core. This reduces the sense amplifier 
recovery time from microseconds to nanoseconds since 
the channel select propagation delay time is of the order 
of 20 ns. 

In addition to this preamplifier application, another 
use can be made of this idea by paralleling and cascading a 
number of MC1545’s to perform a one-of-N data selector 
for data processing. A simple example of this is shown 
graphically in Figure 8. 
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FIGURE 5 — Common Mode Rejection versus Frequency 
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FIGURE 6 — Video Switch 
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FIGURE 7 — Multiplexer (FSK) 
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FIGURE & — One-Out-Of-F our Data Selector 











FIGURE 9 — Wideband Amplifier with AGC 


C. Wideband Differential Amplifier with AGC 


The gate characteristics of the MC1545, as shown in 
Figure 3, also make it useful as an AGC amplifier. With a 
dc voltage applied to the gate pin, as much as 100 dB of 
AGC can be obtained. Since there is essentially no dc level 
shift with AGC, the output waveform will collapse sym- 
metrically about zero with little or no distortion. This 
application is shown in Figure 9. 


D. Amplitude Modulator 


The gate characteristics of the MC1545 also makes it 
useful as an amplitude modulator. Figure 10 shows the 
measured gate characteristics, with gain plotted on a linear 
scale. By biasing the gate at Point B and impressing an 
audio signal on the bias, the gain of the channel varies 
quite linearly between the points “A” and “C” on the 
curve, giving very litile distortion on the output. Using 
the gate characteristics in Figure 10, the up-modulation 
(My) and down-modulation (Mp) may be calculated. Re- 
ferring to Figure 11, the up and down modulation factors 
are defined as: 


Emax — E 
Mu = cae (upward modulation) (1) 











Ay, Voltage Gain (V/V) 





























Vg, Gate Voltage (Volts dc) 


FIGURE 10 — Voltage Gain versus Gate Voltage 
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_E-Enmin 


: (down modulation) (2) 


Mp 


where: 


E = peak amplitude of the unmodulated carrier 


Emax = maximum amplitude attained by the 
modulated carrier envelope 


Emin = minimum amplitude of the modulated 
carrier envelope 


RF Carrier 


FIGURE 11 — Amplitude Modulated Waveform 


Constraining the gate voltage to vary about the point 
“B” with a maximum occurring at point “A” and a mini- 
mum at point “C” and letting the RF carrier input be ein, 
(See Figure 12), then 


RF 
Input 


5 k, % Mod. Adj. 


FIGURE 12 — Amplitude Modulator 


€o = einAV] (3) 
Thus the values of E, Emax, and Emin are 
E  =ein (AV) (4) 


Emax = ¢in (AV) a (5) 
Emin = ein (AVj)c (6) 
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FIGURE 13 — Output Waveform of Amplitude Modulator 
with 25 MHz RF and 5 kHz Audio 


and by using equations (1) and (2), obtain 


_Avpa~ Avis (7) 
(Av))B 
_Avpgp-Avpc 


(Av)DB ~ 


Substituting the values of (AV))q,(AV))p, and (Avj)c, 
from Figure 10 into equations (7) and (8) we find 


My = 0.58 

Mp = 0.54 
These are the values of up and down modulation which 
can be expected without appreciable distortion. 


When the circuit shown in Figure 12 was bread- 
boarded and the resistor adjusted to give the proper bias 


Audio 
Input 


Balance 
Adjust 


FIGURE 14 — Balanced Modutator 
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point, the results for a carrier frequency of 25 MHz and an 
audio frequency of 5 kHz were 


My = 0.54, Mp = 0.52. 


From Figure 10, the audio signal required to perform this 
modulation is approximately 350 mV peak to peak. The 
output waveform for this circuit is shown in Figure 13. 
Note that the distortion is very low. 


E. Balanced Modulator 


The MC1545 can be connected as shown in Figure 14 
to function as a balanced modulator. The operation here 
is quite similar to the operation previously discussed for 





Mathematically the switching function can be written 





as 
S(t) = 2 D AnCosneset (9) 
n=1 
where 
nt 
Sin 3 
= 10 
an nt (9) 
2 


Approximate Equivalent 


FIGURE 15 — Balanced Modulator Model 


the amplitude modulator except that the input differential 
amplifiers have been connected such that their collectors 
are cross-coupled. This is obvious in Figure 15 where the 
input stage has been redrawn to reflect its actual operation. 
If the carrier level is sufficient to completely switch the 
top differential amplifier pairs, the circuit functions as 
shown by the approximate equivalent circuit in Figure 15. 
Here the modulation signal is alternately switched between 
differential amplifiers at the carrier rate. The result is 
that the modulation input signal is multipled by a sym- 
metrical switching function which shifts the spectrum of 
the modulation input and places it symmetrically about 
the odd harmonics of the carrier. A pictorial explanation 
of this is shown in Figure 16. 


nt 
Only the odd harmonics are present since Sin — = 0, for 
neven. 2 


If the input modulation is given by 
€m = EmCoswmt, ¢| 1) 
then the output will be given by 


oo 
€9 =2Em > AnCosnwetCoswmt. (12) 
n=1 


By use of the following trigonometric identity, 


Oy 


CosACosB = 1/2 [Cos(A+B) + Cos(A-B)] . (13) 


Ut 
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®, = Switching Function S(t) 





FIGURE 16 — Modulator Waveforms 


The final result is expressed in the desired form, 


€o=Em D An [Cos(nwe + wy) t + Cos(nwe — wm)t]. 
n= (14) 


Hence, the output is composed of only the sum and differ- 
ence frequencies (sidebands), and the carrier is suppressed. 
When the circuit of Figure 14 was evaluated, the carrier 
rejection that could be achieved was as follows: 62 dB 
with fo = 15 kHz and fp, = 3 kHz; 47 dB with f, = 455 kHz 
and fm = 10 kHz, and 36 dB with fe = 30 MHz and 
fm = 10 kHz. 


F. Pulse Amplifier 


Pulse amplifiers are used in many applications such 
as pulse radar IF’s, pulse width modulation, and pulse 
amplitude modulation systems. 

The MC1545 offers a number of advantages as a 
pulse amplifier. It has a large bandwidth as is seen in 
Figure 2. It has de coupling which provides low frequency 
response and therefore no droop, and with its differential 
input and output, common mode signals, such as noise, 
are greatly attenuated. 

Figure 17 shows a typical pulse amplifier connection 
for the MC1545 giving a voltage gain of 10 V/V (20 dB). 





FIGURE 17 — Pulse Amplifier 


Ill. CONCLUSION 


A versatile integrated circuit, the MC1545, has been 
discussed that takes advantage of state-of-the-art I/C fabri- 
cation techniques and novel design to give the circuit and 
systems designers a new building block. The MC1545 
serves well in a number of applications, such as a video 
amplifier, pulse amplifier, FSK keyer, balanced modulator, 
amplitude modulator, differential amplifier with AGC, 
preamplifier for core memory sense amplifiers, and many 
more. The flexibility of this circuit is limited only by 
the user’s imagination. 


AN-480 
REGULATORS USING OPERATIONAL AMPLIFIERS 


INTRODUCTION 


Regulators using op-amps as the gain elements usually 
exhibit better regulation than their IC counterparts due to 
the higher available loop gain in the op-amp. Voltage 
drops of less than 0.01% over the entire load range are 
commonplace, and with care 0.001% is feasible. It is 
useful to look at all elements of such a regulator design so 
that in the final result, performance is predictable over 
load and temperature variations. 

This application note will describe the most important 
device and circuit parameters in regulator design, and 
show an example of how they may be applied. 


BASIC THEORY 


Regulators can best be analyzed as a feedback system 
and as such, can be drawn in block form as in Figure 1. 
Output voltage for this simplified system is given by: 


Amplifier 


7 G 
VO = Vref 7¢GH 
where 
G = Amplifier gain, AVOL 
H=The fraction of Vo fed back to the summing 
point. 
Output voltage, Vo, is less than Vref by the term 


1 
Vref — VO = Vref 776 forH=1. 


For the regulator of Figure 1, improved regulation results 
from higher amplifier gain. 





FIGURE 1 — Feedback Amplifier Form of Voltage Regulator 


Wl 
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FIGURE 2 — Feedback Regulator with Increased Current Capability 


So far no mention has been made of load effects. 
Indeed, since an ideal amplifier was assumed in the initial 
circuit, its regulation would be perfect. Therefore, dif- 
ficulties with regulation may be traced to amplifier 
qualities so far ignored ... primarily output impedance. 
The general form of the regulator amplifier is an oper- 
ational amplifier with an additional emitter follower stage 
to provide necessary current gain for useful output 
current, as illustrated in Figure 2. Output impedance for 
the emitter follower can be quiet low, being approx- 
imately the impedance seen at the base of Q; divided by 
the beta of Q). The base impedance is predominantly the 
open loop output impedance of the operational amplifier. 
Therefore, the open loop (no feedback) output impedance 
of the regulator is 


Zo (open loop ~ ee 


However, when feedback is applied around the amplifier, 
Zo drops by the amount of loop gain. For full feedback 
(H = 1) the output impedance becomes: 


Zo (op amp) 
BQ, (1 + G) 


It is obvious that for large amplifier gains there is a big 
improvement in regulator performance; the output im- 
pedance drops. For a second model, the regulator can be 
drawn as a voltage source with a finite output impedance 
as shown in Figure 3. Output voltage and percent 
regulation are now easily calculated as 


Zo (closed loop) * 


Vo =V' —ILRo and 
v’—Vo 
percent regulation= vo CX 100 








i 


. bee x 100(%) 


Zo (Op-Amp) 
Ro” ba, (1+ G) 





FIGURE 3 — Regulator Model 


For some applications the previous equations will 
adequately describe the dc behavior of the circuit. 
However, for present day operational amplifiers, capable 
of gains in excess of 100,000, other factors begin to 
change the performance to something other than ex- 
pected. To evaluate these other sources of error, consider 
an example based on what has been derived so far. 
Assume an operational amplifier with an open-loop gain 
of 100,000, an output impedance of 1000, and an 
emitter follower with a worst case beta (6) of 20. With 
Vref =10 volts, the expected no load output voltage, from 
Equation 2, would be low by an amount 


10 
1+ 105 


=0.1 mV, 
and regulation from Equation (6) would be: 





Vref — Vo= 


IL xR 
% regulation = a © x 100 





A _ 103 = 
(20) (105) 


Ip x 0.5 x 10-3 
% regulation ~ ——p oe 102 


Ro 0.5 mQ 
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for l= 100 mA 
% regulation ~ 0.05 x 10-2 


= 0.0005%. 

This is indeed good regulation. However, the measured 
value of such a system may vary by more than an order of 
magnitude from this figure. Normally neglected amplifier 
and circuit parameters must now be considered to 
determine a closer measure of actual performance. 


VOLTAGE OFFSETS 


According to the calculation in Equation (7), the 
output voltage will only be 0.1 mV less than the 
reference. This small difference is usually masked by the 
input offset voltage (Vio) of the operational amplifier 
which typically runs from 1 to 10 mV for monolithic 
amplifiers. Therefore, increased gain, without a tighter 
voltage offset specification, will not guarantee closer 
tracking of the output voltage to the reference. A second 
effect of Vio is output drift with temperature and loading. 
Temperature coefficient of the input offset voltage is 
roughly proportional to Vio; drift is typically 5 uV/°C to 
20uV/°C. This not only exhibits itself as added shift 
between Vo and Vref over temperature, but over loading 
as well. For example, assume an amplifier operating under 
the following conditions: 


Vsupply = + 15 volts 
TCV, = 20 uVv/°C 


ILoad = 0, +15 mA 
oJA = 4.6 mW/°C 


The term ¢JA is thermal conductance from the chip to 
ambient and can be used to determine junction temper- 
ature rise for a given power dissipation. Temperature 
coefficient of the input offset voltage is not the linear 
function that the drift specification would indicate (which 
is usually an average or straight line approximation), but 
for a rough approximation around normal room ambient 
it will be sufficient. Added temperature rise due to output 
loading (for the example given) can be calculated by: 


°C ye _ APaiss 
T1Sse OA 
oc... = (15 x 015) 
rise OA 
= 49°C 


and the input offset drift will be 


Vv WV 49°C 
io drift = — * 
10 CIl oC 


= 0.98 mV. 


For base current requirements of Q) approaching the 
maximum available op amp current (usually 10-15 mA), 
this drift will be an error in measuring regulation. Output 
voltage will appear to drift after the load is applied, and 
after some time will settle to a constant value. The 
regulation figure ascertained in Equation (8) will be of 
little value if the Vig drift completely covers the excellent 
short term regulation due to amplifier gain. The thermal 
time constant associated with chip temperature rise is on 
the order of 1 or 2 minutes and can easily interfere with 
attempts to obtain good regulation over load, even though 
the ac output impedance may appear to be excellent. 
Since the regulation in Equation (8) corresponds to a 
voltage change of only 50 yV, virtually any temperature 
shift on the chip (or in the ambient) can cause the output 
to move by a significant amount. 


COMMON MODE AND POWER SUPPLY REJECTION 


If the op amp is connected directly across the incoming 
voltage (Figure 4), another type of error can occur which 





FIGURE 4 — Op-Amp Powered by Line Voitage 


again will make the regulation appear much worse than 
0.0005%. This is due to dropping input voltage with load 
current being coupled to the op amp output by the 
parameter “power supply sensitivity”. 


If Vref is a value other than the average of vt and V-, 
the op amp can exhibit a gain, which is specified under 
“common mode rejection ratio”, CMRR. When Q] is 
operated from the same input voltage as the amplifier an 
effort is usually made to minimize voltage differential 
across the series pass transistor to maximize efficiency. 

vt+v— 
The common mode voltage ( 5 





= Vref) is then 


usually quite high under these circumstances and the error 
that results can become significant if CMRR is less than 
80 dB. Common mode error appears as an offset of either 
polarity at the output and will vary over temperature. For 
the above mentioned minimum (CMRR = 80 dB), offset 
will be +100 pV per volt of common mode. Rejection of 
at least 90 dB is desirable to establish minimum offsets 
from amplifier to amplifier. 


WN 
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VOLTAGE REFERENCE 


Output voltage stability with time and temperature 
depends for the most part on the quality of the voltage 
reference. Specifying a tight amplifier drift specification 
alone will not guarantee a stable regulator over 
temperature, only a good OTC reference will. Other 
factors to consider, however, are: line rejection, cost, and 
ease of adjustment (if any). The most obvious solution is 
to use a zener diode which has a low temperature 
coefficient by nature (about 5.1 volts), or one that has 
been compensated by adding forward diodes. Low voltage 
zeners lack flexibility for use in higher voltage supplies, 
especially when it is desirable to have Vref = Vo, and 
high-voltage compensated zeners are normally expensive. 
In addition, when the reference voltage equals the output, 
current from the input voltage must be used to excite the 
zener which will cause some line ripple to feed through to 
the output. A first try at establishing a reference circuit is 
shown in Figure 5. Since the diode also exhibits a finite 
resistance 


voltage. This is illustrated in Figure 6. Two terminal 
current regulator “diodes” are now available that have 
extremely high impedance when operated with more than 
one or two volts across them and have an upper voltage 
limit of about 100 volts. A less expensive, but more 
variable method is the use of a FET with the gate and 
source pins externally shorted yielding an [pss current 
above the pinch off region. An example of this using an 
N-channel JFET (2N5457) is seen in Figure 6b. This 
arrangement can also offer an equivalent resistance of 
several hundred thousand ohms while delivering milli- 
amperes of current to the zener, requiring but a few 
volts to operate. 

Expanding further on the circuit of Figure 6, if the 
current source is very good, the zener may be replaced by 
a resistor to establish a voltage whose value is Ip x R2, as 
shown in Figure 7. A completely variable reference can be 
realized by making R a potentiometer. The reference is 
now at the mercy of the temperature coefficient of the 





FIGURE 5 — Zener Diode Reference 


at each current level, the equivalent circuit may be 
approximately redrawn as Figure 5B. Reference voltage 
VR is now composed of two components, Vz and IZRZ; 
assuming I, = 0, 


VR =Vz t+ IZRz 
_Vt-vz 
IZ- RFR 





{tv Ve 
VR-ARFRz Rz7+Vz 
V*Rz RZ 
YR*R+Rz ‘YZ iti, 


Note that a portion of the input voltage is coupled into 
VR due to Rz causing input voltage influence at the 
output. By replacing the resistor R with a current source, 
VR may be rendered nearly independent of the input 


FET, which can be poor unless compensated. But for 
short term stability this does offer the flexibility of a 
variable VR. 


A stable, positive voltage reference can be obtained 
from a currently marketed voltage regulator IC. Only the 
compensated reference portion of the circuit is used, but 
it is priced well below compensated zener units which 
approach its drift specification of 0.002%/°C (typ.). The 
regulator IC is the MC1560-1460 series. With two external 
resistors, the reference voltage can set up to 17 volts, as 
seen in Figure 8. Here, then, is a flexible, stable voltage 
which should suffice for all but the most critical regulator 
applications. A high voltage version of this circuit 
(MC 1461-1561) offers outputs to 37 volts to satisfy most 
system reference needs. Care must be taken, however, 
when choosing the resistors (Rj and R2 in Figure 8) to 
insure that their temperature coefficients match as closely 
as possible the device TC fcr its full value to be realized. 
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FIGURE 6 — Current Source Stabilized Zener Reference 


GROUND LOOPS 


So far, considerable discussion has been centered 
around devices and their effect on overall performance, 
but the truth is, much regulation can be sacrificed by 
improper layout and current path considerations. A 
regulator diagram is given in Figure 9 with critical load 
path wire resistances shown as RW, and Rw . These are 
the most important simply because they carry the most 
current and thus dron the most voltage. 


Even if Vo=Vref, (H=1), and with Ay=, the 
voltage across the load (VL) will be only a fractionof Vg 


RL 


VL= VOX Ry + Rw) FRE 


This may seem insignificant at first glance, but #20 wire 
exhibits 10 mQ/ft, which means 1 mV per 100 mA per 
foot. For the hypothetical regulator designed earlier this 
completely masks the true regulation. An additional 
problem can be contact resistance if the regulator output 
is connected to the system by binding posts or a similar 
connector rather than being soldered. Even solder joints 
can result in loss of millivolts if not properly made. Either 
of the above conditions can be minimized (not eliminated) 
by “remote sensing” as shown in Figure 10. Voltages at 
the amplifier inputs are now: 


Ve =VL+ILRw, 
Vé = Vref + ILRW), 


Ve—- Ve =e= Vref — VL, and 


VetVe_ Vi + Vref 
Qa ee gs ERD 





FIGURE 8 — Monolithic Voltage Regulator 
Used as TC Reference 





FIGURE 7 — FET Current Source with 


Potentiometer for Variable VR 


QS 


Witt 
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FIGURE 9 — Ground Loop Model 





FIGURE 10 — Voltage Regulator with Remote Sensing 


Error given by Equation (13) is the same as for the 
circuit of Figure 4, except that the common mode voltage 
from Equation (14) is increased by the value ILRWp. If 
the common mode rejection of the amplifier is good, this 
added voltage won’t significantly affect performance of 
the regulator. The sense lines may be small gauge wire 
since they carry very little current. Resistance Rw, 


increases the open loop output impedance of the regulator 
but in most instances an additional 10 or 20 mQ will not 
significantly affect performance. 


BUILDING A REGULATOR 


As an example, using the previous equations and 
techniques, a +15 volt regulator will be designed using a 
monolithic operational amplifier. For a preliminary spec- 
ification, or design goal, assume a tentative 0.1% regula- 
tion for a current load change of 0-300 mA and see if it 
can be realized. Calculated output voltage change from 
no-load to full-load must be no more than 15 mV, which 


from Equation (6) indicated a maximum regulator output 
impedance of 50 mQ. It is evident from Equation (4) that 
some consideration must be given to three primary factors 
influencing output impedance: series pass transistor gain 
(6Q1), op-amp open-loop output impedance, and op amp 
open loop gain (AVOL). A wide range of devices are 
available that will give the desired result, so they are 
usually chosen for reasons other than performance, for 
example, cost and availability. For good performance at 
moderate cost a 2N4921 will be used as Qy and an 
MC 1539 as the operational amplifier. The pertinent device 
parameters, are: 


BQ; = 20 (min), 

AVOL (op-amp) = 50,000 (min), 
Zo (op-amp) = 4 kQ, 

CMRR = 100 db, 
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Offset Voltage — 4 mV (max), 
TCyio = 5 pV/°C, and 
Power supply Sensitivity = 150 V/V (max). 


Regulator output impedance (from Equation (4)) for this 
combination of devices is 4 mQ causing a voltage drop 
under full load of 1.2 mV, only a small part of the 
allowable error. Maximum current supplied by the ampli- 
fier (MC 1539) is specified as 15 mA. For a single supply 
of +30 volts this signifies an additional power drop 
(besides normal operating power) of 225 mW. Assuming 
the same ¢JA as in Equation (8), the additional chip- 
temperature rise will be 49°C, and the possible offset 
voltage drift could be as high as 0.245 mV, which is 
negligible in this case. Since the output voltage is one half 
the single supply value (430) and Vref =+15 V, no 
consideration need be given to common mode effects. 
Power supply variations affect the output only to the 
extent listed under “power supply sensitivity”, not 
including reference disturbances, and will also be assumed 
negligible for this example. 





Since typical or minimum performance values were 
used for both the transistor and the op amp, the fact that 
regulation is better than the design goal is not surprising. 

Static (dc) curves of performance are usually difficult 
to measure because of output voltage drift and noise. 
The former is caused by a combination of excellent regu- 
tion and relatively poor temperature coefficients. If Rj 
and R2 were matched to 0.02%/°C the output voltage 
would shift 3 mV for each degree change in their temper- 
ature, and this can easily happen when Q] begins to heat 
as load current increases. Regulation, then, becomes 
dependent on the proximity of Ry, R2 and Qj, where it 
becomes obvious that no amount of amplifier gain can 


alleviate the difficulties caused by temperature gradients. © 


Transient behavior, however, is indicative of true regula- 
tion if done in the proper manner. For noise levels below 
1 mV a pulsed load technique may be used and the shift 
in output voltage noted on an oscilloscope. This is also 
valuable in establishing overall transient response although 
the usual “spikes” will be considerably off the scope 
face when measuring the relatively quiescent dc level shift, 
illustrated in Figure 13. Another method, although not as 
direct, can give good results if the operational amplifier 


2N4921 


FIGURE 11 — +15 Volt Regulator 


As a reference for our regulator, an MC1460G will be 
used to take advantage of its low temperature coefficient 
and excellent line rejection. Since ordinary carbon re- 
sistors will be used to set the reference level, overall TC 
will be determined by the TC differences in the resistive 
divider. However, this effect should show up primarily as 
output voltage drift with temperature. 

The regulator, designed as just described, is shown in 
Figure 11, and when tested, exhibited the regulation 
shown in Figure 12. 


frequency characteristics are known. If a known value of 
de current is drawn through a load of known trans- 
conductance, and modulated by a low frequency signal 
(See Figure 14), any signal voltage appearing as the output 
will be a function of the signal load-current and the 
output impedance at that frequency. If the op amp 
break-points are known, output impedance (slope of 
AVo 
Al” 
(and loads if the dc load level were changed). For the 


) can be calculated for a wide range of frequencies 


Ry 


Wl 
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example regulator, a narrow band (tuneable) RMS volt- 
meter that will accurately measure ac output voltages in a 
band from approximately 100 Hz to 100 kHz is used. 
With a value of 100 Hz as starting point, at a dc load of 
100 mA and an ac modulation of 10 mA (RMS), the 
output voltage is 0.1 mV RMS (BW=10 Hz). This 
corresponds to an output impedance of 10 mQ.. However 
from the compensation values used (0.05 pF, 180 9), it is 
known that the first pole or break point occurs at 
approximately 10 Hz, a factor of 10 from the signal 
frequency. If the opamp rolloff is 6 dB/oct, then at dc the 
output impedance would be 1 mQ. For frequencies much 
removed from the audio region, other poles (or zeros) 


may make the calculation more difficult; a choice of 


1 
frequencies between the first pole and zero (fZ = TR3C) 
is usually wise. 


Vnominal — Vout 
Miltivolts 


-0.1 





0 50 100 150 200 250 300 
Load Current in Milliamperes 


FIGURE 12 — Load Regulation for Circuit in Figure 11 


’ aie . ce 
z ' 
. : 
. 4 =a pea 4 
iis ‘ - : 


+ 


10d bee 
t 
be 


ee Ge 


Regulator Output under Pulsed Load Condition (12 b) 
Horizontal Scale: 200 us/cm 
Vertical Scale: 1mV/em 





TRANSIENT RESPONSE 


Output impedance vs frequency and transient response 
are not unrelated for a smail signal analysis. If the output 
impedance remains low at high frequencies, then tran- 
sients will disturb the output voltage very little. However, 
as noted, op-amps tend to begin “tolling off’ frequency 
response rather early (for stability considerations) and 
hence the output impedance, directly related to amplifier 
gain, goes up with frequency, even with output capacitors. 
Operational amplifiers with relatively low gain (<10,000) 
usually exhibit better bandwidth than high gain units and 
make better regulators where medium frequency output 
impedance is a factor. However, for non-linear loop 
response, small signal parameters become useless and slew 
rate must be considered as the prime parameter for 
designing performance. Non-linear operation is en- 
countered if transient speed is faster than the amplifier’s 
ability to correct or follow. Speed of recovery is then a 
function of the amplifier’s large-signal maximum rate of 
change as indicated by its power bandwidth or slew rate. 
Since direct feedback usually dictates unity gain 
compensation, good transient response may be difficult. 


CONCLUSION 


Excellent dc regulators can be constructed using 
operational amplifiers if adequate precautions are taken in 
construction and sensing. Open loop gains in excess of 
100,000 are beneficial unless very tight specifications-on 
amplifier input offset and reference drift are established. 
Short term regulation of 0.01% is easily realizable with 
0.001% well within expectations if some care is exercised. 


Load Current Waveform for 12 a 
Horizontal Scale: 200 yus/cm 
Vertical Scale: 100 mA/cem 


FIGURE 13 — Regulator Test Waveforms 
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Narrowband 
Regulator RMS Electronic AF 
Voltmeter Load Generator 


FIGURE 14 — Regulator Test Using RMS, Narrow-Band Voltmeter 





APPENDIX A A simplified version of the most popular form is 


illustrated in Figure B-1. 
If the regulator output is to be a multiple of the 


reference voltage the circuit of Figure A-1 is usually used. 
Regulation for this circuit will be worse than for a circuit 
where the reference and output voltages are equal because 
of the loop attenuation introduced by Ry and R2. Output 
impedance is given by 


Zo (op amp) 
1 —=<_—ese_es= 
Zo (closed loop) Ba, . (AvoLR 
Ri +R? 


Common mode rejection and power supply sensitivity are 
degraded to: 





R2 
CMRR* =CMRR | dBp-( Ri ) | dB FIGURE A-1 — Regulator Circuit Using a Reference 


that is a Multiple of the Output 


R 
Power Supply Sensitivity* ~ PSS [ -| 


R 
Not only is the reference increased by (1 on but the 


offset voltage and its drift as well as the reference drift. 
For many reasons this connection can be shown to be 
inferior except from the standpoint of slew rate where the 


attenuation of aa allows a compensation other than 


unity giving a wider power bandwidth. 
APPENDIX B 
“Floating” IC Regulators 
Voltage regulators utilizing monolithic operational 
amplifiers are often used for stabilizing voltages con- 
siderably higher than their ratings. This control is possible 


because the entire circuit is not referenced to ground, but 
rather “floated” between ground and the supply voltage. FIGURE B-1 — Floating Regulator 





RQ 


UML 
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Zener Dj insures that the IC positive supply is greater 
than the required output swing. D2 maintains a constant 
supply voltage for the unit ( V+ + V_ )=Vpo. The 
voltage across the IC, is then tied to the output voltage by 
fixed constants. 

Disregarding the power source for the op amp (dis- 
cussed above), the schematic can be further simplified to 
that of Figure B-2. 





FIGURE B-2 — Simplified Floating Regulator Mode! 


Vv 
The transfer function ° may be simply derived if 


common mode effects are neglected: 
RD 
V2= Ri +R2 Vo 
V1 =Vo-Vpb3 


Vo = AVOL (V2 — V1) 


VoR2 
Vo=AVOL|R) +R ~ ¥0* VD3 





R2 
Vo = AVOL Vo E +R) *AVOL voy 


R2 
Vo 1+AVoOL(l- Ry RZ) =AVOL YD3 


Vo “vor. 


VD3_ 1+ AVOLR] + Ro 
R} 
for AVOL Rj #R2 > 1 


Vo _Rit+R2 or Vp = Rit R2 


Vp3.—sR Rj (VD3) 








The circuit responds as a zener “multiplier”; the 
output voltage (VQ) is a multiple of the reference voltage. 
Another circuit which performs the same function is 


illustrated in Figure B-3. The chief drawback of the circuit 
of Figure B-3 is that the output voltage can be much 
higher (for large multiplication ratios) than the common 
mode voltage (Vz). For the floating regulator (Figures B-1 
and B-2), the output voltage may rise as high as voltage 
precautions permit, but it is not limited by either 
common mode or differential voltage problems. 





FIGURE B-3 


One limitation peculiar to this regulator is that 
regulation decreases for increasing output voltages. This is 
a result of the loop gain being dependent on the zener 
multiplication factor eae . For example, if 
AVOL = 50,000, Vp; =10 V, and Vo=100 V, the 
AVOL 

10 
be sufficient to support the desired regulation; the 
degradation of output impedance should be kept in mind 
for variable voltage supplies constructed in this manner. 





resultant loop gain is = 5000. This value may not 


PRECAUTIONS 


Zener voltage values cannot be chosen haphazardly, 
although there is some margin. The value of VD (of 
Figure B-1) is determined by the power supply require- 
ments of the op amp, but will usually be 30 volts. Values 
of Vp, and VD3 are interdependent and will be governed 


by the weight placed on loop gain (regulation) versus ease 
of finding a good zener with a low temperature coeffi- 
cient. Nominally, Vp, may be chosen to be 10 volts. VD3 


should be chosen to place the op amp input in a favorable 
common mode range. To visualize this, consider Figure 
B-4 where an output voltage of 75 volts is to be regulated. 
Vp and Vp, have been chosen as above. 
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Zero common mode level (relative to the power 


852° — 70V. This would indicate that VD3 
may be anywhere in the range of 5 V*Vmax(cm)- For 
stability, the value may be 5.6 volts which is nearly 


zero-TC without compensation. If Vp, had been a smaller 
value, the common mode limits would have been lower, 





supplied) is: 


and the allowable values of Vp3 higher. The components 
under a high voltage stress are resistor R2 and the series 
pass transistor if appreciable voltage is dropped across it. 
Regulation for a circuit of this type is always a function 
of the desired output voltage level, decreasing propor- 
tional to the zener multiplication factor, but can provide 
reasonably good regulation at moderate voltages (100-250 
volts) and in a small package. 
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ANALYSIS AND BASIC OPERATION OF THE MC1595 


INTRODUCTION 


The Motorola MC1595 four quadrant multiplier is the 
second basic building block now available to analog systems 
designers. Any control or instrumentation problem which 
requires the product, square, square root or ratio of two 
analog quantities can be easily achieved with the MC1595. 
Monitoring power, brake horsepower, fluid flow, solving 
of complex non-linear equations (using analog computer 
techniques), frequency doubling, phase detection, dynamic 
gain control, taking roots or powers, modulation circuits, 
navigational problems, velocity, acceleration and distance 
for linear or non-linear inputs, root mean square calcula- 
tions, and generation of trigonometric functions are only 
a few of the applications for this device. 

This note will be concerned with an analysis of the 
MC1595, the basic operating and design procedure and a 
few applications that will hopefully encourage the designer 
to consider the multiplier in his future system designs. 


REVIEW OF MULTIPLICATION TECHNIQUES 


There are many methods of performing analog multipli- 
cation.!_ The following partial list is offered as a brief 
comparison of techniques: 


1. Hall Effect — The basic principle behind the hall 
effect multiplier is that the voltage across a conductor is 
proportional to both the current through it and the 
strength of the magnetic field across it. 


2. Magnetoresistance — A magnetoresistance multiplier 
is basically a Wheatstone bridge made up of flux-sensitive 
resistors where the two variables to be multipled are the 
current in the coil producing the flux and the voltage 
across the bridge. 


3. Variable Transconductance — A multiplier of the 
variable transconductance variety is based on the idea that 
the output of a transistor amplifier depends upon the input 
signal and the magnitude of the effective emitter resistance 
(common-emitter configuration assumed) which can be 
controlled by the magnitude of the emitter current. Hence, 
the output at the collector is proportional to the input 
signal times a function of the emitter current. 


4. Quarter Square — This technique makes use of the 
mathematical identity XY = 1/4 [(X + Y)2 - (X - Y)2]. 
Diodes are generally used to generate the square-law func- 
tions required. 


5. Pulse Height/Width — An oscillator generates a train 
of rectangular pulses in which the height of the pulses is 





modulated by one input and the other input modulates 
the width. The area of the pulses is then proportional to 
the product of the two inputs. 


6. Triangle Averaging — This is a variation of the quarter- 
square method. Instead of the squarelaw functions used 
in the quarter-square method, quadratic functions are 
generated by integration of clipped triangular waveforms. 


7. Logarithmic Sum — This is the technique by which 
an everyday slide rule operates. XY = antilog [log X + 
log Y]. Log and antilog functions can be easily generated 
using a nonlinear element in conjunction with an oper- 
ational amplifier.2 

Of these seven methods of performing analog multipli- 
cation, the third (Variable Transconductance) is best suited 
to monolithic implementation. The concept of variable 
transconductance is used in the implementation of analog 
multipliers in monolithic form, the MC1595. 


MULTIPLIER DISCUSSION 


Multiplier circuits have been constructed using digital 
techniques but for reasonable accuracy the gate-count is 
quite high. However, the use of a linear circuit had the 
disadvantage of distorting at least one input due to the 
nonlinear processing involved. The MC1595, on the other 
hand, has overcome the distortion problem by precon- 
ditioning one input that cancels the nonlinear processing 
distortion. This preconditioning is shown in Figure 1. 
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FIGURE 1 — Multiplier Preconditioning Principle 
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FIGURE 2 — Linear Four-Quadrant Multiplier Model 
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FIGURE 3a — Monolithic Realization of the MC 1595 Linear Multiplier 
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Briefly, this operation can be explained by considering the 
collector response of a transistor to an input base-emitter 
voltage. For two identical transistors, as shown, an input 
Ij is seen to produce an output I? that is approximately 
equal to Ij. This is achieved by first converting the input 
current into a voltage ¢1 which is logarithmically related 
to 1}, and then converting ¢1 into a current I, that is ex- 
ponentially related to ¢1. Since the transistors used are 
identical, the logarithmic operation cancels the exponential 
operation and output I2 responds linearly to input 11. 
Note that Ij has been processed nonlinearly in the tran- 
sistor junctions. 

In Figure 2, a modified version of the balanced multiplier 
is shown in which the e2 input has been processed through a 
diode-transistor network to produce a linear response via 
nonlinear preconditioning. The original circuit responds 
linearly to the e, input, so the output is now linearly 
dependent upon the product of e] and e2. A monolithic 
realization of the complete multiplier circuit is shown in 
Figure 3a, where the input emitter degeneration and oper- 
ating currents are adjustable to accommodate a variety of 
input signals and applications. The circuit just developed 
is the new Motorola MC1595 Linear Four-Quadrant 
Multiplier. A photograph of the MC1595 die is shown 
in Figure 3b. 


MC1595 ANALYSIS 


Figure 4 will be used as the equivalent model for the 
analysis of the MC1595 multiplier. For the purposes of 
this analysis, the following conventional assumptions have 
been made for simplification: (1) Devices of similar geom- 





FIGURE 3b — MC1595 Die 


etry within a monolithic chip are assumed identical and 
matched where necessary, and (2) transistor base currents 
are ignored with respect to the magnitude of collector 
currents; therefore, collector and emitter currents are 
assumed equal. 





FIGURE 4 — MC1595 Equivalent Model for Analysis 
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From the model of Figure 4, the following equations 
are obtained: 











13 + ly =16 + 1g (1) 
4 -ly=I5 +17 (2) 
Ta =16 +17 (3) 
Ip =Ig tI5 (4) 
13 +ly 
Ig = ——_——__ 5 
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V 
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kT 
where VT = a =~ 26 mV at +25°C. 


For simplicity, let us define 


_ 1-2 
an : 


Vr (9) 





Substituting (5) and (6) into (4), and solving for Ip, obtain 





see EGF erm) + Lal + e™) - Tyo - e-™) 
B = 


(ite™(1+e™) 


(10) 


and similarily with equations (7), (8), and (3) IA can be 
solved for: 


_Bd+ eM) + I4(1 t+e“™) + Iy(e™ -e"M) 


(11) 
(1+e™)(1 te"™) 
A differential output current defined as 
Al =I, -Ip (12) 
can be expressed as 
Pr iad ie) En os (13) 


(t+e™(+e™) 


Now, for diodes D1 and D9 in Figure 4 the following can 
be written, 


#1 1 

pene  S=iie (14) 
2 $2 

Beate  smee (15) 


where the approximate equivalence is justified by assuming 
that the diodes are sufficiently forward biased. Further, 
it is observed that 





+ bg [* = a] 
+ 
‘1 Tix =e VT = em (16) 
I2 - Ix 
which, when substituted into equation (13), yields 
Ij -I9 + 21x) 3 - Ig + 21 
ie 2 + 21x) (13 - 14 + 2ly) | (17) 


(Ij +12) 


For the desired case where 11 = Iz and I3 = 14 (which can 
be controlled quite well on a monolithic chip), 


2IxI 
Al a (18) 


The currents Ix and ly are given by 


Vv 
eS (19) 
Rx + fey +112 
V. 
y 
a cn (20) 
¥ Ry +e) *¥e27 


where fe) 1> Te, > Te91> and fez, are the bulk emitter 
resistances of the model transistors Q1}, Q12, Q21, and 
Q22 respectively. The bulk emitter resistance can be 
expressed as 


_ kT 26mV 


= —__ & ——_- (21) 
qe =IE 


Te 


at +25°C. It will be shown that the maximum value for 
any of the bulk emitter resistances will be limited by placing 
a minimum constraint condition on the If terms in 
Equation (21). In doing so, the following approximation 
is seen: 
Ate 2VxVy 
1)(Rx +1e] 1 +1e12)(Ry + 1e2] + Tez) 
2VxVy 





and if Iq and Ig from Equation (12) are dropped across a 
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load resistor (RL), a differential output voltage approx- 
imation would be 


AVo = AIRL 


geek aty (23) 
1, RxRy 

which illustrates the four-quadrant capability of the 

MC1595, giving sign and magnitude information linearly 

with respect to each input. 

If the approximations of Equations (22) and (23) are 
to be valid, the bulk emitter resistances must be kept small 
to minimize the error introduced by the currents Ix and 
ly. For example, with Ix and ly in the direction shown in 
Figure 4 and Ij = Iz, 13 = Iq as discussed previously, then 
the bulk resistances seen in the model circuit are 


"el Tp + Ik 


VT 
iy = Ix 
VT 
3 + ly 





Te12* 





Te? ~ 


VT 
B-ly 





Te77 (24) 


where, as before, VT ~ 26 mV at +25°C. The two 
“problem” resistances are te} and Te77-Tej2 will become 
very large as (I, - 1x) approaches zero. That is, if Ij =I, 
then transistor Q] 2 is not conducting and the re; 4 appears 
to be quite large. Considerable nonlinearity and distortion 
will result if the emitter currents are ever allowed to be- 
come too small. As a working constraint, the emitter 
currents will never be lower than one-third the value fixed 
in the current sources Ij (=I) or 13 © 14) 

From Figure 3, values of the current sources are set by 
applying a bias voltage to pins 3(Ij = 12).and 13(13 = I4). 
Referring once again to Figure 3, and recalling that we 
have assumed that base currents can be ignored in calcula- 
tions, then the current flowing into pin 3 is equal to the 
value of each of the current sources designated Ij and I2 
in Figure 4, and similarily the current flowing into pin 13 
is equal to the value of each of I3 and I4 in Figure 4. To 
avoid any further confusion in notation, we will designate 
the current into pin 3 as I3 and the current into pin 13 as 
113 (as illustrated in Figure 3). 

By using the emitter current constraints (see next sec- 
tion, “Using the Multiplier”), the bulk emitter resistances 
can be less than 1% of the emitter degeneration resistors 
(Rx and Ry), and hence can be ignored. Therefore, the 
differential output voltage can be expressed as 


Vo = KVxVy, (25) 


where 
2RL 
~ T3RxRy 28) 
USING THE MULTIPLIER 


From the previous circuit analysis of the MC1595, the 
circuit of Figure 5 illustrates the basic configuration for 
using the multiplier. 


MC1S95L 





FIGURE 5 — Basic Multiplier Configuration 


To demonstrate the thought process one would go 
through in the initial design phase, consider the following 
example which is widely used in multiplier applications. 


Example: 


Input Voltage Ranges: 
-lOV<Vx <+10V 
-10V <Vy <+10V 
Output Dynamic Swing: +10 V 
1 


K=— 
10 


A good place to begin is the current sources since most 
other decisions will depend on their value. 
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The value of the current sources [3 and 113 can be 
determined by applying a known potential to pins 3 and 
13 respectively. One should select a value of current that 
will keep the chip power dissipation to an acceptable value 
and still maintain operation in a good exponential portion 
of the diode curve. A value of 0.5 mA to 2.0 mA is seen 
to be feasible, and a value of 1.0 mA is used to illustrate 
the operation of the device in this example. The value of 
the current sources can be fixed once the value of the nega- 
tive supply has been chosen. A negative supply of -15 volts 
has been selected for this mode of operation which will 
allow a -10 V input capability and insure linear operation 
in the current source transistor, and stay within the 30 volt 
MAXIMUM RATING between any input pin and the nega- 
tive supply pin (as specified in the data sheet). With -VEE 
= -15 V, the current sources are each set to 1.0 mA by 
putting a resistor from pin 3 to ground and from pin 13 
to ground as 


(R + 5009) (1 mA)=(15-0.7)V 
R=13.8kQ (27) 


where the forward voltage of a silicon diode is assumed to 
be 0.7 volts. Since this is not a critical adjustment, a con- 
venient value of 13.7 kQ, 1/4 Wcomposition is used. 
Recalling the emitter current constraints, from which 
we were able to ignore the bulk emitter resistance terms, 
the following is seen for the emitter resistors Rx and Ry: 


= Vx(max) (28) 
Tx(max) 


=Vx{max) (29) 
2/3 (113) 


+10V 
~ 2/3 (1.0 mA) 


=15kQ 


and 


Ry= Vy(max) (30) 


Ty(max) 


= Vy(max) (31) 
2/3 (13) 


_ +#10V 
2/3 (1.0 mA) 
=15kQ. 


Rx and Ry are equal in this example because the max- 
imum voltage at both inputs are equal, which is not 
necessarily so in all applications. 


From Equation (26) the value of the load resistors are 
each found to be 


KI3R,R 
RL = =a 


_ 10110915 x 10°15 x 10%) 
2 


= 11.25 kQ (32) 


and if [3 is varied slightly, a standard value 11 kQ resistor 
can be used. To vary I3, R3 is a 10 k resistor in series with 
a5 k pot. At this point, everything necessary for operation 
of the device has been specified except the common-mode 
resistor (RCM) at pin 1 and the positive supply (+Vcc). 

With a +10 V input at Vy, the voltage at the collectors 
of the Vy-input differential amplifier should be about 13 V 
to insure linear operation; hence, the common-mode volt- 
age at pin 1 must be about +13.7 V. The +13 V collector 
potential appears at the bases of the cross-coupled differ- 
ential pair where the minimum collector potential, again 
to insure linear operation, should be about +16 V. With a 
minimum of about 16 volts and a 10 volt swing, the 
quiescent collector potential is about 21 volts. In this 
quiescent condition the current source value (1 mA) is 
seen in each load resistor (11 k&2); therefore, a positive 
supply of 32 volts is required. Using +Vcc = +32 V, the 
desired voltage at pin 1 is obtained through a common- 
mode resistor, RCV as 


a (32 — 13.7)V 
7 2mA 


=9.15 kQ. (33) 


Since the collector potential is not critical, a value of 
9.1 kQ, is acceptable. 


To summarize the operating configuration: 


+Vcc = +32 V 
-VEE=-15 V 
Ry3 = 13.7 kQ 
R3 = 10kQ+5 kQ pot (Gain Adjust) 
Rx = Ry = 15 kQ 
Rp =11kQ 
RcM = 9.1 kQ 


which is illustrated in Figure 6. 

One final item that needs to be mentioned is that each 
input will exhibit some input offset voltage, which can be 
nulled as shown in Figure 6. Also, the differential output 
will exhibit some offset, which can be nulled as shown. 
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A brief set-up procedure is as follows: 


SET-UP PROCEDURE (FIGURE 6) 


1. Set Vx = Vy = 0 and adjust differential output offset 
to zero. 


2. Set Vx = 5.0 V, Vy = 0.0 V and adjust Vy-offset 
until output is zero. 


3. Set Vy = 5.0 V, Vx = 0.0 V and adjust Vx-offset 
until output is zero. 


4. Repeat Step 1. 


5. Set Vx = Vy = +5.000 V and adjust gain control until 
output is +2.500 V. 


6. Set Vx = Vy = -5.000 V. If output error is appre- 
-  ciable, repeat steps 1 through 5. 


When the multiplier is operated in a dc mode, the dc 
output at pins 2 and 14 will ride a large common-mode 
voltage (* +22 volts in this example). Some common- 
mode level translating circuits will be shown in the follow- 
ing section; however, the present circuit (Figure 6) can be 
operated in an ac mode where the output can be very 
effectively ac-coupled. 

The output response exhibits a single pole characteristic, 
due to Ry and stray (or load) capacitance. In an operating 
condition where RL, = 5.6 kQ the bandwidth capability of 
the multiplier is observed and illustrated in Figure 7. Here, 
one input is a constant 1-volt dc and the other is 1 V(rms). 
The output is 0.1 V(rms) out to 1 MHz, is 3 dB down at 
4.5 MHz, and 10 dB at about 14 MHz. The frequency 
response curve exhibits a single pole characteristic, with 
the pole located about 4.5 MHz. At this frequency, their 
exists 45° of phase shift. Hence, the single-ended output 
can be expressed as 


Vo = VxVy Cosé@, (34) 
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FIGURE 7 — Multiplier Bandwidth 
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where in Figure 7, Vx = +1.0 Vdc, Vy = 1.414 Coswt, 
and @ is the relative phase shift observed due to roll-off. 
A 3° roll-off will cause the output to fall off by about 
0.15%, which ideally occurs at each output, as can be 
visualized by representing Equation (34) in vector notation. 

In the configuration of Figure 6, the common mode 
output is seen to be about +22 V. In many applications, 
it is desirable to level shift to a ground reference. One 
method of obtaining this is shown in Figure 8. Here the 
common-mode voltage is reduced by the 10-1 attenuation 
networks and the differential output voltage is fed into an 
operational amplifier, which can operate easily with +2 V 
common-mode, and whose closed loop gain is 10. The 


VxV. . ; 
resulting output is still ao which appears single ended 


about a ground reference. This circuit has the advantage 
of being rather simple and relatively insensitive to temper- 
ature. It has the disadvantage of being frequency limited 
to about 50 kHz for large signal swings (+10 V), due to the 
slew rate of the MC1539 operational amplifier. Another 
disadvantage of this configuration is the need for a third 
power supply. 

Figure 9 uses discrete components to perform the level 
shifting making it very inexpensive, simple, and permits 


operation at higher frequencies (limited by the 7.5 kQ 
resistor and stray capacitance associated with the output). 
The circuit of Figure 9 also has the added advantage of 
operating entirely from +15 V supplies. This circuit has 
the disadvantage, however, of being somewhat temperature 
sensitive if the base emitter junctions of the NPN and the 
PNP (denoted by *) are not matched to track with tem- 
perature. This problem can be greatly reduced by using 
complementary pair transistors mounted in the same pack- 
age such as the Motorola MD6100. A second problem 
with this level shifting circuit is that it has a high output 
impedance with little current drive capabilities. The 
problem can be solved by placing an operational amplifier 
connected as a source follower as shown in Figure 10. 

Therefore, for dc operation over wide temperature 
extremes, the circuit shown in Figure 8 is preferred; for 
ac applications in which the input and output can be capac- 
itively coupled, the circuit shown in Figure 9 is preferred. 

Using the configuration of Figure 8, a general set-up 
procedure for this circuit is as follows: 


SET-UP PROCEDURE (FIGURE 8) 


1. Set Vx = Vy = 0 V. Adjust output offset poten- 
tiometer P; until the output reads zero volts. 


TABLE | — Element Values for Figure 11 













Vy imax 
Voutlmax 
| ska | ike | etka | 
| azka | aska | 39k0 





*Value given for Rg is approximate — use potentiometer to adjust K factor exactly. 
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FIGURE 9 — Discrete Level Shifting Circuit 
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FIGURE 10 — Multiply with Discrete Level Shift 
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FIGURE 11 — 


. Set Vx = 5.000 V, Vy = 0.000 V and adjust poten- 
tiometer P3 until output reads zero volts. 

. Set Vy = 5.000 V, Vx = 0.000 V and adjust the volt- 
age at pin 9 (Potentiometer P2) until output reads 
zero volts. 


4. Repeat Step 1. 


. Set Vx = Vy = 5.000 V and adjust the gain poten- 
tiometer (P4) until output reads -2.500 V. 

. Set Vx = Vy = -5.000 V and note the output. The 
output should again be -2.500 V. If the error is 
appreciable (greater than 1 or 2 percent), repeat 
steps 1 through 6. 





To summarize the set-up process, the following equations 


are seen (Ref - Figure 5): 
ae -0.7 V — (-VEE) 
3° R3 +5002 


_-0.7V —(-VEE) 


I 
13 R13 + 500 & 


+Vcc — VCM(pin 1) 
Rc = Z 
mM 213 


For the constraint (re is neglected): 
Ix(max) < (2/3) 113 


Rx 


Ix(max) (2/3) 113 


. _Vy(max) _ Vy(max) . 
¥ Ty(max) (2/3) 13 


-VEE is selected by knowing Vx and Vy maximum 


negative values. 
+VC is selected knowing Vx, Vy, RL, and 13, 113. 


(35) 


(36) 


(37) 


_ ¥x(max) _ Vx(max) (38) 


(39) 
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SOURCES OF MULTIPLIER ERROR 


A. The major source of error in the multiplier arises 
from voltage offsets and ohmic base resistances in the four 
output transistors and the base diodes. The static error 
adjustment procedure removes as much of this error as 
possible by offsetting the input differential amplifiers to 
compensate for the output unbalance. 


B. A second and usually small source of error can arise 
from signal noninearity in the x- and y-input differential 
amplifiers. To avoid introducing error from this source, 
the emitter degeneration resistors Rx and Ry must be 
chosen large enough that non-linear base-emitter voltage 
variation can be ignored. 


C. Care must also be taken to avoid aging and tem- 
perature drift in the external components used with the 
multiplier. This is especially important in the level trans- 
lation circuitry of Figures 9 and 10. 


CHOICE OF CIRCUIT CONSTANTS 


Typical element values and power supplies required to 
provide multiplier operation for two input and output 
ranges are shown in Table I. In this table, note that the 
value given for R3 is approximate; it should be adjusted to 
set the I3 which provides the exact gain (K-factor) desired. 
In some cases, it may be desirable to provide separate 
power supply regulation for 13, since the multiplier gain is 
directly dependent on this current. 


LINEARITY 


Linearity is measured for Vx and Vy separately using 
an x-y plotter with the circuit in Figure 5. It is defined to 
be the maximum deviation of output voltage from a 
straight line transfer function expressed as error in percent 
of full scale, see Figure 11. For example, if the maximum 
deviation, VE(max), is 100 mV and the full scale output is 
10 V, then the error is 


ER = VE(max) x 100 
Vo(max) 


_ 100x 10-3 
~  10V 


= 1% 


x 100 


To measure this the x-y plotter is set up first to plot Vout 
versus Vx in all four quadrants (Vy =+10V,-lOV<Vx< 
+10 V) then Vout versus Vy (Vx =410V,-10 V<Vy < 
+10 V). The maximum deviations for x and for y are then 
determined as shown in Figure 11. It is desirable, but not 
necessary to zero out the multiplier static error before 
making this test. 


SQUARING MODE ACCURACY 


Squaring Mode Accuracy is defined as the maximum 
absolute deviation from a square law curve expressed as a 
percent of full scale output. This deviation may be meas- 
ured by connecting the x and y inputs together (squaring 


mode) and plotting output versus input, -10 V <Vx = Vy 
< +10 V, using an x - y plotter. Before carrying out this 
test, the multiplier static error must be zeroed out. 


POWER DISSIPATION 


Because this circuit has no direct positive power supply 
connections, power dissipation, Pp, within the actual IC 
package should be calculated as the summation of the volt- 
age-current products at each port (neglect base currents). 

Under normal operating conditions, (Ref. to Figure 5), 
it is valid to assume: 


Ig =114=113, 1] =213,and V2=V14 (40) 
then 


Pp = 2 (V2 - V7) 113 +2 (V1 - V7) 13 


+ (V13 - V7) 13 + (V3 - V7) 3 (41) 
for the circuit in Figure 11, this is 


Pp © 2 (36) (1073) + 2 (29) (1073) 
+ (1.2) (1073) + (1.2) (1073) 
~ 133 mW. (42) 


BANDWIDTH AND PHASE 


Bandwidth is primarily determined by the load resistors 
and the stray multiplier output capacitance and/or the 
operational amplifier used to level shift the output. If 
wideband operation is desired, small valued load resistors 
and/or a wideband op amp should be used. 

Phase shift in the multiplier circuit results from two 
sources; phase shift common to both x and y channels (due 
to the pole at the multiplier output mentioned above), and 
relative phase shift between x and y channels (due to differ- 
ences in transadmittance in the x and y channels). If the 
relative phase shift between channels is only two degrees, 
the output product of two sine waves will exhibit a max- 
imum magnitude error of 3.5%, which is illustrated in 
Figure 12. A 2% error due to phase shift occurs at about 
200 kHz in the MC1595, and a 3° phase error bandwidth 
is specified typically as 750 kHz. 


PARASITIC OSCILLATION 


When long leads are used on the input, oscillation may 
occur. In this event, an R-C parasitic suppression network 
similar to the one shown below should be connected di- 
rectly to each input using short leads. The purpose of the 
network is to reduce the Q of source-tuned circuits which 
cause the oscillation. 

Another technique which is also adequate in most appli- 
cations is to insert a 510 © resistor in series with the multi- 
plier inputs, pins 4, 8, 9, and 12. 

alk 510 
(ina, 8.9, 0112) OW —-1E—_ 


10 pF = 


APPLICATIONS 


The applications of a four-quadrant linear multiplier 
are almost limitless. Any control or instrumentation prob- 
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Hence the magnitude of the error vector for 2° 
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FIGURE 12 — Relative Phase Error 
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FIGURE 13 — Basic Multiplier Applications 
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lem requiring the product of two or more quantities is a 
potential application for the device. The following repre- 
sents some of the more basic uses of the four-quadrant 
multiplier, from which more specific applications can be 
derived. Figure 13 illustrates four basic uses — that of 
multiplication, division, taking the square root, and ob- 
taining the mean square. In the divide and square root 
applications, the multiplier is used as a feedback element 
around an operational amplifier in such a way that the 
multiplier output is forced to equal the magnitude of the 
-Z input. The circuit accuracy is somewhat worse in the 
divide and square root modes than in the multiply or 
square modes. For a multiply accuracy of 1% of full scale 
(this means that, if the maximum multiply output is +10 V, 
an error of +0.1 V is obtained regardless of input), the 
divide error can be several percent of full scale as the 
divisor decreases below a few volts. 

Three additional applications are shown in block diagram 
form, in Figure 14. The frequency doubler operates on 
the principle that 


(Coswt)? = 1/2(1 + Cos2wt), (43) 


@FREQUENCY DOUBLER 


Cost 


@LINEAR PHASE DETECTOR 


Coswt 


Cos(wt + ¢) 





@ROOTS OR POWERS 


x 





which results in a dc offset and the doubled frequency 
signal. The linear phase detector operates on the principle 
that 


KCosctCos(wt-+9)= K cos(2ut +4)+ 5 cose (44) 


and with the insertion of a low-pass filter (LPF), the out- 
put Cos¢ is easily obtained. This differs from flip-flop 
phase detectors or sample-hold phase detectors in that 
these conventional phase detectors produce a voltage pro- 
portional to the phase difference, where the multiplier 
approach will produce a voltage proportional to the cosine 
of the phase difference. The roots or powers block diagram 
is relatively self-explanatory. The log and antilog functions 
can be obtained by taking advantage of the exponential 
relationships found in a transistor’s base-emitter junction 
when used with an operational amplifiers.2 

The applications illustrated very briefly in Figures 13 
and 14, and others, will be discussed in detail in Parts II 
and III of this series of application notes. 


~ 1/2[1 + Cos2ut] 
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FIGURE 14 — More Basic Applications 
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AN-490 
USING THE MC1595 MULTIPLIER IN ARITHMETIC OPERATIONS 


INTRODUCTION 


The Motorola MC1595 four quadrant multiplier (see 
Figure 1) is the second basic building block that is now 
available to the analog systems designer. Any control or 
instrumentation problem which requires the product, 
square, square root or ratio of two analog quantities can 
be easily solved using the MC1595. Monitoring power, brake 
horsepower, fluid flow, solving of complex nonlinear equa- 
tions (using analog computer techniques), frequency 
doubling, phase detection, dynamic gain control, taking 
roots or powers, modulation circuits, navigational problems, 
velocity, acceleration and distance for linear or nonlinear 


inputs, root mean square calculations, and generation of 
trigonemetric functions are only a few of the thousands 
of applications for this device. 


This particular application note will be concerned with 
the use of the multiplier building block to perform a few 
of the basic arithmetic operations such as multiply, divide, 
square and square root. Using these techniques, the circuit 
designer can then model and construct very complicated 
systems using combinations of the above functions in con- 
junction with operational amplifiers which may be used 
to add or subtract. 





FIGURE 1 — MC1595L Four Quadrant Multiplier 
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THE MC1595 MULTIPLIER 


A comprehensive discussion of the MC1595’s circuitry 
and operation is found in Part 1 of this series (AN-489) 
and will not be further elaborated upon here. In that ref- 
erence, it was shown that the MC1595 provided a differen- 
tial output voltage, Vo, which is proportional to the 
product of the input voltages, Vx and Vy. That is to say, 


Vo =KVxVy (1) 
where, 
2R 
I3RxRy 


and Ry is the load resistor (pins 2 and 14) 
I3 is the current flowing into pin 3 
Rx is the resistor between pins 10 and 11 
Ry is the resistor between pins 5 and 6. 
Usually, K is set equal to 1/10; however, the constant K 


can easily be made equal to 1/20, 1/5, or any other fraction 
which is compatible with the other system constraints. 


MULTIPLY 


It was shown in Part 1 of this series that the output of 
the multiplier is a differential output which rides on a 


large common mode voltage. Hence, for most applications, 
the output of the multiplier must be level shifted and con- 
verted to a single-ended output. Two circuits that perform 
this function are shown in Figures 2 and 3. Figure 2 shows 
the use of an operational amplifier for level shifting. This 
circuit has the advantage of being rather simple and relatively 
temperature insensitive. It has the disadvantage of being 
frequency limited to about 50 kHz for large signal swings 
(410 V). This is due to the slew rate of the operational 
amplifier. 

Figure 3 uses discrete components to perform the level 
shifting which makes it very inexpensive, simple, and per- 
mits operation at higher frequencies (limited by the 7.5 kQ 
resistor and stray capacitance associated with the output). 
The circuit of Figure 3 also has the added advantage of 
operating from +15 volt supplies. This circuit has the dis- 
advantage, however, of being somewhat temperature sen- 
sitive if the base-emitter junctions of the NPN and the 
PNP are not matched to track with temperature. This 
problem can be greatly reduced by using complementary- 
pair transistors mounted in the same package such as the 
MD6100. A second problem with this level shifting circuit 
is that it has a high output impedance with little current 
drive capability. The problem can be solved by placing an 
operational amplifier connected as a source follower at the 
output as shown in Figure 4. Therefore, for de operation 
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FIGURE 2 — Operational Amplifier Level Shifting Circuit 
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FIGURE 3 — Discrete Level Shifting Circuit 


over wide temperature extremes, the circuit shown in 
Figure 2 is preferred. For ac applications in which the 
input and output can be capacitively coupled, the circuit 
shown in Figure 3 is preferred. For this application note, 
since the circuit functions are generally used in dc opera- 
tion, the level shifting circuit shown in Figure 2 will be 
used in each case. A general set-up procedure for this 
circuit is as follows: 


1. Set Vx = Vy = 0 volts. Adjust offset pot P1 until 
the output reads zero volts. 

2. Set Vx = 5.000 volts, Vy = 0.000 voits and adjust 
potentiometer P2 until output reads zero volts. 

3. Set Vy = 5.000 volts, Vx = 0.000 volts and adjust the 
voltageat pin 12 (Pot P3) until output reads zero volts. 

4. Repeat step 1. 

5. Set Vx = Vy = 5.000 volts and adjust the gain pot 
(P4) until output reads -2.5000 volts (K = 1/10). 

6. Set Vx = Vy = -5.000 volts and note the output. 
The output should again be -2.5000 volts. If the 


error is appreciable (greater than 1 or 2 percent), 
repeat steps | thru 6. 


SQUARING CIRCUIT 


Obviously, if the Vx and Vy inputs are connected 
together in the basic multiplier circuit, the resulting out- 
put is given by: 


Vo =Kv2 (3) 
where, 


Vx =Vy=V. 


Hence, the output is proportional to the square of the input 
voltage. The proportionality constant is still given by: 


2RL 


K = —_——_-- 4 
I3RxRy (4) 


The circuit which provides this function, with K = 1/10, 
is shown in Figure 5. The set-up procedure is exactly the 
same as that given for the basic multiplier circuit. Table I 
shows the measured results of the squaring circuit. 
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FIGURE 4 — Discrete Level Shifting Circuit with Source Follower Output 


DIVIDE CIRCUIT 

Consider the circuit shown in Figure 6 in which the 
multiplier is placed in the feedback path of an operational 
amplifier. For this configuration, the operational ampli- 
fier will try to maintain a “virtual ground” at the inverting 
(-) input. Assuming that the bias current of the opera- 
tional amplifier is negligible, then Ij = Iz and 


KVXVY_ -VZ. és 
Rl R2 
Solving for Vx, 
_ -Rl Vz 
VX ae (6) 
R2K Vy 
If R1 =R2 
-VZ 
= — 7 
XT 7 (7) 
If RI] = KR2 
-VZ 
Vx =—— 8 
Ry (8) 


Hence, the output voltage is the ratio of VZ to Vy and 
provides a divide function. This analysis is, of course, the 
ideal condition. If the multiplier erroris taken into account, 
the output voltage is found to be 


R1] Vz. AE 
Vx =-j/_-— | — +——_ (9) 
R2K| Vy KVy 


where AE is the error voltage at the output of the multi- 
plier. From this equation, it is seen that divide accuracy is 
strongly dependent upon the accuracy at which the multi- 
plier can be set, particularly at small values of Vy. For 
example, assume that Rl = R2, and K = 1/10. For these 
conditions the output of the divide circuit is given by: 


“10Vz , 10AE 


(10) 
Vy Vy 


Vx= 


From equation 10, it is seen that only when Vy = 10 V is 
the error voltage of the divide circuit as low as the error 
of the multiply circuit. And when Vy is small, say 0.1 
volt, the error voltage of the divide circuit can be expected 
to be a hundred times the error of the basic multiplier 
circuit! In terms of percentage error, 
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FIGURE 5 — Squaring Circuit 


TABLE I — Squaring Circuit Results 


Vb Vo % “ 
Volts Calculated Measured Error 
0 


Q< 


i] 
1 
2 
3 
4 
5 
6 
7 
8 
9 


= 
°o 


"% Error is Relative — Not Full Scale. 





error 
percentage error = x 100% (11) 
actual 
or from equation (9), 
AE 
: KV R2) AE 
N PEp=——— =|—| —- (12) 
\ RI | Vz Rly Vz 
\ R2K] Vy 








FIGURE 6 — Current Flow for Squaring and Square Root Circuit 
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From equation 12, the percentage error is inversely related 
to voltage Vz (i.e., for increasing values of VZ, the per- 
centage error decreases). 

A circuit that performs the divide function is shown in 
Figure 7. For this circuit, 


RI 


—=K, 13 
| (13) 


and as a result, the output voltage is given by 


Vo=——: (14) 





MC1595 


The adjustment procedure for this circuit is as follows: 
1. Remove or disconnect amplifier A2 from the circuit 
and use adjustment procedure given in previous sec- 
tion for multiply operation. 


2. Connect A2 into the circuit. Set Vy = 10.000 V and 
Vz = 0.000 volts (connect to ground). Adjust pot P1 
to read zero volts at output (pin 12) of the MC1595). 


3. Set Vy = Vz = 10.000 volts and adjust gain pot P4 
to give -1.000 volts at the output. 


Table 2 shows the actual measured performance of this 
circuit. 
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FIGURE 7 — Divide Circuit 
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FIGURE 8 — Square R oot Circuit 





TABLE II — Divide Performance, Vy = 8.000 Volts 


V2 Vo Vo %, 
Volts Calculated Measured Error 
1 





*Note % Error is Relative Error — Not Referenced to Full Scale. 


AN-490 (continued) 


SQUARE ROOT 


If in Figure 6, both the Vx and Vy inputs are tied 
together, the result is 





R2 RI (15) 
or 
RIVz AE 
one Re 16 
X"RIK  K ue 


where AE is again the multiplier error. 
If RI=R2 


< 


Z AE 
= ee 17 
VX K K (17) 


Rl 
if — = K, 
and i RD 


AE 
Vx= vz x (18) 


Assume the ideal case for which AE = 0, then, 


Vx =,|Vz (19) 


and the square root function is accomplished. Several 
points should be made concerning this circuit. First, with 
the op amp level shift (Figure 2), the output of the multi- 
plier is given by: 


_-VxVy 


20) 
96 (20) 





Vo 


For the squaring circuit and the square root circuit, the 
output of the level shift op amp will be given by: 


-y2 
10 





Vo= > (21) 


where Vx = Vy =V. 

From Equation 21, regardless of the polarity of the input 
signal, V, the output of the level shift op amp will be neg- 
ative. Using this information and referring to Figure 6, the 
obvious direction of current flow for Ij and [9 is actually 
reversed from that shown for these two circuits. This 
means that Vz must always be positive. If it is required 
that Vz be negative, pins 9 and 12 can be interchanged. 
However, operation at or around Vz = 0 volts is not per- 
mitted for either connection (pin 9 and pin 12). Secondly, 
care must be taken to insure that pins 8 and 4 are not inter- 
changed. This would cause positive feedback and the op 
amp circuit will latch to one of the supply voltages. Thirdly, 





the set-up procedure changes slightly due to the restriction 
that V7 =0. The set up procedure is as follows: 


1. Remove or disconnect amplifier A2 from the circuit 
and use the adjustment procedure given in the multi- 
ply section. 


2. Connect A2 into the circuit. Set Vz = 25.000 volts 
and adjust the gain pot, P4, until the output reads 
~5.000 volts. 


3. Set Vz = 1.000 volts and adjust the offset adjust pot, 
P1, until the output reads -1.000 volt. 


4. Repeat steps 2 and 3 until the desired accuracy is 
achieved. 


From equation 18, the percentage error (P.E.) in the 
square root mode of operation is given by: 


AE 
P.E.cp =| 1- |1-—— |X 100 22 
as f ww | ced 
R1 


for —=K. 
or 


For K = 1/10, Equation (22) becomes 


10 AE 
Bice = . Si X00, 23 
P.E.sR i 1 7 | (23) 


10 AE 
If pe << 1, then the percentage error is given approx- 
Z 


imately by: 


10 AE 
P.E.sR © Wr X 100 (24) 


or, in the general case, for any K, 


PE.sR = (25) 


which is exactly half of the percentage error which was 
found for the divide circuit (Equation 12). The meas- 
ured performance of the square root circuit is found in 
Table III. 


TABLE III — Square Root Performance 
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*Note % Error is Relative Error — Not Referenced to Full Scale. 
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FIGURE 93 — Generation of Sin X {X< 1.6 Radians) 
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FIGURE 10 — Roots ([Y| <1) or Powers (lY| >1) of X 


SPECIAL CONSIDERATIONS 
1. Decoupling 


Since this circuit is fabricated with VHF transistors, 
normal decoupling of power supplies is necessary. 


2. Oscillations 


The first indication of the presence of oscillations is the 
inability to adjust the multiplier to better than 1% accu- 
racy. If long line lengths are used at the inputs, Q- 
reducing networks may be necessary at the inputs to 
prevent parasitic osciliations. An effective technique is 
to place a 510 ohm resistor in series with each input 
(pins 4, 8, 9, and 12). 


CONCLUSION 


In this application note, the arithmetic operations of the 
MC1595 multiplier have been discussed. Obviously with 
various combinations of these basic circuits when used in 
conjunction with operational amplifiers to add and sub- 
tract, much larger systems can be constructed to solve 
problems directly. For example, the solutions to a second 
order equation; solutions to gas flow problems; pressure, 
volume, temperature (PVT) equations, generation of sine 
and cosine functions and many others. 

Two examples of this are shown in Figures 9 and 10 
where the MC1595 multiplier has been incorporated to 
generate the sine of X, and the roots or powers of X 
respectively. 
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OPERATING CHARACTERISTICS OF THE MC3000/MC3100 SERIES 
TRANSISTOR-TRANSISTOR LOGIC GATES 


INTRODUCTION 


Transistor-transistor logic is rapidly becoming one of 
the most popular logic families in the industry today. 
Motorola now has available a series of MTTL III, MC3000 
(0 to +75°C)/MC3100, -55 to +125°C integrated circuits 
designed with speeds approaching the limits of saturated 
logic along with good load driving capability. The Motorola 
MTTL III circuits, in addition to the many characteristics 
that have made transistor-transistor logic so popular, have 
several advantages over conventional TTL. A summary of 
the advantages are: 


1. Superior transfer characteristics 


2. Minimization of problems with overshoot or ringing 
(addition of input diodes) 


3. Wide range of logic functions 


4. Compatible with MDTL (Motorola Diode-Transistor 
Logic) 
5. Low output impedance in “high” and “low” state 


6. Less power dissipation versus frequency than con- 
ventional TTL. 


Each of these important points will be discussed in detail. 


TRANSFER CHARACTERISTICS 


The first point to be discussed will be the superior 
transfer characteristic of the MC3000/MC3100 Series, 
beginning with the operation of conventional TTL. 


CONVENTIONAL TTL 


Applying a “low” to either A or B inputs of the gate 
shown in Figure 2,a base-to-emitter diode of transistor Q1 
becomes forward biased. No base drive is available for 
transistor Q2 which turns OFF and causes transistor Q5 to 
turn OFF. The collector of Q2 rises toward the supply 
voltage, VCC, and supplies base drive to turn ON transistor 
Q3, causing transistor Q4 to turn ON. Transistors Q3 and 
Q4 act as emitter-followers and this places the output, Vo, 
two VBE drops below Vcc in its quiescent “high” state, 
or approximately 3.5 volts. 

Consider the case where input A is “high” and input B 
begins to go from a “low” to a “high.” Base drive is 
gradually applied to transistor Q2 which now starts to 
conduct with emitter current initially flowing through R4. 
As transistor Q2 turns ON, the collector current of Q2 
produces a voltage drop across resistor R2. The collector of 
Q2 is connected to output Vo by means of the two 
emitter-follower transistors, Q3 and Q4, and therefore, 
the output Vo tracks the voltage at the collector of Q2. 
As the voltage at input B increases, the base of Q2 tracks 





voltage by the difference of VBE — Vgc of transistor Q1. 
The collector current through Q2 increases, causing a larger 
drop across resistor R2. The output, Vo, now changes at 
arate of 


R2 
AVR — 
R4 


as shown in Figure 1, between points a and b on the transfer 
characteristic. When the emitter current of Q2 increases 
to the point where the drop across R4 equals one VBE, 
transistor Q5 begins to conduct. Point b on the transfer 
characteristic has been reached. With a further increase 
in the voltage at input B, transistor QS saturates and point 
c on the transfer characteristic is reached. The collector of 
transistor Q2 now sits of VEB of QS plus VcE of Q2. 
This voltage is not positive enough to sustain operation of 
transistors Q3 and Q4, and these devices are OFF. The 
output is now in its quiescent “low” state of VCE equal to 
approximately 0.2 volts. 


Transfer Characteristics (Ta = +25°C) 
d 
MTTL IH 


Conventional TTL 


2 
i) 
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FIGURE 1 — Comparison of MTTL and MTTL III 


MC3000/MC3100 MTTL III 


One difference between MTTL III and conventional 
TTL is the replacement of resistor R4 in Figure 2 with 
resistors R4a and R4b and transistor Q6 in Figure 3. 

With a “low” on either A or B, a base-to-emitter diode 
of transistor Q1 is forward-biased and no base drive is avail- 
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able for transistor Q2, which keeps Q2 OFF as well as 
transistors Q5 and Q6. The collector of transistor Q2 is 
approximately supply voltage VCC, and base current is 
supplied to transistor Q3, keeping this device and Q4 ON. 

Assume now that input A is “high” and input B 
gradually goes from a “low” to a “high.” The base of 
transistor Q2 tracks the voltage at input B as in conventional 
TTL by the difference of VBE — VBc of transistor QI. 
At the point where transistor Q2 turns on in conventional 
TTL, transistor Q2 does not turn on in MTTL III, since. the 
equivalent of an open circuit exists at its emitter. With no 
current flow, the collector of Q2 remains near the supply 
voltage, Vcc. Since transistors Q3 and Q4 act as emitter- 
followers, the output remains at the “high” level, approxi- 
mately two VpE drops below Vcc. The bypass network 
turns on when the potential at the base of Q2 is two VBE 
drops above ground, causing the output transistor Q5 to 
turn on as well as bypass transistor Q6. This is point d on 
the Motorola MTTL III transfer characteristic (Figure 1). 





FIGURE 2 — Conventional High-Speed TTL Gate 


As the potential on input B increases further, output tran- 
sistor Q5 saturates and point e is reached on the MTTL III 
transfer characteristic. The resistors in the bypass network 
are chosen so that the network conducts the same current 
as resistor R4 in Figure 2 when transistor QS is saturated. 

Due to the square shape of the transfer characteristic, de 
noise immunity of the Motorola MC3000/MC3 100 Series is 
improved considerably. The bypass network used to achieve 
the described transfer characteristic provides additional 
advantages over the simple resistor. 

Figure 4 compares the variation with temperature ofa 
standard monolithic resistor and the MTTL III bypass net- 
work impedance. As can be seen from this figure, there is 
a much smaller impedance variation with temperature in 
the MTTL III bypass network. Other advantages of the 
bypass network include: 

1. When turning off, transistor Q6 turns off after 
transistor Q5. This provides faster turn-off at 
elevated temperatures of the output transistor 
because of lower bypass impedance. 


2. Fasterswitching and lower power consumption result- 
ing from a lower current spike during the turn-off 
transient at high temperatures. 

3. A faster turn-on time at low temperatures. 


ADDITION OF INPUT DIODES 


Due to high speeds of operation, TTL generates large 
values of current and voltage rates of change. A 1 volt 
in approximately 1.3 nanoseconds for the rise time and a 





FIGURE 3 — Improved MTTL III Gate 


1 volt change in approximately 1.0 nanoseconds for the 
fall time provides dV/dt rates on the order of 109 volts 
per second. With these rates of change, undershoot exceed- 
ing 2 volts can develop in the system which can cause two 
very serious problems. FFrst, false triggering of the 
following stage is possible since a positive overshoot 
follows the large undershoot. This positive overshoot may 
act as a “high” signal and turn on the following stage for 
a short period of time. The diodes Dla and D1b on inputs 
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FIGURE 4 — MTTL Ill Bypass Network 
Impedance versus Temperature 


OM 


Ut 


AN-492 (continued) 


Scale: 2 Volts CM Vertical 


5(a) TTL Gate With Clamp Diodes 





50 ns/CM Horizontal 


5(b) Conventional TTL Gate Without Clamp Diodes 


FIGURE 5 — Comparison of Waveforms with (a) and Without (b) Input Clamp Diodes 


A and B, respectively, in Figure 3, limit the negative value 
of the undershoot, dissipating the ringing energy and there- 
by reducing the positive overshoot. Figure 5 shows the 
effect of adding the clamp diodes on inputs of TTL gates 
at the end of a 93 ohm line. In Figure 5b it can be seen that 
without clamp diodes, the positive overshoot has turned the 
following gate on momentarily. The second problem 
results if the unused inputs of a gate are returned to the 
supply voltage and a negative undershoot in excess of 2 
volts occurs. These reversed-biased emitters may break 
down and draw excessive: current, generating noise in the 
system. 


ADDITIONAL GATES — AND GATE 


The basic gate in the TTL logic family performs the 
NAND function. One of the many advantages in using 





FIGURE 6 — MTTL Positive Logic AND Gate 


MTTL III MC3000/MC3100 Series is the additional logic 
functions available in its series of gates. Figure 6 shows the 
AND gate function. The technique used to generate this 
function consists of adding the network composed of 
transistor Q7, diode D2, and resistor R6 to the basic NAND 
gate. With this network inserted between transistors Q1 
and Q2, the voltage levels presented to transistor Q2 are 
the same as in the case of the NAND function, only 
inverted in phase. The inversion of the NAND function 
is, of course, the AND function. This additional inversion 
stage adds 3 nanoseconds propagation delay and around 
6 mW power dissipation to the basic gate characteristics. 


AND-OR-INVERT GATE 


A limitation on TTL with its active pull-up circuit on the 
output is the prohibition of the wired-OR function. 





FIGURE 7 — MTTL HI “AND-OR-INVERT” Gate Circuit 
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FIGURE 8 — MTTL 111 POSITIVE LOGIC “NOR” Gate Circuit 


Motorola’s MC3000/MC3100 Series offers the AND-OR- 
INVERT gate shown in Figure 7. This gate incorporates 
two 2-input AND functions (transistors Q1A and Q1B)and 
two inverters (transistors Q2A and Q2B). The inverter 
transistors (Q2A and Q2B) operate in parallel and perform 
the OR and INVERT functions. With “highs” on both of 
the inputs to either Q1A and Q1B, either Q2A or Q2B 
is ON thus causing transistor Q5 to be ON with the output 
being “low.” With “highs” on all inputs, both transistors 
Q2A and Q2Bare ON again causing transistor QS to be ON 
and the output is “low.” With “lows” on both emitter 
inputs to transistors Q1A and Q1B, both transistors will be 
OFF thus causing transistors Q3 and Q4 to be ON and the 
output high. 


NOR GATES 


The NOR function is available by a slight modification 
to the AND-OR-INVERT gate just discussed. If one 





FIGURE 9 — MTTL III Positive Logic “OR” Gate Circuit 








FIGURE 10 — MTTL II! Terminated Line Driver (NAND) 


emitter is removed from each of the input transistors, Qla 
and Qib of Figure 7, we have a gate which performs the 
NOR function (Figure 8). 


OR GATES 


By the addition of a transistor and a resistor to the NOR 
gate, the OR function can be performed. Figure 9 is the 
same as the NOR gate of Figure 8 with the addition of 
transistor Q7 and resistor R7 to perform the necessary 
phase inversion for the OR function. — 


LINE DRIVERS 


Using an unterminated line driver, a line appears 
essentially as an open circuit at each end. Any pulse 
traveling down the line will see a reflection almost equal 
in magnitude to the original pulse. By terminating at the 
loaded end, reflections are minimized. 


Cc 


Zo 93 Ohms | F.O.=1 


FIGURE 11 — Typical Application of the Line Driver 
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FIGURE 12 — Effects Of Series Termination With A MTTL II! Gate 
Driving a 93-Ohm Line 





FIGURE 14 — Open Collector. Gate For Implementing 
the “Wired OR” Function 


To minimize switching transients on long lines, the 
MITTL III family includes a pair of series-terminated gates. 
Each of these gates has three outputs. Two of the outputs 
have 75-ohm resistors in series with the standard output 
node, and one connected directly to the node. For driving 
93-ohm coax or 120-ohm twisted pair, a good match can 
be made at the output of each resistor. For loads of 50 to 
93 ohms, the two resistive outputs are shorted together for 
better impedance matching. The non-resistive outputcan be 
used to drive gates in a normal fashion. 

Figure 10 shows the circuit of the NAND line driver. 
Figure 11 shows a typical application of this circuit and 
Figure 12 demonstrates the effects of the better impedance 
matching of series termination gained at the expense of 
some loss of noise immunity. 
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FIGURE 15 — Output Current versus Output Voltage 


POWER GATES 


Standard MTTL III gates offer good load driving 
capability and high fan-out. In some systems, however, 
there are a few requirements that exceed the capability of 
a standard gate. The MTTL III power gates are designed to 
meet these requirements with a minimum of additional 
circuitry. Available in both NAND and AND functions, 
the power gates feature output circuitry designed to provide 
twice the fan-out of conventional gates — 20 standard 
gate loads instead of 10. Figure 13 shows the MTTL III 
AND Power Gate. 


OPEN COLLECTOR GATES 


The standard MTTL III gates with the active pull-up 
circuit on the output prohibit the wired-OR function. To 
overcome this difficulty, the MTTL III Series has gates with 
no output pull-up circuit. The MTTL III open-collector 
NAND gate of Figure 14 is designed for use where the wired- 
OR function is required or for driving discrete components. 


MDTL COMPATIBLE 


The MC3000/MC3100 Series of transistor-transistor 
logic is pin compatible with the MDTL (Motorola Diode- 
Transistor Logic) family. Supply voltage is applied to pin 
14, and ground is applied to pin 7 in both families. Because 
of its “square“ transfer characteristic, the MTTL III family 
is the only TTL line that has a DTL type transfer 
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FIGURE 16 — Output Current versus Output Voltage 


function. This is an additional feature to consider when 
updating present systems so that the faster switching times 
of TTL can be utilized. 


LOW STATE OUTPUT IMPEDANCE IN “HIGH” AND 
“LOW” STATE 


The Darlington output configuration provides extremely 
low output impedance in the “high” state. The low imped- 
ance results in excellent noise immunity and allows high- 
speed operation while driving large capacitive loads. Figure 
15 shows the “high” state output impedance under the 
condition that all inputs are grounded. Calculating the 
resistance at room temperature from the slope of the curve 
a value of 10 ohms is found at 3.5 volts ranging up to 64 
ohms at lower voltage levels. 

Figure 16 illustrates the “low” state output impedance 
under the condition thatallinputs are left open or returned 
to the supply voltage, Vcc. Again calculating the resistance 
at room temperature from the slope of the curve, a value 
of 6.0 ohms is found at -Voyt¢ of 0.2 volts, ranging up to 
480 ohms at voltages greater than 0.5 volts. 

Under normal operating conditions the “high” state 
value of resistance would be 10 ohms at 3.5 volts and the 
“low” state value would be 6.0 ohms at 0.2 volts. 


POWER DISSIPATION 


One disadvantage of the TTL “totem pole” output is 
that both output transistors are ON during a portion of the 
switching time. Since the turn-off time of a transistor is 
normally greater than the turn-on time, the following 
occurs (refer to Figure 2). p 

In going from a “high” state to a “low” state on the 
output, transistor Q4 is initailly ON and is in the process 
of turning OFF. Transistor Q5 at the same instant in time is 
off and is attempting to turn on. Transistor Q5 turns ON 
before transistor Q4 can turn OFF. The result is a current 
spike through both transistors and the load resistor. The 
same effect takes place when the conditions are reversed 
and transistor Q4 turns ON before transistor Q5 can turn 
OFF. The active bypass network in the MC3000/MC3100 
Series, shown in Figure 3, helps to limit this problem. 
As mentioned in the section ON Transfer Characteristics, 
the bypass network provides faster turn-off times. Figure 


17 shows the power dissipation versus frequency for the 
MC3000/MC3100 quad 2-input NAND gate. The power 
dissipation per gate would be the values indicated divided 
by four. From Figure 17 we find that power dissipation 
increases at the rate of 0.4 mW/MHz for a single 
MC3000/MC3100 NAND gate, as opposed to an increase 
of 0.7 mW/MHz for a single gate in other high-frequency 
TTL families. 


TYPICAL DATA 


The following set of curves represents the typical 
operating characteristics of the MC3000/MC3100 quad 2- 
input NAND gate. 

Samples of the device were chosen from de data, and 
typical units were tested as a function of fanout, capacitive 
loading, temperature, and power supply variations. 

The following curves were plotted from the data: 


A. Transfer Characteristics 
Vin versus Vout for F.O. = 0,1, and 10 @ 
Ta = -559C, +25°C, + 125°C 
(Figures 18, 19, and 20). 
B. Rise and Fall Times 
t, versus CT for F.O. = 1 and 10 @ 
-55, +25, and +125°C (Figure 21) 
t¢ versus Cp for F.O. = 1 and 10@ 
~55, +259, and +125°C (Figure 22) 
t; versus temperature for F.O. = 1 and 10 @ 
Cry = 25, 33, and 100 pF (Figure 23) 
tf versus temperature for F.O. = 1 and 10 @ 
Cr = 25, 33, and 100 pF (Figure 24) 
C. Propagation Delays 
tpd1, tpdo versus temperature, for 
F.0. = 1 and. 10 @ CT of 25, 33, and 
100 pF (Figures 25 and 26) 
tpd1, tpdO versus CT = 25, to 100 pF, 
F.O. = 1, 10 @ -55, +25, and +125°C 
(Figures 27 and 28) 
tpd1, tpdo versus Vcc for F.O. = 1 and 10@ 
Cry = 25, 33 and 100 pF at 25°C 
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FIGURE 17 — Power Dissipation versus Frequency 
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FIGURE 18 — TTL Transfer Characteristics FIGURE 19 — TTL Transfer Characteristics 
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FIGURE 20 — TTL Transfer Characteristics 
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FIGURE 22 — Fall Time versus Capacitance 





FIGURE 23 — Rise Time versus Temperature 
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FIGURE 26 — Pronagation Delay versus Temperature 
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FIGURE 28 — Propagation Delay versus Capacitance FIGURE 29 — Propagation Delay versus Voltage 
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FIGURE 30 — Propagation Delay versus Voltage 


Using these curves, a design engineer should be able to 
determine typical operating characteristics under almost 
any set of conditions. While these curves are for the 
MC3000/MC3100 Series quad 2-input NAND gate, this 


data could be used with good approximations to other 
gates with appropriate corrections as called out in the text 
of this application note. Table 1 lists the gates that are 
discussed in this application note. 


SUMMARY 

This application note has explained the advantages of 
using the MC3000/MC3100 Series transistor-transistor logic 
gates over other conventional lines available in the industry 
today. The design data that has been included should allow 


determination of operating characteristics under almost any 
set of conditions. 


DEFINITIONS 


Total parasitic capacitance, which include 
probe, wiring, and load capacitance 
Voltage rise time 

Voltage fall time 

Collector base voltage 


Turn-off delay time 
Turn-on delay time 
Output impedance 
Collector-emitter voltage 





Quad 2-Input NAND Gate 
Quad 2-Input AND Gate 
Quad 2-Input NOR Gate 
Quad 2-input OR Gate 


Expandable Dual 2-Wide 2-Input 
AND-OR-INVERT Gate 

Dual 3-Input 3-Output NAND Series 
Terminated Line Driver 

Dual 4-Input AND Power Gate 

Quad 2-Input NAND Gate (Open Collector) 
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THE MC3100/MC3000 SERIES TRANSISTOR-TRANSISTOR LOGIC 
FLIP-FLOPS 


INTRODUCTION 


The success of any logic family depends on the capabil- 
ities of its storage elements. The flip-flops in the MC3000 
(0 to 75°C) and MC3100 (-55 to +125°C) series are 
designed to provide maximum logic utility with fewer 
restrictions than their predecessors. Eliminating serious 
disadvantages of existing products was a major philosophy 
in the design of the storage elements of the MC3100 
series.* The resulting improvements center on the follow- 
ing considerations: 


1. The inputs to the storage element must have the 
same threshold characteristics as a standard gate. 

2. Undershoot as normally found in the system shall 
cause no malfunction. 

3. Clocking must occur on a single transition of the 
clock where the clock is defined to have any duty 
cycle such that the minimum up and down times 
are met or exceeded. 

4. The propagation delay should be as equal as possible 
under normal load conditions. 

5. Loading of one output should minimally affect the 
delay of the other output. 


*Reference will be made to the MC3100 series throughout, 
however, a comparable MC3000 part exists. 


1/2 OF DEVICE SHOWN, 
RESET AND CLOCK COMMON TO BOTH 


SE 


6. The direct set and reset inputs should completely 
override the clock and synchronous inputs under 
all conditions. 


7. The synchronous logic inputs should have short input 
response times to both the “1” and “0” inputs. 


MC3100 SERIES FLIP-FLOP CIRCUITS 


Table I lists the flip-flops that are discussed in the 
MC3100 series. 


TABLE | — MTTL IIt Flip-Flops 














Single J-K flip-flop with positive edge clock | MC3150 
Single J-K flip-flop with negative edge clock | MC3151 
Single master-slave J-K flip-flop MC3152 


Common clock, common reset, separate sets,| MC3161 
dual J-K flip-flops with negative edge clock 


Separate clock, no reset, separate sets, dual | MC3162 
J-K flip-flops with negative edge clock 
Type “D”, Dual type D flip-flops with MC3160 


positive edge clock 

The three basic designs are typified by the MC3150, 
MC3i60, and MC3i6i1. Common to ail designs are: 

1. Edge clocking. 


The flip-flop is clocked at the normal MTTL III 
threshold voltage (approximately 1.5 V @ 25°C). 





TABLE ll 


J-K TRUTH TABLE 





FIGURE 1 — MC3161 Logic Diagram 
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1/2 OF CIRCUIT 


SHOWN (RESET AND CLOCK 
COMMON TO BOTH) 





FIGURE 2 — MC3161 Dual J-K Flip-Flop Schematic 


2. Overriding asynchronous inputs. 


The direct set and reset input functions control 
regardless of the information on the clock or synchronous 
inputs. 

3. Short set-up times. 


Prior to the clocking edge, the input information 
must become stable. The MTTL III flip-flops require only 
a minimum of time to read a “1” or a “O”. Unlike master- 
Slave or charge storage types, control of the clock pulse 
width is no longer required to realize maximum usefulness. 


4. Logic inputs require no special loading rules. 


All inputs to the storage elements, including the. — 


clock input, are compatible with all three MTTL families. 
Each input can be expressed as a multiple of a MTTL 
input load. (One load is a 4 kQ resistor to Vcc through 
the base-emitter junction of a multiple-emitter transistor). 
The switching threshold is the same as a standard gate 
(2 Vbe — Voffset).- 

The MC3150 and MC3160 flip-flops are positive edge 
triggered storage elements. That is, the inputs are enabled 
on the negative edge of the clock and the information is 
stored in the flip-flop on the positive edge of the clock. 
The MC3161 and MC3162, dual flip-flops, and the MC3151 
single J-K flip-flop are negative edge triggered devices and 
therefore operate in the opposite manner. That is, data is 
stored on the negative edge of the clock. 


Inaddition tothe previously mentioned storage elements, 
the MC3152 master-slave flip-flop is also available. Data 
is stored in the master flip-flop when the clock is low and 
transferred to the slave flip-flop when the clock goes high. 

Detailed discussion of each of the MC3100 series flip- 
flops is the subject of this application note. 


MC3161 DUAL J-K FLIP-FLOP 


The MC3161 dual J-K flip-flop triggers on the negative 
edge of the clock. Each flip-flop is provided with a separate 
direct SET input in addition to the common direct RESET 
input. These direct inputs provide a means of resetting a 
group of flip-flops, such as a register, which may be fol- 
lowed by the presetting of a data pattern. The clock input 
for this device is common for both flip-flops making it 
particularly useful in registers or other common clock 
applications. 

Data may be applied to, or changed at, the clocked 
inputs at any time during the clock cycle except during the 
time interval between the Setup and Hold times. The in- 
puts are inhibited when the clock is low and enabled when 
the clock goes high. The input steering network contin- 
uously responds to input information when the clock is 
high. The data state at the inputs throughout the interval 
between the Setup and Hold times is stored in the flip-flop 
when the clock falls. Each flip-flop may be set at any time 
without regard to the clock state by applying a low level 
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to the SET input. In addition, both flip-flops may be re- 
set simultaneously by using the common RESET in a 
similar manner. 

Figure 1 is the logic and block diagram for the MC3 161 
while Table II is the J-K truth table of operation. Opera- 
tion of the circuit (Figure 2) is as follows: Assume that the 
SET and RESET inputs are “high”, the Q output terminal 
is “high”, and Q output terminal is “low”. Also assume 
that the J and K terminals are “high”. With the clock “low”, 
a “low” is applied to one emitter of transistors Q1, Q4, 
Q12, and Q20. With 0 “high”, a “high” is applied to one 
emitter of transistors Q1 and Q12. With Q “low”, a “low” 
is applied to one emitter of transistors Q4 and Q20. With 





the SET and RESET terminals “high”, a “high” is applied 
to one emitter of transistors Q7, Q4, Q16, and Q1. Under 
these assumptions, the state of individual transistors in 





FIGURE 3 — MC3161 Voltage Waveforms 


the flip-flop can be determined. With a “low” applied to 
one emitter of transistor Q1, transistors Q2 and Q3 are 
OFF. This same condition occurs at one emitter of tran- 
sistor Q4, which causes transistors Q5 and Q6 to be OFF. 
A“low” applied to an emitter of Q12 keeps transistor Q10 
OFF. The two “lows” applied to the emitters of Q20 keeps 
transistor Q18 OFF. With Q “high,” transistor Q21 is ON, 
which means that point C (the base of Q21) sets near 
supply voltage, VCC. The base-to-emitter diode of tran- 
sistor Q8 is reversed-biased and current flows through the 
forward-biased base-to-collector diode of this device. With 
transistor Q3 OFF, as previously determined, both emitters 
of transistors Q7 are “high.” The base-to-collector diode 
of transistor Q7 is forward-biased which causes transistor 
Q9 to be ON, which in turn causes transistors Q11 and 
Q14 to be ON. The voltage at point B sets at VBE of tran- 
sistor Q14 plus VCE of Q9 which is not positive enough to 


sustain operation of transistor Q13 and diode D1, thereby 
causing these devices to be OFF. Under these conditions 
the base-to-emitter diode of transistor Q15 is forward- 
biased. This condition, along with the two previous “highs” 
determined at the emitters of transistor Q16, cause tran- 


F.0.=1 Cy = 100 pF 
F.O. = 10 Cy = 100 pF 
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FIGURE 4a — MC3161 todo and tpg7 versus Temperature 


sistors Q16, Q17, Q19 and Q22 to be OFF. Point C sits 
near the supply voltage, Vcc, as previously assumed, 
turning Q21 and D2 ON, resulting in the Q output being 
“high.” 

Now assume that the clock goes “high.” All inputs to 
transistor QI are “high” causing transistors Q2 and Q3 to 
turn ON. The same condition exists at the inputs of tran- 
sistor Q12. With all inputs to transistor Q12 “high,” tran- 
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FIGURE 4b — MC3161 toq1 and tpg versus Capacitance 


sistor Q10 turns ON, maintaining the ON conditions of 
transistors Q11 and Q14. With transistor Q3 ON, a “low” 
is applied to one emitter of transistor Q7, in turn removing 
base drive from transistor Q9, turning it OFF. Transistor 
Q10 has turned ON before transistor Q9 tums OFF and 
output Q has not changed state. Looking at the other side 
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FIGURE 4c — MC3161 toqq and todo versus Capacitance 


of the flip-flop, allowing the clock to go from a “low” to 
a “high” state does not effect transistors Q4 and Q20 as 
both have one other “low” applied to their input terminals. 
The state of the flip-flop has been maintained. 

With the flip-flop in its present state and with the input 
information on both the J and K terminals “high,” allow 
the clock to go “low.” When the clock goes “low,” tran- 
sistor Q1O turns OFF which causes transistors Q11 and 
QI4 to tum OFF. The same condition (allowing the clock 
to go low) turns transistors Q2 and Q3 OFF. In this 
switching operation, transistor Q3 must remain ON long 
enough to allow transistors Q10, Q11, and Q14 to tum 
OFF. Point B has now risen near supply voltage, Vcc, 
causing transistor Q13 and diode D1 to turn ON. Current 
is forced through the forward biased base-to-collector diode 
of transistor Q15 (since both emitter inputs to transistor 
Q16 are “high”) and through the forward biased base-to- 
collector diode of transistor Q16. This condition causes 
transistors Q17,Q19 and Q22 to turn ON. When transistors 
Q17, QI9 and Q22 turn ON, point C drops to a voltage 
level equal to the VBE of transistor Q22 plus VCE of 
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FIGURE 4d — MC3161 tpd1 and togo versus Capacitance 
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FIGURE 4e — MC3161 tog] and togo versus Fanout 


transistor Q17 allowing transistor Q21 and diode D2 to 
turn OFF. Regeneration has taken place and the flip-flop 
has changed state. 

With the flip-flop in its previous state (before the clock 
went “low”) assume that a “low” is applied to the J ter- 
minal and a “high” to the K terminal. When the clock goes 
“low,” the transistor combination of Q7 and Q8 will re- 
main enabled and the flip-flop will not change state. In 
the switching operations it must be emphasized that tran- 
sistors Q3 and Q6 must remain ON long enough for regene- 
ration to take place. Figure 3 shows the voltage levels 
at the indicated points in the circuit of Figure 2. The 
voltage level at point A determines the conditions that 
exist at points B and C, as explained above. The conditions 
existing at the clock and the two outputs, Q and Q, are 
also shown. 

As can be seen from the circuit diagram, (Figure 2) the 
cross-coupling is internal during the regeneration period, 
thus the propagation times of one output are relatively 
unaffected by loading of the other output. 

Figures 4a through 4h represent the typical operating 
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FIGURE 4 — MC3161 toqq and todo versus Fanout 
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FIGURE 4g — MC3161 togo and tpg7 versus Fanout 


characteristics of the MC3161 dual J-K flip-flop. Samples 
were chosen from the dc data and typical turn-on delay 
(tpdo) and turn-off delay (tpd1) times were obtained as a 
function of fanout, capacitive loading, and temperature. 
Toggle frequency versus temperature is plotted for different 
loading conditions. 

The logical “1” setup time is defined as the minimum 
time that high state data must be applied prior to the clock 
edge. Figure 5 shows the relation existing between infor- 
mation on the J terminal, the negative edge of the clock 
pulse, and the output terminal “Q” for a given fanout of 
one and capacitance load of 25 pF. The typical value of 
minimum logical “1” setup time is 8.1 nanoseconds. 
Table III lists typical values of logical “1” setup time under 
different loading conditions. 

The logical “0” setup time is defined as the minimum 
time that low state data must be applied prior to the clock- 
ing edge. Figure 6 shows the relations existing between 
information on the J terminal, negative edge of clock 
pulse, and output terminal “Q” for a given fanout of one 
and capacitance load of 25 pF. The typical value of mini- 
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FIGURE 4h — MC3161 f, versus Temperature 








FIGURE 5 — MC3161 Logical “1” Setup Time 


From Left to Right: 
1st Pulse — ‘JS’ input 
2nd Pulse — Negative edge of clock 
3rd Pulse — ‘’Q”’ Output 


Vert. = 1 V/div. 
Horiz. = 10 ns/div. 


Vec = §.0 Vdc 

Tp = +25°C 
F.0. = 1 and Cy = 25 pF 
Load Logical ‘’1’’ Setup Tire 


F.Q. = 1 and 25 pF 8.1 ns 
F.O. = 10 and 33 pF 6.6 ns 


TABLE Ill 


mum logical “0” setup time is 7.8 nanoseconds. Table IV 
lists typical values of logical “O” setup time under different 
loading conditions. 


FIGURE 6 — MC3161 Logical “0” Setup Time 


From Left to Right: 
1st Pulse — “J’’ input 
2nd Pulse — Negative edge of clock 
3rd Pulse — ‘°Q” output 


Vert. = 1 V/div. 
Horiz. = 10 ns/div. 


Vcc = 5.0 Vde 
Ta = +25°C 
F.O. = 1 and Cr = 25 pF 


Load Logical ‘’0’’ Setup Time 


F.O. = 1 and 25 pF 7.8 ns 
F.O. = 10 and 33 pF 8.0 ns 


WOO 


TABLE IV 
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TABLE V 


J-K TRUTH TABLE 


FIGURE 7 — MC3162 Logic Diagram 


As can be seen from Figures 1 and 2, all inputs to the 
flip-flop (which includes J and K terminals, SET and 
RESET inputs, and clock input) have the same threshold 
characteristics as a standard gate which is 2 VBE or, ap- 
proximately 1.5 volts. 

Input diodes are present on all inputs to the flip-flop 
such that undershoot as normally found in the system will 
cause no malfunction of the device. (See Appendix A). 

Outputs Q and Q are characterized by the familiar 
MC3000 series transfer characteristic. (See Appendix B). 


MC3162 DUAL J-K FLIP-FLOP 


The MC3162 dual J-K flip-flop is identical in circuit 
operation to the MC3161. The MC3162, however, has 
separate clock inputs and no common direct RESET in- 
put. Figure 7 is the logic diagram along with the block 
diagram of the device while Table V lists the operation 
of the device. 





MC3151 SINGLE J-K FLIP-FLOP 

The MC3151 single J-K flip-flop (see Figure 8) is iden- 
tical in circuit operation to the MC3161. An AND input 
gating configuration formed by three J inputs ANDed 
together and three K inputs ANDed together minimizes 
external gating requirements. The enable input (JK) con- 
sists of a J and a K input internally connected. This input 
provides gating for the J and K inputs or an additional 
logic input for use in counters or other applications. A 
direct SET and direct RESET are provided to permit pre- 
setting data such as initial conditions into the flip-flop. 





MC3150 SINGLE J-K FLIP-FLOP WITH POSITIVE 
EDGE CLOCK 


Figure 9 shows the circuit of the MC3150, and Figure 
10, the logic diagram, block diagram, and truth table of 
operation, Table VI. 

This J-K flip-flop triggers on the positive edge of the 
clock. An AND input gating configuration formed by 
three J inputs ANDed together and three K inputs ANDed 
together, minimizes the requirements for external gating. 


The enable input (JK) consists of a J and K input internally 
connected together. This input provides gating for the J 
and K inputs or an additional logic input for use in counters 
or other applications. A direct SET and RESET are pro- 
vided to permit presetting data such as initial conditions 
into the flip-flop. The direct SET and RESET inputs fully 
override the clock; i.e., the direct SET and RESET inputs 
control the operation of the flip-flop regardless of the 
state of the clock. 

Information may be applied to, or changed at, the J 
and K inputs any time in a clock cycle except during the 


LOGIC DIAGRAM 





FIGURE 8 — MC3151 Logic Diagram 


interval of time between the Setup and Hold times. The 
inputs are inhibited while the clock is high and data is 
entered into the input steering section of the flip-flop when 
the clock goes low. The input steering section of the flip- 
flop continually reflects the input state when the clock is 
low. Data present during the time interval between the 
Setup and Hold times is transferred to the bistable section 
on the positive edge of the clock and the outputs Q and Q 
respond accordingly. The flip-flop can be set or reset di- 
rectly by applying a high state to the SET or RESET inputs. 

The circuit operation for this device will be explained 
by referring to the logic diagram of Figure 10. A set of 
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FIGURE 9 — MC3150 “AND” J-K Flip-Flop Schematic 


gates, a and b, are connected in parallel with another set of 
gates, g and h, with appropriate feedback from the outputs 
to provide J-K operation. The three J inputs are ANDed 
together at the g gate and the three K inputs are ANDed 
together at the h gate. Assuming the clock is low, the in- 
put data can affect only the two gates, a and b, after being 
initially applied to gates g and h. With the clock “low,” 
gates c and d are cut off; both outputs are “high.” The 





last pair of gates, e and f, store the previous information 
and provide the outputs of the flip-flop. When the clock 
is changed from a “low” to a “high,” only one of the gates, 
c ord, can turn ON since the data input is indirectly applied 
to gate d and the data’s complement is applied to gate c. 
The gate (c or d) that turns ON provides two functions. It 
gates the feedback that stabilizes its inputs and transfers 
data to the output gates e and f. 


TRUTH TABLE 


TABLE VI 


J=J1-J2-J53-J5K 


K=K1.K2.K3.JK 


FIGURE 10 — MC3150 Logic Diagram 
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FIGURE 11a — MC3150 tpg versus Temperature 


Figures lla through ile represent the typical oper- 
ating characteristics of the MC3150 J-K flip-flop. Samples 
of the device were chosen from the dc data and typical 
turn-on delay (tpdo) and turn-off delay (tpq1) times were 
obtained as a function of temperature and capacitive load- 
ing. Toggle frequency as a function of temperature is 
plotted under different loading conditions. 

Typical values for logical “1” setup times and logical 
“0” setup times are 10 nanoseconds and 5.0 nanoseconds, 
respectively. The logical “1” hold time, (the minimum 
time that the “high” state data must be maintained after 
the clocking edge) is typically 5.0 nanoseconds. The 
logical “0” hold time (the minimum time that the “low” 
state data must be maintained after the clocking edge) is 
typically 5.0 nanoseconds. 


MC3160 — TYPE “D” DUAL FLIP-FLOP WITH POSITIVE 
EDGE CLOCK 


Figure 12 shows circuit schematic for the MC3160, 


and Figure 13 the logic and block diagrams of the device. 
Table VII lists typical operating characteristics of the device. 
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FIGURE 11b — MC3150 tygo versus Capacitance 
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FIGURE 11c — MC3150 tyqa7 versus Temperature 
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FIGURE 11d — MC3150 tpq1 versus Capacitance 
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FIGURE 11e — MC3150 f, versus Temperature 
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The MC3160 dual flip-flop triggers on the positive edge 
of the clock and performs the Type “D” flip-flop function. 
This device consists of two completely independent Type 
“—” flip-flops, both having direct SET and RESET inputs 
for asynchronous operations such as parallel data entry in 
shift register applications. 

Information may be applied to, or changed at, the D 
inputs any time during the clock cycle except during the 
time interval between the Setup and Hold times. The 
clocked inputs are inhibited when the clock is high and 


DUAL TYPE D FLIP-FLOP 
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14 
? Voc 


FIGURE 12 — MC3160 Dual Type D Flip-Flop Schematic 


data may be applied to the input steering section of the 
flip-flop when the clock goes low. The input steering sec- 
tion continually reflects the input state being applied when 
the clock is low. The information present at the inputs 
during the time interval between the Setup and Hold times 
is transferred to the bistable section on the positive edge 
of the clock, and the outputs Q and Q respond accordingly. 

The flip-flop can also be set or reset directly at any 
time, regardless of the state of the clock, by applying a low 
state to the direct SET or RESET inputs. 

The circuit operation is similar to the explanation given 
for the MC3150 flip-flop. 








MC3152 — “AND” INPUT JJ-KK FLIP-FLOP 


In addition to the previously mentioned flip-flops, the 
MC315S2 master-slave J-K shown in Figure 14 is also avail- 
able. The logic diagram, block diagram, and typical char- 
acteristics are indicated in Figure 15. 

The MC3152 is a master-slave J-K flip-flop that triggers 
on the positive edge of the clock. The flip-flop hasan AND 
input configuration consisting of two J-inputs and a J- 
input ANDed together and two K-inputs and a K-input 


TABLE VII 


Total Power Dissipation = 120 mW/pkg 
Toggle Frequency = 30 MHz 

Logical *‘1‘’ Setup Time = 10 ns 

Logical ’’0°’’ Setup Time = 5.0 ns 

Logical ‘’1’’ and “0° Hold Times = 5.0 ns 
tog— = 17 ns 


tpd+ = 15 ns 





FIGURE 13 — MC3160 Logic Diagram 


ANDed together. An enable input (J-K) is also provided 
consisting of an additional J and K input internally con- 
nected together. This input provides gating in addition to 
the clock for the clocked inputs (J, J, K and K) or an addi- 
tional logic input (J-K) for use in counters or certain other 
applications. A direct SET and RESET are provided to 
enable presetting data into the flip-flop such as initial condi- 
tions. The direct SET and RESET control the operation 
of the clock. 

Information is normally applied to, or changed at, the 
clocked inputs while the clock is in the high state since the 
inputs are inhibited under this condition. Information may 
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FIGURE 14 — MC3152 “AND” Input JU-KK Flip-Flop Schematic 





be stored in the master flip-flop section when the clock information. The state of the master flip-flop is transferred 
goes low. Once input data has been stored in the master to the slave flip-flop section on the positive transition of 
flip-flop section it cannot be removed (or changed) by the clock and the outputs respond accordingly. The flip- 
means of the clocked input. The direct SET or RESET flop can be set or reset directly by applying the low state 
provide the only means of removing previously stored to the direct SET or RESET inputs. 


Input Loading Factors: 
JK = 1.3 
J, K, CLOCK = 0.6 
SET, RESET = 2.0 








Output Loading Factor = 10 


Typical Characteristics: 
(Voc = 5.0 V: Ta = 25°C) 


42.53. 5K 


Total Power Dissipation = 75 mW/pk 
.K2-R3-JK e pee 


Toggle Frequency = 40 MHz 
Logical ‘1’’ Setup Time = 10 ns 
Logical ‘‘0’’ Hold Time = 8.0 ns 
tog— = 20 ns 








tpd+ =12 ns 


“~+==00000 
=-=00=~+000 
~O#O0-90~00 
o--+=00-00 





FIGURE 15 — MC3182 Logic Diagram 
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CONCLUSION 


This application note has explained the basic operation 
of the various flip-flops available in the MC3100 series of 
transistor-transistor logic from Motorola. Typical oper- 


APPENDIX A 


ADDITION OF INPUT DIODES 


Due to high speeds of operation TTL generates large 
values of current and voltage rates of change. A 1 volt 
change in approximately 1.3 nanoseconds for the rise time 
and a 1 volt change in about 1.0 nanoseconds for the fall 


SCALE: 2 VOLTS/CM VERTICAL 
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TTL GATE WITH CLAMP DIODES 





ating characteristics have been included for various devices 
such that operation under almost any set of conditions can 
be determined. 


lows the large undershoot. This positive overshoot may 
act as a “high” signal and turn on the following stage for a 
short period of time. Diodes on inputs limit the negative 
value of the undershoot dissipating the ringing energy and 
thereby limiting the positive overshoot. Figures 16a and 16b 
show the effect of adding the clamp diodes on inputs of 
TTL gates at the end of a 93 ohms line. In Figure 16b it 
can be seen that without clamp diodes the positive over- 


50 ns/CM HORIZONTAL 


GATE 
OUTPUT 














CONVENTIONAL TTL GATE 
WITHOUT CLAMP DIODES 


FIGURE 16 — Comparison of Waveforms With (a) and Without (b) Input Clamp Diodes 


time, provides dV/dt rates on the order of 109 volts per 
second. With these rates of change, undershoot exceeding 
2 volts can develop in the system which can cause problems 
in succeeding circuits. Two very serious problems result 
from the possible undershoot. First false triggering of the 
following stage is possible since a positive overshoot fol- 


shoot has turned the following gate ON momentarily. The 
second problem results if the unused inputs of a gate are 
returned to the supply voltage and a negative undershoot 
in excess of 2 volts occurs. These reverse biased emitters 
may breakdown and draw excessive current which creates 
noise in the system. 
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APPENDIX B 
COMPARISON OF TRANSFER CURVES 


CONVENTIONAL TTL 


By applying a “low” to either A or B inputs of the gate 
shown in Figure 17, a base-to-emitter diode of transistor 
Qi becomes forward biased. No base drive is available for 
transistor Q2 which turns OFF and causes transistor Q5 
to turn OFF. The collector of Q2 rises toward the supply 
voltage, VCC, and supplies base drive to turn ON transistor 
Q3 which causes transistor Q4 to turn ON. Transistors 
Q3 and Q4 act as emitter followers and this places the out- 
put, Vo, two VBE drops below Vc in its quiescent “high” 
State or approximately 3.5 volts. 

Consider the case where input A is “high” and input B 
begins to go from a “low” to a “high”. Base drive is 
gradually applied to transistor Q2 which now starts to 
conduct with emitter current initially flowing through R4. 
As transistor Q2 turns ON the collector current of Q2 pro- 
duces a voltage drop across resistor R2. The collector of 
Q2 is connected to output Vo by means of the two emitter 
follower transistors Q3 and Q4 and therefore the output 
Vo tracks the voltage at the collector of Q2. As the volt- 
age at input B increases the base of Q2 tracks this voltage 
by the difference of VBE — Vcp of transistor Q1. The 
collector current through Q2 increases causing a larger drop 
across resistor R2. The output Vo now changes at a rate 
AVB R2/R4 as shown on Figure 18 between points a and 
b on the transfer characteristic. When the emitter current 
of Q2 increases to the point where the drop across R4 
equals one VBE, transistor QS begins to conduct. Point b 


on the transfer characteristic has been reached. With a fur-. 


ther increase in the voltage at input B, transistor Q5 satu- 
rates and point c on the transfer characteristic is reached. 
The collector of transistor Q2 now sits at VBE of Q5 plus 
VcE of Q2. This voltage is not positive enough to sustain 


operation of transistors Q3 and Q4, and these devices are 
OFF. The output is now in its quiescent “low” state of 
VCE equal to approximately 0.2 volts. 


MC3100 TTL 


The difference between Motorola’s TTL IH and conven- 
tional TTL is the replacement of resistor R4 in Figure 17 
with resistors R4a and R4b and transistor Q6 in Figure 19. 

With a “low” on either A or B, a base-to-emitter diode 
of transistor Qi is forward biased and no base drive is 
available for transistor Q2, which keeps Q2 OFF as well as 
transistors Q5 and Q6. The collector of transistor Q2 sits 
near supply voltage Vcc and base current is supplied to 
transistor Q3 keeping this device and Q4 ON. 

Assume now that input A is “high” and input B grad- 
ually goes from a “low” to a “high”. The base of transistor 
Q2 tracks the voltage at input B as in conventional TTL 
by the difference of VBE — Vcp of transistor Q1. At the 
point where transistor Q2 turns “ON” in conventional 
TTL, transistor Q2 does not turn ON in Motorola’s TTL III 
since the equivalent of an open circuit exists at its emitter. 
With no current flow the collector of Q2 remains near the 
supply voltage Vcc. Since transistors Q3 and Q4 act as 
emitter followers the output remains at the “high” level 
which is approximately two VBE drops below Vcc. The 
bypass network turns ON when the potential at the base 
of Q2 is two VBE drops above ground which also causes 
the output transistor QS to turn ON. In Figure 18 this is 
point d on the Motorola TTL III transfer characteristic. 
As the potential on input B increases further, output tran- 
sistor Q5 saturates and point e is reached on the Motorola 
TTL Il transfer characteristic. The resistors in the bypass 
network are chosen such that the network conducts the 
same current as resistor R4 in Figure 17 when transistor 
QS is saturated. 





FIGURE 17 — Conventional TTL Gate 
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FIGURE 19 — Improved MTTL III Gate 





Ulla 


AN-493 (continued) 


The transfer characteristics just described compare the 
operation of the Motorola MC3100 series of transistor- 
transistor logic with other high frequency forms of this 
logic available on the market today. Due to the square 
type transfer characteristic of the Motorola MC3100 series 
the dc noise immunity of this particular family of TTL is 
considerably improved over other available families. The 
bypass network used to achieve the described transfer 
characteristic provides additional advantages over the 
simple resistor. 

Figure 20 shows the variation with temperature of a 
standard monolithic resistor and the MTTL III bypass 
network impedance. As can be seen from this figure there 


660 


640 














is a much smaller impedance variation with temperature in 
the case of the MTTL III bypass network. The bypass net- 
work offers several advantages over the simple resistor due 
to its improved impedance variation with temperature. 

(1) When turning OFF, transistor Q6 (Figure 19) 
turns OFF after transistor Q5. This provides for faster 
turn-off at elevated temperatures of the output transistor 
by means of lower bypass impedance. 


(2) Faster switching and lower power consumption 
resulting from a lower current spike during the turn-off 
transient at high temperatures. 


(3) At low temperatures, a faster turn-ON time. 


STANDARD 
MONOLITHIC 
RESISTOR 


MTTL II] BYPASS 
NETWORK 
IMPEDANCE 








40 60 so 100 120 140 


FIGURE 20 — MTTL 111 Bypass Network Impedance versus Temperature 
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TRANSISTOR-TRANSISTOR LOGIC LINES 


THE MTTL LINES 


Motorola offers extensive lines of transistor-transistor 
logic (MTTL) providing medium-to-high speed, high-noise 
immunity, and performance advantages compared to com- 
petitive types. Transistor-transistor logic is the fastest form 
of saturated logic available to the designer. As a result of 
this high speed, transmission line problems such as ringing 
and line reflections can cause false switching. All Motorola 
TTL designs incorporate clamp diodes on the inputs to 
clamp any negative ringing that may occur to a level that 
will not cause false triggering. The effect of these diodes 
is discussed in Appendix A. 

The MC5400/7400 Series is function and pin compat- 
ible with the SN54/74 series. This series is characterized 
by typical propagation delays of 13 ns/gate and 30 ns/flip- 


flop. Power dissipation is typically 10 mW/gate and 40 
mW/flip-flop. A list of all MTTL device electrical character- 
istics is given in Figure 1. 

MTTL lis similar to the MC5400/7400 Series, but offers 
increased speed. The basic gate consists of three parts: 1. 
A multiple-emitter input transistor; 2. A phase splitting 
transistor; and 3. A “totem pole” output transistor pair. 
MTTL I devices provide 10 ns/gate average propagation 
delays and moderately good output drive capabilities. The 
“totem-pole” output is utilized to increase switching speed 
on the “low” to “high” output transition. 

MTTL II is a higher-speed version of MTTL I. It pro- 
vides propagation delays that are nearly twice as fast as 
comparable MTTL I gates. This speed is gained at a 7 mW 
cost in power dissipation (per gate). This is roughly a 50 


ELECTRICAL COMPARISON OF MTTL LINES 





























Parameter MTTLI MTTL II MTTL Itt 
MC500/550 MC400/450 |MC2100/2150 MC2000/2050} mc3100 MC3000 








MC5400/MC7400 
MC5400 MC7400 































Voc max cont. +8.0 V +7.0V +8.0V +7.0V +7.0V +7.0V 
pulsed < 1 sec +12.0 V +12.0 V +12.0 V 
nominal +4.5 to 6.0 V +4.5 to 6.0 V +4.5 to 5.5 +4.75 to 5.25 +4.5to5.5 
Vin max +5.5V +5.5 +5.5 45.5 V 
Vout +5.5V +5.5 +5.5 +5.5V 
Power Diss. Gate 15 mW 22 mW 22 mW 10 mW 
F-F 40 to 50 mW 40 to 50 mw 50 to 80 mW 40 mw 
DC Noise Margin-High 0.700 V 6.600 V 0.700 0.600 0.700 6.466 V 
-Low 0.750 0.650 0.700 0.400 Vv 
Operating Temp. Range | -55 to 125°C Oto +75°C | -5§to 125°C} 010 +75%C |-55to125°C,0t0 75°C | -55 104+125°C +010 +70°C 


Storage Temp. Range 


9 jo Ceramic (F & L) 
9 Jc Plastic (P) 
95a Ceramic (F & L) 
8 ya Plastic (P) 
Ty max 
Fanout Capability 

Zout-High 

-Low 
Zin-High 
-Low 
Switching Threshold 
Speed: ty 
tr 
te 

Flip-Flops: f+ 
Min Clock Pulse Width 
Max Clock Fal! Time 
Min Clock Amplitude 
Logical *’1’’ Setup Time 
Logical *‘O”’ Setup Time 
Logical ’1’’ Hold Time 
Logical ‘’0’’ Hold Time 
AC Power Diss. @ 25° 


F & L -65 to +200°C 
P -55 to +125°C 
0.09°C/mw. 
0.15°C/mw 
0.26°C/mw 
0.30°C/mw 
+175°C +150°C 


15/7 12/6 or 600 pF 
702 
10 2 
400 k 2 
4.0kQ 


15 V 
10 ns/Gate 18 ns/FF 


2.5 ns 
1.5 ns 
30 MHz 
20 ns 
150 ns 
1.8V 


0.35 mW/MH2/gate 


F & L -65 to +200°C 
P -55 to +125°9C 
0.09°C/mw 
0.15°C/mw 
0.26°C/mw 
0.30°C/mw 
+175°C +150°C 


11/6 9/5 or 600 pF 
102 
10 2 
400 kl 
2.5 kQ 


1.5 V 
6 ns/Gate 


1.0 ns 
1.3 ns 
50 MHz 
15 ns 
100 ns 
1.8V 


15 ns/FF 


0.7 mW/MH2/gate 


& L -65 to +175°C 


FE 
{ P -55 to +125°C 
0.099C/mw 
0.15°C/mw 
0.26°C/mw 
0.30°C/mw 


10 or 600 pF 
102 
10 22 
400 k2 
2.4k2 
15V 
6 ns/Gate 13 ns/FF 


1.0 ns 
1.3 ns 
70 MHz 


None 


10 ns 
5 ns 
5 ns 
5 to 6 ns 
0.4 mW/MH2/gate 


FIGURE 1 — Electrical Characteristics of MTTL Families 


L -65 to +150°C 
P -55 to +125°C 


0.09°C/mw 
0.15°C/mw 
0.26°C/mw 
0.30°C/mw 
+175°C +150°C 
10 or 600 pF 
70 2 
102 
400 k2 
4.0 kQ 


15 V 
13 ns/Gate 36 ns/FF 


2.5 ns 

1.5 ns 
15 MHz typ 
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0.3 mW/MH2z/gate 
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percent power increase. The only major circuit change 
from MTTL | is the addition of a transistor in the pullup 
portion of the output. 

MTTL III is the most advanced version of TTL gate 
presently available. It has the same de power dissipation 
and propagation delay as MTTL I] but has much improved 
ac power dissipation characteristics (a factor of two bettez 
than MTTL II) and has much more stable speed character- 
istics over the full temperature range. The reason for this 
difference is the active bypass in the lower output stage. 
A detailed explanation of this circuit is included in a later 
section. A significant advantage of MTTL III flip-flops is 
that input information can be changed while the clock is 
in either the high or low states. 

The MC4000 series offers a large number of MTTL 
complex functions. These functions fall in the MSI or 
Medium Scale Integration class of 25 to 100 gates per de- 
vice. Their use allows considerable savings of space, cost 
per logic decision, power dissipation, time delay per gate, 
and cost of assembly. 


OPERATION OF THE BASIC GATE 


The building block of MTTL logic is the NAND gate 
shown in Figure 2. MTTL logic can be identified by a mul- 
tiple emitter input transistor and an active pull-up in the 
output network. It functions as follows: Suppose one of 
the emitters on the input transistor is at ground (low) 
potential. A transistor with a forward base-emitter bias 
would normally conduct. However, in this case, collector 
current is limited by the magnitude of the reverse base 
current of Q2. Thus, when any of the emitters of Q1 are 
in a low state, Q1 will saturate in the forward direction 
and quickly pull Q2 into cutoff. Now, let all the emitters 
of Q1 be at a high potential. Note that the collector 
voltage is lower than the emitter and the base voltages, i-e., 
the collector-base junction is forward biased and the base- 
emitter junction is reverse biased (the opposite of normal 
transistor biasing). QI acts as a transistor with collector 
and emitter currents flowing in directions opposite from 
normal. Such operation is not particularly useful under 
normal conditions because of its inefficiencies, but it is 
ideal for this application. Because transistor beta is very 
low in the reverse mode, most of the collector current 
comes from the base instead of the emitter. This mini- 
mizes the input loading of the gate for the high state. 

The state of Q2 is completely controlled by the input 
emitters of Ql. Q2 is a phase splitting transistor used to 
drive the output stages. Since the inverted output drives 
the upper output transistor and the noninverting output 
drives the lower transistor, both output transistors cannot 
be ON simultaneously except for a brief time during switch- 
ing. When both output transistors are ON, a low impedance 
path exists from power supply to ground. As a result, a 
power supply current “spike” appears during switching. 
At high switching rates, enough spikes occur per second to 
cause a Significant increase in power consumption. 


C — High-Speed MTTL Ii! Circuit With Bypass Network on 
the Emitter of Transistor Q2. 





FIGURE 2 — Basic MTTL Gate Circuits 
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AOI GATES 


MTTL devices with the active pullup in the output cir- 
cuit cannot be “WIRE-ORed” as can MDTL circuits (See 
Figure 3). If the outputs of the devices are tied together, 
it is possible for the lower transistor of one circuit and the 
upper transistor of the other circuit to be “ON” simulta- 
neously. This condition provides a low impedance path 
from Vcc to ground and the current that flows exceeds 
the guaranteed sink current. As a result, the saturated 
state cannot be maintained and the desired logic function 


is not satisfied. 
For this reason, Motorola offers “AND-OR-INVERT” 


gates which perform the same function as the “WFRED- 
OR” but at higher speeds. Open collector devices are also 
available to permit the user to “WIRE-OR” if he wishes. 


MTTL Ill OPERATION AND ADVANTAGES 


MTTL III circuits incorporate an active bypass network 
in the base circuit of the output-pulldown transistor. This 
bypass circuit lowers the impedance for the base turnoff 
current of the lower output transistor thus providing a 
faster turnoff. The faster turnoff reduces the time that 
the output transistors are simultaneously in their active 
regions. Thus, there is a narrower current spike during 
switching, and the ac power dissipation is reduced. An 
additional advantage of the bypass network is a more 
nearly square transfer characteristic (see Figure 4) which 
approximates that obtained with MDTL devices. 


BYPASS OPERATION 


In conventional TTL logic designs, a resistor is designed 
in from the emitter to ground in the phase splitting tran- 
sistor, Q2 (See Figure 2). Thus when the base voltage 
rises above cutoff in this transistor, current flows in the 
collector circuit. The resulting voltage drop at the col- 
lector begins to turn OFF the Darlington output on the 
upper half of the circuit. The pulldown transistor, Q4, 
does not start to turn ON until its cutoff voltage is reached. 
Thus, the switching transition is spread over about 0.8 
volt as seen in Figure 4. 

When the active bypass is added, voltage at the base of 
the phase-splitter must rise to two base-emitter cutoff 
voltages before any current will flow in its collector circuit. 
Both the bypass transistor, Q6, and the pulldown tran- 
sistor, Q4, remain in cutoff until this voltage is reached and 
thus constitute a high impedance path from the emitter of 
Q2 to ground. Negligible current flows in Q2 until the 
pulldown transistor turns ON. Consequently, the voltage 
drop at the collector of Q2, and therefore the “turnoff” 
of the Darlington pair coincides with the “turnon” of the 
pulldown transistor and the transfer characteristic is more 
nearly square. 

The bypass network also increases switching speed. 
When the output is in the zero state, the pulldown tran- 
sistor is ON and in saturation. In order to cut this transistor 
OFF, the stored charge must be pulled out of its base. Con- 
ventionally, this charge is leaked out at an R-C time con- 





FIGURE 3A — The Outputs of MTTL Gates May not be Tied Together 


O Vcc= +5.0V 





O Voc = +5.0 V 


FIGURE 38 — With the Totem Pole Output, Excessive Output Current May be Drawn if this Restriction is Ignored 
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stant through a “pulldown” resistor from its base to ground 
or to a negative voltage. As seen in Figure 5, the bypass 
provides a low “pulldown” impedance resulting in a faster 
shutdown. A significant ac power decrease results because 
the current spikes which occur during switching have a 
narrower pulse width. A comparison is shown in Figure 6. 


MTTL Ilt 


Conventional TTL 


MOTOROLA COMPLEX FUNCTIONS: 
THE MC4000 SERIES 


The MTTL MC4000 series of complex functions is de- 
signed for general purpose, medium-and high-speed digital 
applications requiring clock frequencies up to the 30-to 
40-MHz range. The MSI (Medium Scale Integration) com- 
plexity of these devices allows significant reductions in 
package count, space, assembly cost, and cost per logical 
decision. In addition, the MC4000 series MSI devices offer 
FIGURE 4 — Comparison of Conventional TTL increased speed at lower dissipation for identical functions. 

and MTTL It! Series Transfer Characteristics 
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MTTL II Active 
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A — Low-Level Gate 
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FIGURE 5 — Comparison of Active Bypass Network 
Impedance to a Fixed Resistor 





Propagation Delay = 10 ns 
Power Dissipation = 15 mW 
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B — High-Level Gate 





Operating Frequency in MHz 


FIGURE 6 — MTTL III versus MTTL If AC Power Dissipation FIGURE 7 ~ Building Blocks for 
Comparison for Quad 2-Input NAND Gates MC4000 Series Complex Functions 
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The MC4000 series is compatible with all the MTTL 
and MDTL lines. Input and output loading data are given 
(Appendix A)in terms of MITL and MDTL devices so that 
the designer can intermix them witha minimum of difficulty. 

The MC4000 series utilizes two forms of the TTL gates. 
Shown in Figure 7 are the low-level gate (7A), a very high- 
speed low-power gate useful within the device itself to 
drive the internal circuitry not requiring high fanout cap- 
abilities, and a high-level gate (7B) with the MTTL bypass 
used to drive loads on the output pins. 

The low level Darlington circuit, with its non-saturating 
output device, was chosen for several reasons. 


1. The total ON and OFF power when used internally, 
is approximately equal which tends to keep the package 
power constant as a function of the logic applied. The 
generation of switching noise is also reduced. 


2. The switching times (ton and toff) are balanced 
allowing more constant propagation delays with respect 
to input logic. 


3. The speed deviation with respect to power supply 
and temperature is minimal. 


4. The input threshold voltage is compatible with the 
existing gate functions. 


5. The variation of the “low” level with fanout is small 
because of the low impedance. 


This gate has an ON level of Vbe + Voffset- Figure 4 
compares theactual transfer characteristic of a conventional 
TTL gate to the transfer characteristic of a MITL gate 


fT 


| APPENDIX A | 


EFFECT OF INPUT DIODES 


Due to high speeds of operation TTL generates large 
values of current and voltage rates of change. A 1 volt 
change in approximately 1.3 nanoseconds for the rise time 
and a 1 volt change in about 1.0 nanoseconds for the fall 


dv 
time, provides a rates on the order of 109 volts per 


second. With these rates of change, undershoot exceeding 
2volts can develop in the system which can cause problems 
in succeeding circuits. Two very serious problems result 
from the possible undershoot. First false triggering of the 
following stage is possible since a positive overshoot fol- 
lows the large undershoot. This positive overshoot may 
act as a “high” signal and turn on the following stage for a 
short period of time. Diodes on inputs limit the negative 
value of the undershoot dissipating the ringing energy and 
thereby limit the positive overshoot. Figure Al shows 
the effect of adding the clamp diodes on inputs of TTL 


with the bypass network previously discussed. If the ON 
level voltage of the low level Darlington Network is applied 
to a conventional TTL gate, the input voltage would be 
beyond the first breakpoint. This results in a lowering of 
the high output level. To achieve the maximum high level 
consistent with the standard gates, the configuration of 
Figure 7B is used. This high level gate has a bypass network 
so that the resulting voltage transfer characteristic has the 
improved shape shown in Figure 4 for the MTTL III series. 


CONCLUSION 


This application note has given a general description 
and comparison of Motorola’s MTTL I, MTTL I, MTTL 
Ill, MTTL 5400/7400 and the MC4000 lines. The basic 
gates and the bypass circuit have been discussed along with 
existing and proposed complex functions in the MC4000 
series. An appendix has been included which defines some 
of the more important terms used to specify device 
characteristics. 


gates at the end of a 93 ohm line. It can be seen that 
without clamp diodes the positive overshoot has turned 
the following gate ON momentarily. The second problem 
results if the unused inputs of a gate are returned to the 
supply voltage and a negative undershoot in excess of 2 
volts occurs. These reversed biased emitters may break 
down and draw excessive current which creates noise in 
the system. 


LOADING RULES FOR MC4000 SERIES COMPLEX 
FUNCTIONS 


The characteristics of the MC4000 series, were defined 
so that loading rules could be calculated for using the 
MC4000 series with any of the TTL families that are avail- 
able from Motorola. In addition, rules were established 
for using MC4000 devices with the MDTL family. The 
loading rules for interfacing with the various product lines 
are based on worst case conditions for each family. Worst 
case conditions for determining output loading factors 
(fan out) are defined as operation at minimum low state 
output current (IoL, at VOL < 0.4 V at minimum supply 
voltage (VCC) for the MC4000 series) while driving another 
series of industrial grade devices at maximum forward 
current (If). Under the specified conditions, the fan outs 
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Scale: 2 V/cm Vertical 50 ns/em Horizontal 
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MTTL Gate with Clamp Diodes 





























Conventional TTL Gate without Clamp Diodes 


FIGURE A1 — Effect of Clamp Diodes on Inputs of an MTTL Gate at the end of a 93-Ohm Line 


for MC4000 circuits driving other MC4000, MTTL, or 
MDTL devices are listed below. 


OUTPUT LOADING FACTORS 
MC4000 Driving MC4000 
VOL=0.4 Vdc at Ioy, = 16 mAdc, Vcc =4.75 Vde 
(Ip = 1.6 mAdc max at Vcc =5.5 Vdc) 
F.0.= 10 
MC4000 Driving MTTL I 
VoL =0.4 Vdc at IoL = 16 mAdc, Vcc =4.75 Vde 
(Ip = 1.66 mAdc at Vcc = 5.0 Vdc) 
F.O. = 9 MTTL I Gates 
MC4000 Driving MTTL II 
VoL=0.4 Vdcat IoL = 16.0 mAdc, Vcc =4.75 Vdc 
(If = 2.5 mAdc at Vcc =5.0 Vdc) 
F.O. = 6 MTTL II Gates 
MC4000 Driving MTTL III 
VoL=0.4 Vdc at IoL = 16 mAdc, Vcc =4.75 Vdc 
(Ip = 2.3 mAdc at Vcc =5.5 Vdc) 
F.O. = 6 MTTL III Gates 





MC4000 
MTTLI 
MTTLII 
MTTL il 
MC7400 
MC830 















ELEMENT OF DRIVING ELEMENT LOADING FACTOR 
Ie = 1.6 mAdc, Vcc = 5.5 Vde, Ve = 0.4 Vde 1.0 
Ie = 1.66 mAdc, Vcc = 5.0 Vde, Vp = 0 Vde 
Ip = 2.5 mAdc, Vcc = 5.0 Vde, Ve = 0 Vde 
Ip = 2.3 mAdc, Vcc = 5.5 Vde, Ve = 0.4 Vde 
I¢ = 1.6 mAdc, Vcc = 5.25 Vde, Ve = 0.4 Vde 
Ig = 1.4 mAdc, Vcc = 5.0 Vdc, Ve = 0 Vde 


MC4000 Driving MC7400 
VoL=0.4 Vdc at IoL = 16 mAdc, Vcc =4.75 Vdc 
(Ip = 1.6 mAdc at Vec =5.25 Vdc) 
F.O. = 10 MC7400 Gates 
MC4000 Driving MC830 MDTL 
VoL = 0.4 Vdc at Io, = 16 mAdc, Vcc =4.75 Vde 
(Ip = 1.4 mAdc at Vcc = 5.0 Vdc) 
F.O. = 11 MC830 Gates 


The above fan outs are determined by expressing 
MC4000 characteristics in terms of the devices interfaced, 
therefore, the numbers vary according to the driven ele- 
ment. It should be emphasized that these are worst case 
factors and they may be improved by using the higher 
grade devices in the particular family or by maintaining 
identical voltages at the supply terminals. 


INPUT LOADING FACTORS 


Input loading factors referenced to each product line are 
listed below. The input loading factor relative to the MC830 
applies only to gates with two kilohm pull-up resistors. 
Because of high state current limitations MC830 gates with 
six kilohm pull-ups can only drive three MC4000 inputs. 
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APPENDIX B 


DEFINITIONS OF COMMON MTTL TERMS 
AC Measurements 
t+ or ty (Rise Time): Time differential between the 1 
and 2 volt or 10% to 90% points 
on the output during a transition 
to a logical “1” state. 


t_ or tf (Fall Time): Time differential between the 2 
and 1 volt or 90% to 10% points 
on the output during a transition 
to a logical “‘0”’ state. 


tpd+ Or td(off): Time differential from the 1.5 volt 
point of the input to the 1.5 volt 
of the output transition toa logical 
“1” state. 


tpd- Or td(on): Time differential from the 1.5 volt 
point of the input to the 1.5 volt 
point of the output transition to a 
logical “O” state. 


tod-) + (t 
tpd = (tpd-) 5 ( dt). Average transition time. 


DC Noise Immunity 


Logical “1” noise margin is defined as the difference 
between guaranteed minimum output voltage in the “1” 
state and the threshold voltage (Vth “1”) for the 1 to 0 
transition (See Figure B1). 

Logical “OQ” noise margin is the difference between the 
guaranteed maximum output voltage in the “O” state and 
the threshold voltage (Vth “Q”) for the 0 to 1 transition. 
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FIGURE B1 — Logical “0” and “1” Noise Margins 


Flip-Flop Set-Up and Hold Times 


Flip-flop set-up time is defined as the time a data signal 
must be present on the input before the clock transition in 
order for proper operation to occur (See Figure B2). 

Hold time is the time a data signal must be present on 
the input after the clock transition to assure proper opera- 
tion. (See sketch). 

Setup and hold times frequently differ depending on 
whether the transition is to the high or the low output state. 
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Set-Up and Hold Times for Negative Edge Trigger F/F 
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FIGURE B2 — Set-Up and Hold Time 
Definitions for MTTL If 
All-Logic Flip-Flops 


Ws 


